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ABSTRACT

Since its inception in the late 1970's, the switched-capacitor
filtering technique has been very widely applied in the telecommuni-
cations field. If this technique can be extended into a much higher
frequency range, its applicability can be broadened into areas that are
currently dominated by non-monolithic design methods.

Past attempts to design practical and reproducible high frequency
and high selectivity filters have been hindered by the problems related
to the filter architecture, high speed monolithic amplifier design, and
integrated circuit technology. In this dissertation the problems of
high speed amplifier design and integrated circuit technology in relation
to the realization of practical high frequency switched-capacitor filters
are addressed and investigated.

This research was sponsored by National Science Foundation Grant NSF ENG-
7907055 and DARPA Grant N00039-81-K-0251.
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CHAPTER 1

INTRODUCTION

Switched-capacitor filters have been very widely used to filter signals in the
audio frequency range. If the switched-capacitor filtering technique can be
extended into the high KHz and the MHz range, new avenues of application will be
opened. For example, intermediate frequency filtering, clock recovery in data
communication systems and video signal processing for TV receivers can be per-
formed using this technique. Thus, the successful monolithic implementation of
these functions will eventually lead to a higher degree of integration of data com-

munication systems.

In the past, the practical and reproducible realization of high frequency and
high selectivity monolithic filters has bee;u hindered by the problems related to
the filter architecture, amplifier design and IC technology. The maturation of
high performance CMOS technology has improved the prospect of applying the
switched-capacitor concept to make such monolithic filters. In this dissertation,
the circuit design and technology considerations for high frequency and high
selectivity switched-capacitor filters will be presented. The filter architecture

aspect is covered in ref [1].



CHAPTER 2

THE EFFECTS OF AMPLIFIER NON-IDEALITIES IN SCF'S

The non-ideal characteristics of operational amplifiers can cause the fre-
quency response of active filters to deviate from their designed response. In par-
ticular, the finite gain of the amplifier can cause the passband of the fliter to
droop. The finite bandwidth of the amplifier can induce excess phase shift that
can result as peaking at the band-edge and Q-enhancement for high selectivity

filters.

In order to determine the effects of the amplifier non-idealities on active
Alters, the frequency response of a resonator implemented using non-ideal
integrators will be examined. The resulting analysis will be extended to study

their effects on switched-capacitor filters.

2.1. The Non-ideal Integrator

The integrator is the principal building biock for active filters realized by the
leapfrog or the active ladder synthesis technique. Any non-ideal charactefistics
of the integrator will degrade the frequency response of the filter. Therefore, in
order to design'a well-behaved active fllter, the effects of these non-idealities

must be understood and controlled

The frequency response of an ideal and a non-ideal integrator are shown in

. . w
Fig. 2.1. The "real” or the non-ideal integrator has a finite gain of ;,'—at DC. The
1

finite gain at low frequencies is due to the presence of the low frequency pole p,.



Figure 2.1
Ideal and Non-ideal Integrators \

The integrator also exhibits a small amount of excess phase shift in the vicinity of
its unity gain frequency w,. This phase shift is the result of the spurious high fre-
quency pole p, which is typically located far beyond w,. The transfer function of
such a "real” integrator can be modeled as

Do, P2, (2.1)

His) = s+p,




The denominator s + p; models the finite gain of the integrator at low frequen-

cies. The exponential term e Pe represents the phase error that is caused by the
spurious high frequency pole p,. It is assumed that as long as p2>w, and in the
vicinity of w,. the phase error dominates over the magnitude error; thus, the

latter is small enough to be neglected.

In order to determine the effects of the non-ideal characteristics of the
integrator, a resonator will be examined in detail. The signal flow graph of such a

resonator is shown in Fig. 2.2. The integrators are assumed to be ideal and have

©, |2
the transfer function of A(s) = T"- The bandpass output T,"—is
n

- —q, @, S .
2 sy w2 (2.2)
0

The peaking frequency Wpea and the selectivity @ can be obtained by finding the

.,,<:|;:

roots of the denominator polynomiai [2]. They are

@paax = o [1 - 5—2.7] (2.3a)

Q=& (2.3b)
To simplify the analysis for the case of the “real” integrator, the finite

integrator gain and the integrator excess phase shift effects will be considered

independently.

2.1.1. Finite Integrator Gain

Assumning that the errors due to p, are small enough to be ignored. the

transfer function of the integrator can be represented as



Figure 2.2
Signal F’low Graph of a Resonator

H(s) = 73 (2.4)

|2
where w,>>p;. The bandpass output ——is

n

Jo__ -a, Uo(s"'Pl) )
V ‘ 2.5
- s’+:{2px+-c,: et 224 (23)

Once again the peaking frequency and the selectivity are determined by finding



the roots of the denominator polynomial.

Wpeak = W [1 - E%oz—] (2.6a)

1ol ,m
T et z[oo (2.65)
l#Ges)| = %@, [1 -2, [?ﬂ - (2.6c)

For high selectivity filters, the finite integrator gain reduces both the gain and
the Q of the filter, while the peaking frequency remains essentially unchanged.

Note that the term %—is commonly referred to as the quality factor "Q" of the

integrator [3]. Thus, an integrator with a large Q is essential to implement a

narrow-band filter.

2.1.2. Finite Integrator Bandwidth (Excess Phase Shift)

If only the excess phase shift of the integrator is considered, the transfer

function is equal to

-2
H(s) = ‘;—"-e Pz 27)
where the exponential term represents the phase error. The bandpass output
becomes
-2
Vo _ w,se P2 o
Vi,  ® _i 2 (28)

The exponential terms are approximated as



-t
e Pgal_i_

P2
-2
e Pe 8] - zs_
P2
The peaking frequency, the selectivity and the filter gain are
2
1 @ 1 [ee]

Cpear N gl + - - :

“'T@ Pz @@ |72) (2.9a)
1 1 o)
SN e 22 2.9b
Q@ & P (2.90)

e 10 o5 .

IH(J-’O) Ny & [1 + 2 p2 | Pz + 4‘Qo]] (2.9c)

The results cléarly indicate that the excess pbase shift initially increases the
peaking frequency but eventually decreases it, enhances the Q of the fliter, and

peaks the gain at w,. The term :—"-is the total excess phase shift incurred by the
2

integrator at its unity gain frequency »,. From Fig. 2.1 we can see by inspection
that

)

s (2.10)

Pazcens (0 = W) = ’tan-l[

n =22 ragions,
P2
if pa>>w,. For high selectivity fllters, the enhancement of Q is more pronounced
than the shift in the peaking frequency. Therefore, in order to minimize the Q
enbancement caused by excess phase, the high frequency pole p; must be.at

least 100Q, times the integrator unity gain frequency w, for a resonator.

2.1.3. The Composite Response

The eflects of finite gain and bandwidth of the non-ideal integrator are listed
in Table 2.1. It is clearly evident that the finite gain and the bandwidth of the



w

PEAKING FREQUENCY

4

SELECTIVITY

1
Ideal Integrator N {1 - W] @
( 1 p
Integrator Finite Gain @ |1 = =3 Qe{l -2Q —’—}
| 8& W
. . ' 1 & o
Integrator Finite Bandwidth |l + — Qi1 + 26, —]
| Qo P2 P2
Table 2.1

Peaking Frequency and Selectivity of a Bandpass Filter

For Ideal and Non-ideal Integrator Response




integrator strongly aflect the Q for highly selective filters. The sensitivity of the
fliter to integrator non-idealities is on the order of the designed selectivity @, of
the fllter.

chrull = Qo{l + 2Q¢ [‘;’:“ i } (2.11)

W

Eqn. 2.11 shows the selectivity of a resonator that incorporates both major non-

‘idealities of the integrator. It is interesting to note that the term ;:L- il
2 °

represents the total phase error of an integrator. p, contributes phase lag, while
Pz causes phase lead. The overall deviation of Q for a resonator that is syn-
thesized by the leapfrog method is a function of the sum of the phase error intro-

duced by both integrators.
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2.2. The Switched-Capacitor Integrator

In Fig. 2.3 an LDI switched-capacitor integrator is shown. §, and @, are the
non-overlapping two phase clocks; . &, and G, are the sampling, the integra-
tion, and the parasitic input capacitance, respectively; and a, is the open loop DC
gain of the amplifier. The non-ideelities of the operational amplifier can distort
the frequency response of the switched-capacitor integrator. Specifically, the
finite open loop gain of the amplifier introduces a low frequency pole which limits
the DC gain of the integrator. The settling error present at the end of the charge
integration cycle induces excess phase shift in the phase response. This error is
caused by the finite bandwidth of the operational amplifier. To better understand
these effects, an analytical expression of the frequency response éf a "real”
switched-capacitor integrator must be formulated. In the subsequent sections,
the frequency response of an LDI switched-capacitor integrator will be derived.
To simplify the analysis, the finite gain and the finite bandwidth effects will be

" treated separately.

2.2.1. The Finite Gain Effect

A representative LDI switched-capacitor integrator, which is shown in Fig.
2.3, samples and stores the input signal ¥; during the on time of the clock &,.
When ¢, goes low and $, comes up, the stored signal charge is transferred from
the sampling capacitor ; into the integrating capacitor . Because the
amplifier has a finite gain of a,, there will always be a small error voltage ¥, at
the summing node. It is this error voltage that causes the integrator to have finite

gain at low frequencies.
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Figure 2.3
An LDI Switched-Capacitor Integrator with Finite Amplifier Gain
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At time ¢t =n + 1, the output voltage ¥, of the switched-capacitor integrator
is described by the following relationship:

Vo(n+ ) =V.(n+ 1)+ V,(n +1) (2.12)
where ¥, is the output voltage, ¥ is the voltage across the integration capacitor,
and ¥, is the summing node error voltage. The error signal V, is simply the out-

put voltage divided by the open loop gain of the amplifier,

Voin+1
Vofn +1) = —Ji%—l- (2.13)
The voltage across the integration capacitor can be expressed as
n+1
Vin +1) = %—)- (2.14)

The charge @.(n + 1) is the sum of the charge @ (n) stored during the previous
clock cycle and of that which has been transferred to.C‘- during the current cycle.

Thus,

Qi +)=QMm)+ &+ D -G+ (2.15)
Q(n + éﬁ =G %(n + ;—) | (2.16)
Q.(n+1)=-c’;:+q‘%(n + 1) (2.17)

Combining Eqns. 2.12 through 2.17, and taking the Z-Transform, we obtain the fol-

lowing transfer function

¥ (z)

H(z) = Yiz) (2.18a)
& %
G e ][ 1] (2.18b)
2/ @ |

where f = QTC;‘-O-C,— For a very large amplifier gain, Eqn. 2.18b simplifies to
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1
G 2% .
H(z) = -2 z’_ - (2.19)

which is the ideal transfer function of an LD] switched-capacitor integrator. If the

frequency of interest is much less than the clock frequency -17.- the frequency

response can be obtained by letting z = e/T ® 1 + jwT. Then we have

. G 1
HQw) = G jor 4 L (2.20)
o/
The low frequency pole, which corresponds to p, in Fig. 2.1, is
-] 1 1
b {—ﬂuf i’-} (2.21a)
NS ]
T a G (2.21b)
G+G +G .

The pole location is inversely proportional to the loop gain of the switched-

capacitor integrator. Therefore, the finite amplifier gain of @, induces a phase

error of approximnately + %‘—radians
Proyfe 1 ] e
& T o, G G J
| G+G+G
1 G+G+G].
= {a‘ G J (2.22)

2.2.2. The Finite Bandwidth Effect

An amplifier that has a finite bandwidth requires a certain delay before its

output reaches the final value. In Fig. 2.4. an LDl switched-capacitor integrator
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that is implemented using an operational amplifier having a very large DC gain
but a finite bandwidth oy, is shown. The two phase non-overlapping clocks, which
operate at a duty cycle of m, drive the three MOS transfer gates. During the
charge integration phase when 9, is high, the integrator must settle its cutput
within the designated time of mT.. If the amplifier does not have sufficient
bandwidth, settling error will be present at the output of the integrator. This
error is a function of the closed loop bandwidth o, of the amplifier and of the
available integration time m7T. The error, therefcre, is directly related to the set-

tling behavior of the amplifier. That s,

Error « exp{-mT o,,]- (2.23)
In order to obtain a frequency domain transfer function representation that
incorporates the finite bandwidth of the amplifier, the integrator must be first
analyzed in the sampled-data domain. The z-domain transfer function is then
mapped into the frequency domain by means of the following transform pair
z = efoT [4).

The transient behavior of the output voltage ¥, and the summing node error
voltage ¥, of an LDI switched-capacitor integrator is shown in Fig. 2.4. At time
t = n + 1, the output voltage V¥, is equal to the sumn of the voitage V; across the
integration capacitor G and the error voltage ¥, at the summing node:

,(n+1) = V,(n+1)+ V(n+1) (2.24)
The voltage V.(n + 1) is the sum of the voltage V.(n) during the previous cycle,

and of the updating voltage.

C.
Ve(n +1) = %(n)-E"K(n+él-)-1’.(n+1)] : (2.25)
Ve(n + 1) is the residual summing node voltage at the very end of the charge

integration period. To be exact, it consists of the residual error voltage of the



| |
e
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An LDI Switched-Capacitor Integrator with Finite Amplifier Bandwidth
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most recent integration cycle and of all the previous cycles. Mathematically, it is

given by
= &G 1, ™oy, -mTa, ~(1-m)To,
V.(n-l-l)-ca.'_cn_'_ql’,(n‘l-g)e + Vo,(n)e e °
Cs -y 1 ~play +ap)
= e————p B - 1 2
G+GC + G :éo"s(" p+e (2.26)

where @) = {1 -m)T v, and a; = mT w,. o, is the closed loop bandwidth of
the amplifier when §, is high, and w,, is the bandwidth when $, is low. It is impor-

tant to differentiate these two cases since the loading of the amplifier and the
loop gain vary depending on the state of the clock &;. The z-transformed
representations of Eqns. 2.24 through 2.26 are

(2.27a)

V=V 4T,
(o T G 1
=6 =z , GG 1 (2.27b)
v G 1-z"’+C; l-z"V'
L .
- G z %e? (2.27¢)

Y = G+G+G |-z a1%a
The z-domain transfer function is obtained by combining Eqns. 2.27a through

2.27c.
H(z) = % (2.28)
[
la z_;_ l {1 - Re t- —g—:?,e-" - z“{e-(c‘ tog) _ R.e-%}]
RIS 1 = z-lg @1+ oD ]

G
TiGig &7 (1-m)T o, and az = mT &,. The expres-

sion enclosed within the first pair of braces is the ideal LD! transfer function. The

where R; =

second braced expression represents the error due to the finite amplifier

bandwidth. The frequency domain representation of the error term is obtained
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by substituting z = e/*T ~ 1+ jwT. Thus,
Heror(J0) = (2.29)

= p-(agtay) _ G - . =(ay +az) _ G -a

[1 - "‘)} +joTe (et

ate) e « 1.

The expression-is simplified by using the fact that e

. G -a
1-jol————p ™™
Hoo (i) TE TG+ G (2.302)
e 1+ joTe @1*e
1 [ epee—tanrzed] _ o oo-e, (2.30b)
T 14 2T ) [t = =°T% |=JoTe )
If we let

1 = 272%™ @ +207) _ 1-46
and

22 _

wTe = ¢,

we have
H.mf(]‘)) Ry (1 - 26) e-’." * (2-31)
Therefore, the magnitude and the phase errors attributed to the settling error of

the amplifier are

Magnitude Error ~ 2.2T2 (%1*2%) (2.32a)

Phase Error ~ —pTe™ . (2.32b)
In the vicinity of the unity gain frequency of the integrator, the pbase error

overwhelms the magnitude error. The phase error evaluated at the unity gain fre-

Cs

G

quency w, = is

G -
Peomes (2= 0) = —Fe mlew . (2.33)
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Under the assumption that the excess phase is small, the location of the spurious

high frequency pole p; of the integrator can be approximated.

)
Fazcess (@ = W) = -tan[p_zi
&,

N - jf » o, .
P2 P2 (]

- Thus,

P2 N —FexplmT au} : (2.34)
The amount of excess phase can be reduced by pushing p; out. This can be
accomplished by increasing the duty cycle m of the clock or by using an amplifier

that has a broader bandwidth.

It should be noted that the previous analysis is valid only for small settling
errors. As the settling error becomes larger, Eqn. 2.29 can no longer be approxi-
mated by Eqn. 2.30 since the condition ¢ (%1% % « ™% <« 1 no longer holds.
Egn. 2.29 indicates that for moderate settling errors the magnitude error dom-
inates over the phase error. Under this condition, the integrator will appear very

lossy as if the amplifier has a very low gain.

2.2.3. Tae Composite Response

The approximate performance of a switched-capacitor resonator can be
predicted by using the resuits obtained thus far. The results tabulated in Table
2.1 clearly show that the Q can deviate significantly for highly selective filters.
The change in the Q is a function of the total phase error vincurred by the two
integrators. The phase deviations due to finite gain and bandwidth are listed in
Table 2.2. In order to keep this error small, the amplifier must have a large open

loop gain and a wide closed loop bandwidth. Because the phase errors attributed
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to these two non-idealities are offsetting, the total Q deviation is not as serious as

it appears to be.

PHASE ERROR (RADIANS)
Finite Amplifier + GrGrG
Qo G
Gain, a,
. e . G -mTa,
Finite Amplifier - -C‘—e
Bandwidth, =,

Table 2.2
Phase Error of an LDI Switched-Capacitor
Integrator with Amplifler Non-idealities




CHAPTER 3

DESIGN CONSIDERATIONS FOR HIGH SPEED AMPLIFIERS

The design of a fast settling amplifier is one of the key for the successful
implementation of high frequency and high selectivity switched-capacitor filters.
In this chapter, the frequency and transient response of closed loop amplifiers
ere examined in detﬂ The results of this study are used to determine the

characteristics of an amplifier having the best speed performance.

3.1. Relationship Between Frequency and Transient Response

In general, fast settling amplifiers are synonymous of broadband amplifiers.
However, the converse in not always true. Fig. 3.1 shows the frequency response
of two broadband amplifiers which have nearly identical frequency response. The
response of amplifier B includes a p.ole-zero doublet at wg. This minor difference
causes the transient response of amplifier B to differ from that of amplifier A [5].

In an unity gain feedback configuration, the transient response of the latter is

characterized by e ““. However, the transient response of the former is

governed by both e “s and e “d. Their respective output response to an unit step

input are

Amplifier A

-4
Vm(t) =1-¢ Wy (3.1) .

Amplifier B
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Figure 3.1

The Frequency Response of Eroadband Amplifiers
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Voue(t) = l-ea“-—e-;‘: . (3:2)
 If wg < &y, then amplifier B responds much slower than amplifier A does. Thus, a
fast settling amplifier must not only have a broad bandwidth, but must also have
no pole-zero doublets below its unity gain frequency wy. In addition to these con-
straints, the presence of non-dominant poles must also be considered. In certain
feedback configurations, the non-dominant poles can adversely affect the

response of the amplifier. Therefore, the key issues involved in the design of high

speed, closed loop amplifiers are
1. the open loop frequency response of the amplifier;
2. the root locus of the closed loop amplifier;

3. and the frequency compensation for optimal transient response.

3.1.1. The ldeal Feedback Amplifier

Whenever feedback is applied around an amplifier, the pole location is

modified. In Fig. 3.2 the root loci for three different amplifiers are illustrated.

Case 1

Here, the basic amplifier has only one pole. With increasing feedback, the
pole s; moves toward —= along the real axis g. For a loop gain of 4y, the closed
loop bandwidth of the amplifier is Apgps;. Since the closed loop pole is real, the

transient response is purely exponential.

Case 2

In this case, the amplifier is assumed to have a dominant pole s; and a high
frequency, non-dominant pole s,. When the loop is closed, and with increasing

negative feedback, the two poles converge and form a complex pole pair which
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Root Loci of Feedback Amplifiers With One, Two, and Three Poles
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travels parallel to the imaginary axis jw. The break-away occurs at approxi-

mately —%sp. Since the poles are complex, the step response may overshoot and

ring.
Case 3

Now the amplifier contains a second high frequency, non-dominant pole s,, in

addition to the two poles, 5; and s,. In a closed loop configuration, s, tends

toward —= while s; and s, converge at approximately ——;-sp and subsegquently

form a complex pole pair. With further increase in loop gain, the complex pole
pair bends and travels into the right-haif plane. The transient response is almost
totally determined by the complex pole pair.

From the viewpoint of practical amplifier design, the situation in case 1 is
highly unrealistic. No matter how simple the amplifier is, there always will be one
or more high frequency, non-dominant poles. Cases 2 and 3 represent a more
realistic situation. Note that the root loci in case 3 asymptotically approaches
that in case 2 as s, is pushed out farther. Thus, in most cases, the basic amplifier

can be modeled adequalely as a two pole system,

3.1.2. The Two-pole Feedback Amplifier
A detailed root loci of a two-pole feedback amplifier is shown in Fig. 3.3.

Under moderate amount of loop gain th,,,, > 100]. the poles are complex. The
location of the pole pair is given by

S =0, = jup (3.3)

where o, = —%sp. The exact behavior of the step response is determined by Op

and z,. The time constant of the exponential rise is inversely proportional to Op.
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Figure 3.3
A Detailed Root Loci of a Two-pole Feedback Amplifier

while the ringing frequency is given by w,. The ratio ﬁor the Q of the poles
o,
P

dictates the extent of overshooting and ringing [6]. For a well-behaved settling

response, the Q should be less than one. The exponential time constant ¢, deter-

mines the speed of the settling behavior. Therefore, in order to attain a fast and
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well-behaved settling response, g, must be made as large as possible while keep-

ing Q below one. This implies that s, be made as large as possible since
Op = - %—s,. Thus, the basic amplifier must have a very high frequency, non- -
dominant pole s,. There is, however, a limit to the maximum attainable closed

loop bandwidth. The maximurmn bandwidth wpm,y of a closed loop amplifier that has

a loop gain of 4;0p. and open loop poles of §; and s, is

2
Omax = 185 (3.4)

,pSgifA;,q,(Z—s‘l—

In an unity gein feedback configuration, the above expression can be rewritten as

1 . 1
~53p l.fAu,paz—:;L

--é—s, if Ays; = %-sp
Omax(unity gain) = . 1 (3.5)

s if 45 < 5r

where 4, is the open loop gain of the'ampliﬁer. The term 4,s; corresponds to the
open loop gain-bandwidth product of the amplifier. Therefore, the crux for
designing a high speed, two-pole amplifier is to maximize the gain-bandwidth pro-
duct and to push s, out as far out as possible. This, however, does not necessarily
guarantee that the settling response is well-behaved. To be more specific, the Q of
the complex pole pair could be greater than one. Because the open loop gain 4,
can vary significantly, controlling the Q of the poles becomes an important design

task

3.1.3. The Two-Pole, One-Zero Feedback Amplifier

The proper design of a fast settiing feedback amplifier requires a technique
to tailor the Q of the complex pole pair. It is not absolutely necessary to be able

to pin down the poles at pre-determined locations. It will often suffice if the Q of



the poles is guaranteed to be less than a prescribed maximum value.

Perhaps the simplest and the most eflective way to frequency compensate
the closed loop amplifier is to add a real left-half plane zero to its transfer func-
tion. Fig. 3.4 shows the modifled root loci after the zero insertion. The zero can

be placed in three different regions:

1. Dbelow the dominant pole s;:

2. between the dominant and the first non-dominant pole s;;
3. and beyond the non-dominant pole [7].

In cases 1 and 2, with sufficient loop gain, the dominant pole converges to the
zero 2z, and forms a pole-zero doublet, while the non-dominant pole veers toward
- [8].

The resulting closed loop ampiiﬁer will have a broad bandwidth; however, the
transient response is limited in speed due to the presence of the pole-zero doub-
let. The consequence of the pole-zero doublet on transient response was discussed

in section 3.1. For high speed amplifier design these two cases are undesirable.
In case 3 the zero forces the complex pole pair to take a circular trajectory

which is centered at — z,. The break away point remains unchanged at - %s,.

The complex pole pair re-eiiters the negative real axis at approximately

-2z, + ls,. Thereafter,one pole tends toward —= while the other converges to

2

the zero —z,. The advantage of this compensation scheme becomes-obvious when
we examine a detailed drawing of case 3, which is shown in Fig. 3.5. In the

absence of any other non-dominant poles, the circular trajectory of the complex
pole pair has a radius of z, - -;-s,,. Thus, the radius of this circle is determined

by the location of the zero for a fixed s,. For a well-behaved transient response,
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Figure 3.4
Roct Loczi of a Two-Pole, One-Zero Feedback Amplifiers
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Figure 3.5
A Detailed Root Locus of a Two-Pole,
One-zero Feedback Amplifier

the maximum Q of the complex pole should be less than unity. In other words, the
circular trajectory must be contained inside the field defined by @ = 1. Geometr-

ically, the optimum zero location 2, (opt) for a fixed s, is obtained.



2,(opt) = -5 [1+ %] . (3.6)

The maximum possible Q under this condition is one. This means that this feed-
back amplifier will exhibit a well-behaved transient response even if the open loop

gain varies over a wide range.

It sufficient loop gain is available, the closed loop bandwidth can easily

exceed s, in value. The maximum attainable bandwidth is approximately

Omaz ® Sp [g—+ vz] (3.7)
with a maximum pole Q of 1. The wp,, for the two-pole, one-zero configuration is
significantly larger than that of the two-pole case (see Egn. 3.5). Thus, the inser-
tion of a real left-half plane zero at 2, (opt) speeds up the transient response and

also guarantees a well-behaved response.

3.1.4. Real Left-Half Plane Zero Insertion

The real left-half plane zero z, is inserted in the feedback loop through
either the feedback path or the forward gain path of the amplifier. The block
diagrams of these two cases are shown in Fig. 3.6. In both situations, the loop gain

expressions are identical, and are given by

= -A.(s)f.[l + —-] (38)

The closed loop transfer function —ax'e different, however. The transfer func-
n

tion with the zero in the forward path is

4 (s) {1 + :—]
° : (3.9)

Hyoruara(s) =
1+ A4A(s) fo [1 + ;s"}
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The transfer function with the zero in the feedback path is

Ay (s)
Hpeo (s) = ’
fesdback L+ 4(s) 1o {1 . :ol (3.10)

If the amplifier block is represented as a two-pole system, the resulting closed

loop transfer functions are
1+ i-]
2,
s s
Joanfe

Hfomd(s) =
=
Sp ]
H[ndbuk(s) = = :
s s s (3.12)
[1+ s—p-]li-d-i-a,f,l*bzi

The corresponding root loci are illustrated in Fig. 3.7. In the latter, although the

a,
(3.11)
1+

zero is present in the loop gain expression, it does not manifest itself in the
closed loop transfer function. Such a zero is called a phantom zero [9]. As

described earlier, the pole trajectory is identical in both compensation schemes.

It appears so far that either scheme will produce the desired results. How-
ever, in practice this is not the case. From the standpoint of circuit implementa-
tion, it is impossible to introduce a left half-plane zero without either adding addi-
tional stray poles or loading down: the already existing poles. The effects of these
second order non-idealities on the root loci need to be investigated in order to

determine the best compensation scheme.

To simplify the analysis, it is assumed that the zero insertion creates a single

stray high frequency pole s, which is located beyond the zero z,. Then, the zero

S

1 4 —
block in Fig. 3.6 becomes ——-Esi- instead of 1 + ;s_ For a two-pole amplifier
14+ — o
Ss

block, the resulting closed loop transfer functions are
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a,

Hfonm(s) = 3
=
Sp St
Hieedbact(s) =
14 ii L+ s_]
Sp Si

The root loci are plotted in Fig. 3.8. Since the loop gain expressions are identical

1+s—]
2z,
S S
d+a°f°[1+;:
o

s s | ‘ (3.14)
1+;‘—]+a,f,[1+ z.

L

(3.13)

1+
s

for both, the root loci are also the same. The presence of the stray high frequency
pole s, can prevent the complex pole pair from traveling in a circular path.
Therefore, it is paramount that s; be moved to a remote location. If the pole s, is
pushed out far enough, a root locus, as shown in Fig. 3.9, results. Here, the stray
high frequency pole is located at far enough distance such that its effect on the
locus at moderate loop gain is negligible. However, for very large loop gain, a
second complex pole pair can form. This type of frequency compensation has

been used effectively to design wideband monolithic amplifiers [10].



}
|
}
-\
—p !
—_— N> >N
—%s =3 g
/
v
I
Feaues Corousamon .
to
l
X
-2 a
-, -2 ) =S~ '
' 4
!
Topeack CoPonsaTony

Figure 3.8
Root Loci of Three-Pole, Cne-Zero System




35a




3.2. The Switched-Capacitor Integrator

The frequency compensation or the time response tailoring scheme,
described in the preceding section, applies primarily to feedback amplifiers that
have unilateral signal paths. In general, signal is fed in both forward and reversge
directions through any t:wo port networks. It is generally assumed that the mag-
nitude of the signal through the feedback neiwork in the reverse direction is
much larger than that in the forward direction. The validity of this assumption
becomes questionable when the transconductance of the amplifier is small, which
is the case for most MOS amplifiers [11]. A small signal equivalent representation
of an LDI switched-capacitor integrator during the charge integration mode is
shown in Fig. 3.10. The amplifier has been modeled as a frequency dependent

transconductance block. The nodal equations are

- G
= ETGIE "t GrGeG ® (3.15)
sG - Gn

Vo = sG +sG+ QG O (3.18)

A block diagram of the feedback system that is represented by the above equa-

sG

sC+sC+ G V, in Egn. 3.18 represents

tions is shown in Fig. 3.11. The term

the signal that is fed forward through the feedback capacitor &. This signal can

G
sG +sG + G4

amplified by the amplifier. For high frequency and high speed applications, this

be neglected if it is small in comparison to V,. which is the signal

signal component cannot be ignored. It will be shown in the subsequent sections

that this feedforward path can alter the response of the closed loop system.



Figure 3.10
A Small Signal Equivalient Model
of the Switched-Capacitor Integrator




8.2.1. The Effects of the Feedforward Path

The loop gain expression for an LDI switched-capacitor integrator during the

charge integration mode is given below.

- G 5G = Gn
Aocp(s) = G+G +G sG+sG+ G

The feedforward path through the feedback capacitor & interacts with the

(3.17)

amplifier to produce a real right-half plane zero at % The presence of this zero

can potentially cause instability. The closed loop pole location is given by

1
§ = =45 —————
A L - st (3.18)
Z,
where
§ = ———I—-is the dominant pole,
R(G +G)
z, = %—15 the feedforward right half-plane zero, and
G Gn . .
= is the low frequency loop gain.
4= FTTETC G quency loop g

The systemn will be stable as long as 4,s;, which is approximately equal to the open
loop unity gain frequency, is smaller in magnitude than z,. Therefore, it is

paramount that z, is kept above the unity gain frequency.

8.2.2. The Effects of Feedforward Path on Two-Pole Systems

Almost all amplifiers can be accurately modeled as a two-pole system. By

1
14+ =
3’

replacing the voltage controlled current source Gm by Gm . the small sig-
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Block Diagram of the Switched-Capaciter Integrator
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nal model of the switched-capacitor integrator (Fig. 3.10) becomes a two-pole sys-
tem. s, represents the high frequency, non-dominant pole that is inherent to the

amplifier. The loop gain and the closed loop transfer function expressions are

—{1+ _-]-1 (3.21a)

1+—J[1+_]

H(s) = —{1 i _-] ~ (3.21b)
NE R

where the terms are defined as follows:

given below:

App = o f,

is the low frequency loop gain;

- G
Wi = Gl T

5 = 1 ] is the dominant pole;

Rla+a

G
z, = C}L is the real right-half plane zero attributed to the feedforward
path; and
Sp is the high frequency, non-dominant pole internal to the amplifier.

Under moderate amount of loop gain, the poles form a complex pair. Then, Eqn.

3.21b can be re-expressed in the following form:

2 z

G [1+
H(s):-—q— 52 g
T te s +1
Wi ol

where the terms are defined as follows:

(3.22)

Z = - é—sp = Vs, 2, is the real left-half plane zero;
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2, = - «é—s, + Vs, 2, is the real right-half plane zero;

2 _afa 1)
97% Sp 2s aofole'

20 !
a.fo sp S¢

The loop gain (Eqn. 3.21a) and the closed loop transfer function expressions (Eqn.

and

3.21b) now contain both a left-half and a right-half zero. If the feedforward path is
eliminated in Fig. 3.11, then both of these zeroes disappear from the expressions.

The zeroes are symmetrically located about the break-away point - %sp of the

complex pole pair and are spaced apart by \/gz? which is the geometric mean of
the non-dominant pole and the feedforward zero frequencies. Since the right-half
zero is lower in frequency than the left-half zero, tke complex pole pair will even-
tually cross over into the right-half plane. The criterion for stability is deter-

mined by examining the real part of the complex pole pair ¢

1 (1 ,1]_ 1

Lfo|Sp S| 2 |
g = - -é—s,, ° i’ - I ' (3.23)
T oSt zp

When the numerator becomes zero, the poles lie on the imaginary axis. This
occurs when

g oS = 2 (3.24)
or simply when the right-haif plane feedforward zero falls below the single-pole,
closed loop corner frequency a,f,s;. For a transconductance amplifier in an

unity gain feedback configuration, Eqn. 3.24 becomes
S A
& qu > GC:: . (3.25)

As long as some parasitic capacitance loads down the amplifier, the stability of a

two-pole transconductance amplifier is guaranteed.
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8.2.3. The Effects of Feedforward Path on Two-Pole, One-Zero Systems

It has been shown in section 3.1.3 that a two-pole amplifier that is compen-
sated with a real left-haif plane zero will yield the most controllable transient
response. Unfortunately, the analysis was performed for an ideal feedback sys-
tem with no feedforward path t.hrouéh the feedback network. In this section, the
two-pole, one-zero feedback system is re-examined by taking the effects of the

feedforward path into account.

First, a feedback system with a left-half zero incorporated in the forward

gain path of the amplifier is examined. The transconductance G, in Fig. 3.11 is
1+ ;s—
now replaced by G, —-s"—-where sp is the sole high frequency, non-dominant

1+ 2
Sp

pole and 2z, is the open loop left-half zero. The loop gain and the closed loop

p [1-0-—] 1+——]
Aoop = Gofo — (3.262)
[1+—] 1+—}

H@)--—‘{1+_{1+._J mf.{ [ éﬁ [ _%}

where the terms are defined as follows:

_ G
& fo = GaRi TiG+C

§ = 1 is the dominant pole;
& [c +q)

2y = %—IS the real right-half plane zero;

transfer function expressions are:

(3.26b)

is the low frequency loop gain;



2, is the real left-half plane zero within the amplifier; and
Sp is the high frequency, non-dominant pole.

The numerator of the loop gain expression determines the location of the closed

loop zeroes.

N(s) = s2+ s{sp [ - ZL]} - ZpSp - (3.26c)

The open loop left-half zero z, dictates the closed loop zero locations. If
2, > 2z;, the closed loop zeroes approach those of the two-pole feedback sys-
tem. We are interested in the case in which Sp < 2, < z,. If this criterion is

satisfled, the closed loop zerces are approximately given by
S,
2z, N+ z! "Land
2,

2, ™= =2,.

Under this condition, the pole trajectory of the complex pair is tightly controlled
by the closed loop left-half plane zero z,. The closed loop transfer function can

now be expressed as

beafled] e

s2
+2——s+1
©f ol

The terms are defined as follows

H(s) = -2—

+2, zLis the closed loop right-half plane zero;

2,

2, = =2, is the closed loop left-half plane zero;




The real part of the complex pole pair is given by

i aofasp +2, 52y 1
= - =5 {1~ 3.28a
2 P [ G foSt — 2y Sp2, J ¢ )

R - é_s ,{1 + E*{:_“} (3.28b)

2
z
which is valid as long as i—sp < Gfost < 4;;—a.nd if zp > ayfoSi-
In order for the system to be stable and well-behaved, the following condi-

tions must be satisfied.

1. a,foS: < 2p.2and

2 2z, < z.

If the above requirements are met, the effects of the feedforward path become
minimal. Then, the compensation scheme that was described in section 3.1.3 can

be utilized directly. Note that as long as a,f,5; < 2, the system is uncondition-

ally stable, even if z, < z,. Eowever, the closed loop zeroes are no longer given

by + 2 EE—ancl - 2,. Because of this, the poles now follow a completely different
!z,

trajectory. Note that when 2z, >> z,, the root locus asymptotically approaches

that of the two-pole feedback system.

Another viable method to tailor the transient response involves the insertion
of a left-half zero through the feedback path. A block diagram of such a system is
depicted in Fig. 3.12. The feedforward path through the feedback network has
been merged together with the forward gain path of the amplifier. The admit-
tance of the feedback network is designated as Y;. If a zero is introduced in the
loop gain expression via Y,, two additional poles appear. Although these non-
dominant poles are at high frequencies, they are sufficiently close to the zero

such that the desired circular root locus can not be attzined. The situation gravi-
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Figure 3.12
Zero Insertion Through the Feedback Network

tates when the amplifier is assumed to contain an internal non-dominant pole.
Now the closed loop system is characterized as a four-pole system—one dominant
pole and three high frequency poles which are all in the vicinity of the zero. Under

this condition, it is extremely difficult to design a controllable feedback system.



45

To demonstrate this point, qualitative sketches of two possible root loci are shown

in Fig. 3.13.



3.3. Theoretical Limit of Maximum Attainabie Bandwidth

So far in this chapter, we have described and analyzed a frequency compen-
sation scheme that yields a fast and well-behaved step response. For a given set
of open loop parameters of an amplifier, what is the maximum attainable
bandwidth (speed) that is theoretically possible? An attempt will be made to shed

some light to this question.

As mentioned earlier, most amplifiers can be accurately characterized as a

second order system. The parameters that describ‘e such amplifiers are
s; the dominant pole;
Sp the lowest non-dominant pole;
2, the left-half plane zero; and
@, the open loop low frequency gain.

In a closed loop configuration, the denominator of the transfer function can be

generally expressed in the following form:

) - Sz o
D(s) = o,..—‘°'+ 20—;{-5 +1 - (3.29)

The coefficients of the polynomial for the two-pole and for the two-pole, one-zero

feedback systems are given below.

Two-Pole System
1 1 1
— R —
Ug Sp agfo s; (3.303)
o1
IO’! R 55 (3.30b)

Two-Pcle, On2-Zcro System
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Root Loci of the Four-Pole Closed Loop Systemn



LTI (3.30¢)

ol Sp o foSi

1 8y oS .
lo| = 1s; {1+ _z._] (3.304)

In both systems, if aq, f,5; is greater than 1—s,,. the poles become complex. Then,

4

wp is the magnitude of the complex pole, and o represents its real part. An exam-

ple is illustrated in Fig. 3.14. To obtain a stable and well-behaved system, the

open loop feedforward right-half zero z; must satisfy the following constraints:

2, > a,f,5 andz, > z,.

Eqns. 3.30a through 3.30d contain a wealth of impcrtant information.

1.

©p, is a fixed quantity for a given loop gain a, f,. If the poles are negative and
real, their geometric mean is &lwwys equal to w,. If the poles are complex,
their magnitude is also always equal to v,,. In such a case, increasing the real
part o, decreases the imaginary part . Therefore, increasing the speed
(large o) lowers the Q of the poles. This is exactly what is done by the zero

insertion compensation.

To design for maximum bandwidth and speed, both the open loop unity gain
frequency a,s; and the non-dominant pole frequency s, should be maxim-

ized.
The single-pole, closed loop corner frequency a, f,s; must be in excess of

1—51, to force the formation of the complex pole pair. If a, f,5 < i—s,. it is

advised not to insert the zero. The zero compensation improves the system
response only when the loop gain is sufficient to form a complex pole pair.

Otherwise, the zero degrades the step response of the system.



49

N Ve
AN

¥
{

Figure 3.14
Complex Pole Pair in the S-Plane

To reap the full benefits of the zero insertion compensation, the open loop
zero z, must be located beyond. but as close to s; as possible. Under such
cendition, the real part of the complex pole is at its maximum for the given

loop gain. Furthermore, the Q of the comglex pole pair is guaranteed to be



less than unity. The real partis
1 1
'G’I ~ z—sp + E—a,f,s,.
The results of the analysis are recapitulated in Table 3.1.
Criteria for stability and cont-ollability

z; > a,f,s, and

z’ > zq

MAXTM UM USABLE BANDWIDTH

o =~

1 . 1
Two-Pole System 3-5p ifa,fos = 75
Gfost i Bufosi < 35
Two-Pole, One-Zero System -;—s, + -é-a, JoSiifafos; = i—s,

1 . 1
'z-aofosl Ya,fos < 2z 5p

. Table 3.1
Mazimum Bandwidth for Two-Pole and
Two-Pole, One-Zero Systems

S0



CHAPTER 4

THE SELECTION OF AMPLIFIER TOPOLOGY

In chapter 2 the conditions that are necessary to design a fast and well-
behaved amplifiers were determined. In this chapter the results of this investiga-
tion are used to explore the trade-offs that are involved in the design of high
speed integrators for switched-capacitor fliters. An amplifier topology that is

best suited for such an application is presented.

4.1. Performance Requirements of the Amplifier
The fast settling amplifiers that are used to implement high frequency and
high selectivity switched-capacitor filters must satisfy the following requirements.
1. @, the minimum open loop gain. This is dictated by the gain stability and the
selectivity Q of the filter.
2. a,s;, the minimum gain-bandwidth product. This is one of the parameter that -
determines the closed loop bandwidth.

3. sp. the minimum frequency location of the first non-dominant pole. s, in
conjunction with a,s;, sets the maximum attainable closed loop bandwidth
and speed. The clock frequency and the required selectivity of the filter &ic-
tate the minimum frequency of s,.

4. G,.‘the minimum transccnductance of the amplifier. Although G,, affects the

gain and the bandwidth, the primary concern in switched-capacitor applica-

tions is the stability. %‘-must exceed g, f,s; at all times.

S1
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5. SR, the minimum slew rate. The slew rate along with the maximum load

capacitance sets the minimum bias current requirement for the amplifier.



4.2. Single-Stage and Two-Stage Amplifiers

In order to attain high speed operation, the number of poles of the amplifier
must be kept to a minimum. Preferably, there should be no more than two poles.
This restriction limits the possible amplifier topologies to a single-stage or a two-
stage design. A very general representation of the two topologies are presented
in Fig. 4.1. The three terminal small-signal model of the active devices are
characterized by a transconductance of g,, and an output resistance of r,. For
the sake of simplicity, all load elements are assumed to be perfect loads and are

depicted as ideal current sources.

The two-stage amplifier, which drives a capacitive load of (, consists of a
cascade of two inverters. To guarantee stability, a Miller capacitor C, frequency

compensates the amplifier. The dominant pole s; appears at the output node of

1
To1 [ﬂm 2702

the first stage, and is equal to } The sole non-dominant pole s, due

to the interaction between the load capacitor (; and the transconductance of the

second stage, is given by g—g‘,—z- The low frequency gain is {g,,, 1T ,} {gmzr,z} which is
] .

the product of the gain of the two stages. The gain-bandwidth product is Gg L To
(4

be consistent with the notation used in Chapter 2, the low frequency gain is
denoted as a,, the domninant pole as s;, the non-dominant pole as s,, and the

gain-bandwidth product as a, s;.

The single-stage cascode is composed of the driver D,, the cascode device
Dy, and an ideal current source as the load. It drives a capacitive load (; which
also acts as the compensation capacitor. § is the lumped parasitic capacitance

present at the low impedance cascode node. The dominant pole, which appears at

1

the output node, is approximately equal to
{’o 2Im2To1

} - The sole non-dominant
G



po e .
|
1 1] +\’°
o—%m,, >, - | ==
\)Y\ 1. %M‘l %“H b F"C"‘
= ne —
Two-=tace  ArPuree
1
VE\A& —L Cw

— %N,Q-l.

i

v“ o— g!\\,ﬂ‘

.|

o

h—
pon

\ g

<

SiNGE - SUee AHPUFIRR.

4.1

. Figure
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pole at the cascode node is given by 9_;2_ The low frequency gain is described by
1

the following relationship

G = ‘%ml [’ox// g%{]-"’ 7%}]}{717:2["02// Rl}} (4.1)

where £, is the output resistance of the current source load. If R, is greater than

the output resistance 7, of the cascode, the gain expression reduces to

a N - {gm 170 1}{9mzfa 2] ' (4.2)

This is the same overall gain as the two-stage amplifier. Eowever, if B, < 7,,, the
gainis

2 N =GmiTez * . (4.3)
Thus, it is essential to make K, > 7,2 to obtain a high gain. The gain-bandwidth

product is CLAR

C

To compare the performance of these two amplifiers, we will impose the fol-
lowing conditions: & = G, G < CG. and Iy = I; = J,. This forces both
amplifiers to have identical slew rates. The four key performance parameters are

tabulated in Table 4. 1.



PARAMETER SINGLE-STAGE TWO-STAGE
m
2 2
a,, low frequency gain [;mr,} {gmr,}
s;, dominant pole 1 _1
{;ogmro l-cl To Pm’o Q}
Sp. non-dominant pole %‘- %‘—
. . Im Im
a,s;, gain-bandwidth product —_— —_
G G
Table 4.1

The Performance of Single-Stage
and Two-Stage Amplifiers

The only difference between the single-stage and the two-stage amplifiers is the
location of the non-dominant pole. In general, since & < G, the single-stage
topolcgy has a much higher frequency sp than the two-stage. This is a very
important consideration in light of the results presented in Chapter 2. For max-
imum speed a.nd bandwidth, the product a, f,5;5, must be maximized. Thus, it is
clearly evident .that the single-stage amplifier has the potential for high speed
operation. The single-stage has another significant advantage over the two-stage.
The non-dominant pole of the former is totally independent of any parameter
external to the amplifier; while that of the latter is determined by (], the capaci-
tive load of the amplifier. Thus, the closed loop performance of the former is very

predictable and controllable.
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4.3. Single-Stage Amplifiers

An MOS implementation of the single-stage cascode amplifier is shown in Fig.
4.2. The transistors X, and M, are the driver and the cascode devices, respec-
tively. G is the capacitive load, and G and G,z represent the parasitic capaci-

tance that are present at the cascode node. In this schematie, G is the gate-to-

<
4
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{1
|
F

i1
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1

Figure 4.2
An MOS Single-Stage Cascode Amplifier




58

source capacitance of the cascode device, and Gz is the junction capacitance of

the diffusions of M, and M Typically. &, overwhelms Cpz- Thus, the non-

dominant pole s, is approximately equal to 2’:22. which is the fr of the cascode

device. If the amplifier is properly designed, its closed loop bandwidth can be

made to approach and even exceed %— Jr of the cascode element.

The transconductance of MOSFETs is proportional to the square root of the
bias current, and the output resistance is inversely proportional to the current.
Therefore, the overall gain is inversely proportional to the current, and the non-
dominant pole goes as tke square root of the bias current. Thus, to design for high
gain, the bias current must be kept low, but for high speed operation, it should be
made as large as possible. These conflicting constraints make the design of high
gain and high speed amplifiers very difficult. The basic limitation becomes clear
when the amplifier in Fig. 4.2 is scrutinized. The slew rate and the capacitive load
set the lower limit of the bias current. The minimum gain requirement, which is
dictated by the filter, establishes the upper limit of the current. Staying within
these two bounds, both the gain-bandwidth product and the non-dominant pole
location must be maximized. In this configuration, since the same current source
biases both the driver and the load devices, a,, S,, and g, s; can not be controlled

and optimized independently.

A very simple solution to this problem is shown in Fig. 4.3. In this
configuration, an additional current source /; boosts the bias current flowing
through the driver. Now, s, and 2,5, can be independently optimized to obtain the

desired gain and frequency characteristics.
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Figure 4.3
An Improved Single-Stage Cascode Amplifier

4.4. Current Mirroring and Current Steering Amplifiers

Two single-stage amplifiers that allow independent current control of the
load and driver are shown in Fig. 4.4. The circuit in Fig 4.4a is dubbed a “current
steering” circuit since the current is "steered"” between the driver and the load.

In the circuit depicted in Fig. 4.4b, the current is “mirrored” between the load
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Figure 4.4
Current Steering and Current Mirroring Amplifiers

and the driver by means of a currert mirror. The simplicity of these two topolo-

gies applies very well for very high speed operation.

The CMOS implementation of the current mirroring and the current steering
amplifiers are shown in Figs. 4.5 and 4.6, respectively. Their differential mode,
small-signal half-circuits are also shown. For both topologies, G is the total

parasitic capacitance at node A, ( is the load capacitance, and R; is the
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Figure 4.5
A CMOS Current Mirrcring Amplifier

equivalent output resistance of the current source load. It is assumed that
R, >» r,;and R, » 7,s. The key performance parameters of both amplifiers are

listed in Table 4.2.
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Figure 4.6
A CMCS Current Steering Amplifier
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CURRENT CURRENT
MIRRORING STEERING
Wi%ﬂ
g,. open loop gain HgmiTos FmiTo1 GmaToz
- 1 1
, dominant pole —e
) ’ TosCi . GiTa2GmaTo:
2, s;, gain-bandwidth product yinL Im
. G G
i Im2 Fm2
Sp, non-domninant pole Zme
P C z
Table 4.2

Performance Parameters of the Current Mirroring
and the Current Steering Amplifiers

If the open loop gain is the only concern, both confilgurations can easily meet the
minimum gain requirement. This is done by selecting the right bias currents for
the driver and the load branches in manner similar to a two-stage amplifier
design. The major difference between the two lies in the non-dominant pole loca-
tion. If only the gate-to-source capacitance is considered, §, of the current mir-
roring amplifier is equal to the sum of the gate-to-source capacitance of the
current mirror #z and M3, while G, of the current steering amplifier is the gate-
to-source capacitance of M;. Therefore, the non-dominant pole of the latter is at
a much higher frequency than that of the former. As a consequence, the current

steering configuration exhibits a superior frequency and transient response.



4.5. The Folded-Cascode Amplifier

The current steering amplifier that is shown in Fig. 4.8 is a common-source,
common-gate or a cascode amplifier. This amplifier is folded over at the cascode
node giving it the alias of folded-cascode amplifier. In order to implement our
experimental high frequency filters, a fully-differential version of the folded-
cascode amplifier is required [1. 12). In Fig. 4.7 a fully-differential version is
shown. The high impedance current source loads are implemented by a pair of
cascoded n-channel devices, M, through #,. The p-channel current sources M,
and Mg provide the bias current for the amplifier. The proper apportioning of this
current between the load and the driver branches is eflected through the n-

channel current sources /,,, /{35 and M,. The ratio of the %’-of Mg and M, to M,

determines the load to driver current ratio.

4.5.1. Differential Mode Behavior

The differential mode half-circuit is shown in Fig. 4.8. To simply the analysis,
the p-channel current sources Ms and Mg are represented as R, which is their
equivalent output resistance; the cascode current source loads #, through #, are

modeled by K,;: and the output and the cascode node capacitive loads are shown

as G and G,, respectively.

Low Frequency Gain

The low frequency gain is given by the following exgression
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Figure 4.8
Differential Mode Ezalf-Circuit

- G. |

G--{gmsgoﬁ*'G:*GmJR‘

R = Toz[l + gm2 Tu} (4.4)
_1 _ 1 [ . RrR]

B = Gin - Im? 11 * ro‘lJ

The terms are defined as follows:
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Fms is the transconductance of the input driver;
Fo¢ is the output conductance of the driver;

G, is the output conductance of the p-channel current sources M5 and Mg:
and

i is the incremental resistance seen looking into the source of the

Gin

cascode element /1.

1t is interesting to note that R, is larger than -91—-when the load resistance A;
m?

exceeds the output resistance 7,, of the cascode device. A re-arranged form of

Eqn. 4.4 is shown below

|

G = =gmsTes Im1707

Tos , Too Toz (4.5)
1+Rs +R,-,,,} 1+R‘l

When R; > Ton Ry > T,e and Ry 2> 7,5 the overall gain asymptotically
approaches that of a two-stage amplifier. Eowever, if B} < 7,7 the gain drops to

G = =gme R (4.8)
which is the gain for a simple inverter. Thus, to attain high gain, R; and R, should
be made to exceed the output resistance of both the driver and the cascode dev-

ices.

Frequency Response

The folded-cascode amplifier has two major poles, the dominant pole at the out-
put node, and a non-dominant pole at the cascode node. The dominant pole is

given by



1
§§ S -
‘ Q[R;//R“J

Rl S Toz {1 + m2 7’04} (4'-7)
By = 7y {1 + Im7 [R,/ /Tos] } ’

R, is the effective resistance looking into the drain of the cascode device . The

non-dominant pole is given by

- 1
S = - :
C;a ei//Rs// P
Im7 (4.58)
N = Im7 . '

G is the total capacitance that is present at the cascode node. It is comprised of
the gate-to-source capacitance Cj of the cascode device and the sum of the junc-
tion capacitance C; associated with the diffusions of the driver, the p-channel
current source, and the cascode device. To optimize the speed performance of

the amplifier, s, must be maximized. sp can be re-expressed as

1. & &
Sp l mr  Im? (4.9)
= T+ Te t
For a constant current biasing, it can be shown that
i 3
T & Gy W2 L? (4.10)

L L
T, & G W? L2D -
G,z is the gate oxide capacitance per unit area, and (; is the junction capacitance
per unit area. # is the channel width, L is the channel length, and D is the

minimum width of contacted source and drain diffusion. C,;, C4 and D are fixed

parameters for a given technology. The intrinsic and extrinsic delays, 7; and T,.
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are plotted qualitatively as a function of # and L in Fig. 4.9. For a typical 3 um
CMOS technology. s is approximately 20 to 30 times C;, and D is on the order of
10 um. Even at the minimum channel length of 3 um, the intrinsic delay dom-
inates over the extrinsic delay. Thus, in order to minimize the total delay, a
minimum channel length device should be used as the cascode element. Eow-
ever, if the junction capacitance of both the p-channel current source and the

driver is included, 7, becomes comparable to 7;. In such a case, Sp is approxi-

mately equal to é— Jr- A typical numerical example is shown below.

s, (NHOS) =~ 200 HHz
sp(PHOS) % 100 }4Hz

Typically, an NMOS cascode has a 2 to 1 advantage in speed over a PMOS version
owing to the difference in mobility. It seems that the former implementation will
result as a faster circuit than the latter. This, however, is not entirely true. If.the
n-channel devices are replaced by p-channel devices and vice versa. in the circuit

depicted in Fig. 4.7, the performance actually degrades. In order to account for
the mobility difference, the %of the devices needs to be increased. This results

as a proportionate increase in the gate-to-source capacitance of the drivers which

ultimately decreases the lcop gain of the closed loop system, and thus reduces



Figure 4.9
Intrinsic and Extrinsic Delays
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the bandwidth. Furthermore, the p-channel devices exhibit poorer output
characteristics compared with the n-channel devices, especially at high current

levels. This results as a reduction of the overall gain.

Optimization of the Transient Response

If adequate loop gain is available (i.e. if @, f,5 > i—sp ). it is recommended to

insert a left-half plane zero in the transfer function of the amplifier. This zero is
incorporated in the folded-cascode amplifier by adding a feedforward capacitor
Cyy across the cascode element. The circuit schematic and the differential mode,
small-signal equivalent half-circuit are shown in Fig. 4.10. The addition of Cj,
loads both the output and the cascode nodes, but it does not create any addi-

tional poles. The zero and the new non-dominant pole locations are

AJ

m2
Crr
_ _9m~
’ Q + Cf, (4-11)
o1
1 1

—— —

S
At first glance due to the additional loading of the cascode node by the feedfor-

z, = =

.-
S; =

ward capacitor, it appears that the closed loop bandwidth may be lower than the
uncompensated case. To compare the two cases, the real parts of the correspond-

ing complex pole pair are shown below.

Uncompensated Case

o~ %—sp

Compensation with a Zero
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Figure 4.10
Insertion of the Left-Half Plane Zero

. . y . 4
g = l—sp + 1— Mwhere s’ = -—su—_
e 2 2, Sp + 2,



. 1+ aaicsl
‘;— = = (4.12)
1+ £
2,

Typically, 2, > Sp and &, f,5; > sp. Thus, it is safe to conclude that ¢° is greater
than g. Even with the additional loading due to Cr;, it is still beneficial to compen-

sate with a left-half zero.

4.5.2. Common Mode Behavior

One of the difficulties encountered in designing a fully-differential amplifier is
controlling its common mode behavior. Specifically, the amplifier must have
sufficient common mode signal rejection and a well-defined quiescent DC output
voltage. Furthermore, for high speed operation the common mode transient
response needs to be as fast as the differential mode response. Thus, a fully-
differential amplifier can be thought of as a merged amplifier. A conceptual
diagram of a merged amplifier is shown in Fig. 4.11. In order to control the com-
mon mode response, the common mode amplifier samples the outputs v,, and
Y2, and feeds back a common mode correction signal to the differential mode
amplifier [13]. This CM amplifier should have a very low DM-to-CM and CM-to-DM
conversion gain. A schematic diagram of a fully-differential, folded-cascode
emplifier with common mode feedback is shown in Fig. 4.12. The CMFB block
feeds the common mode error signal to the gates of /{4 and #, in order to stabil-
ize the common mode component of the output voltages. This feedback loop
attempts to control the common mode output by decreasing the common mode
output resistance. The common mode, small-signal half-circuit is shown in Fig.
4.13. R, is the equivalent resistance seen looking into the drain of the cascode
element (Eqn. 4.7), and C, is the gain of the common mode feedback block. The

loop gain and the resulting common mode output resistance are
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Figure 4.11
Conceptual Representation of a Fully-Differential Amplifier
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A Fully-Differential, Folded-Cascode Amplifier with
Common Mode Feedback
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Figure 4.13
Common Mode, Small-Signal Half-Circuit
Apep N = Cy GmaTos ImaToz B (4.13)
Room ® —1— - (4.14)

G Ima
In order to preserve the high differential mode gain, the common mode feed-

back circuit must not feed any differential mode signal into the gates of /3 and
M, Asymmetry within the CMF2 block results as a non-zero signal V., even fro
pure differential outputs. the spurious V., amplified bty M, and ¥, is then fed
back to the output. Negative feedback is applied to one output, while positive
feedback is applied to the other. However, as long as Jf, through M, are perfectly
matched, the amount of feedback that is applied to either output is the same.

Therefore, the correcticn signal is purely common mode, and thus, the
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differential output remains unaffected by the asymmetry within the CMFB block.

In presence of a small mismatch in ¥, through M, in addition to the asym-
metry in the CMFB block, the correction signal to the output consists of both
common mode and differential mode components. The fractional diflerential

mode correction signal due to the mismatch is

Ar 03
V. ® [ 3 * o , .
V?d N = Cogmz"'oz ImiTos ZAT: 2 +2 T:.; (4 17)
od To2 Ima
where

L] 1 L) 1
Im2 = ’Z-(le + gm2) Ims = E(gma + 9m4)-
8gmz = Gmz = Im1 BFms = Ims = Ima.

® - 1 [ J 1
Toz = E‘(Toz + To1)i Tog = ‘2_(7'04 + Toa)s

ATy =Ty =To1, ANA ATy = Toy = To3:
Several types of process variation can cause the transconductance and output
resistance mismatches. W and L variations caused by photolithography and thin
film etching are the major causes of mismatch. Because analog circuits employ
devices whose gate width is much larger than its length, the channel length varia-

tion AL creates a larger fractional mismatch in gm and 7,. The fractional

g A
mismatches 2% and —:-.3—. that are the result of AL tend to offset each other
m [} .

since g, is proportional to 11,_ while 7, is proportional to L. From Fig. 4.13, the
differential mode output resistance, in presence of all possible mismatches within
the common mode feedback loop, can be determined. The computed differential

mode output resistance is
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Ry

Roaipy = 1

1+ GmRe {Ac. Boma | (4.18)
Ima |

where R, is the equivalent resistance seen loocking into the drain of the cascode

device, AG is the fractional mismatch of the gain of the CMFB block, and éi"-ﬁ-is

m4
the fractional mismatch of #,. For a typical 4 sigma tolerance in photolithogra-
phy and thin film etching, the fractional variation in L is a few percent. Thus, the
decrease in the differential mode output resistance is nominally less than one
percent. Therefore, device mismatch within the common mode feedback loop has

a minimal effect on the differential mode performance.

Transient Response

Since the common mode gain is intentionally made very small, the resulting
closed loop pole location is nearly identical to that of the open loop case. The
common mode transfer function contains at least three poles. The approximate

location of the poles are

G
P ém4

Spem R %’;l (4.18)
2 gms

Cau
The pole s, associated with the output node is at a much higher frequency due

to the lowering of the output resistance by the common mode feedback. Spem is
identical to sp, the differential mode cascode node pole, and is the highest fre-
quency pole of the three. For a common mode input, the source node of the input

differential pair can no longer be considered as a virtual ground. Thus, the capaci-

tance ;—q,,_,. which is approximately equal to the gate-to-source capacitance of
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the input driver Mg, contributes an additional pole s,. This pole is on the order
of the fr of My. Therefore, the common mode transient response is determined
primarily by s;.m. which is the lowest pole. Thus, to attain a fast common mode

response, the transconductance of //, should be made as large as possible.

In reality, there are several other poles present within the local cornrr;on
mode feedback loop.' There is a pole at the source node of M,. The CM¥B block
may also contribute an additional pole. Because the loop gain is large for this
local feedback loop, the poles may become complex. Thus, frequency compensa-

tion may be necessary to guarantee a well-behaved response.

The local common mode feedback can be implemented in several ways. Fig.
4.14 shows one of the implementations. In this scheme £/, and Mg, which operate
in their triode region, sample the output voltages ¥,; and ¥,,, and feed a common
mode error signal to the source of i3 and #;. Because 1{; and Mp operate in the

triode region, the CMFB block transfer gain C, is much less than unity. If G, is

V;
defined as the ratio —— where V,. is the common mode component of the out-
ec

put, we obtain

C = gmTo
Vz 1
= 4,19
-V T (419
Voc - VT

v,
where C, represents the small-signal common mode gain :V—’about the operat-
(-4

ing point. In order to obtain maximum output swing, V; is held at several hundred
millivolts. Thus, G, is on the order of 0.2 at most. This low value results as a sub-
stantially higher common mode output resistance that ultimately limits the

speed of the common mode response.
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Figure 4.14
CMFB Using the Triode Operated Devices

As previously mentioned, the CMFB block should have a very small
differential mode to common mode conversion gain Acm-gm- Fig. 4.15 shows the
schematic representation of the triode region operated CMFB block. V,, and ¥;2
are the output voltages and J, is the bias current. The relationship between the

outputs and the correction common mode signal 17 is given by
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Figure 4.15
Triode Region Operated CMFB Block

Y, 1 v, 7
I = G(zLa- Vo = Vr = 5V + G(- ?_L+ Vo = Vr - =)V (4.20)

Here, the outputs are assumed to be pure differential signals. The small-signal,

1A

differential-to-common mode conversion gain 4., -4m is found by computing v
d

and is equal to

Am-am = 0 (4.21)
Thus, barring any mismatch between % and Mp. the triode operated common
mode feedback has no adverse effect on the differential response of the cascode

amplifier. The sole disadvantage is that the common mode response is siow.
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In order to improve the common mode transient performance, the common
mode output resistance needs to be reduced. This requires a large gain of the
CMFB block. A scheme that utilizes a differential source follower as the CMFB
block is shown in Fig. 4.16. The source followers i, and /Mg sample the outputs

¥,, and V., and apply a common mode correction voltage V; to the gates of Mg

and M, If R, is large in comparison to E-I—-cof M, and Hp, C, will be approxi-

m

mately equal to unity. Then the common mode output resistance is given by 5—1-—
'm4

This assures a reasonably fast common mode response. Since i, and Mp operate

™~ 7 ”n
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Figure 4.16

CMFB Using Diflerential Source Follower
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in the square law regime, ¥, is no longer linearly related to ¥, and ¥,z This non-
linear distortion becomes noticeable when the output swing becomes large.
Assuming a purely differential mode operation, the relationship between ¥; and

the output is described by

’ 2 2
. + ¥ 17 Vy
-:—i?'o—sL"I-Io = G{aL—Vz-VT] +G[—-2—'-Vz-Vr] (4.22)
The small-signal differential-to-common mode conversion gain Acm-¢m is given by
diz .
ET and is
dy, _ Ve
dvy I (4.23)
4V, - 4Vp _GR.
where G = %—%k The above can be approximated as
1 W
R o= ——— 4.24

Thus, 4cm-am increases as the differential output swing increases. However, this

conversion gain will not exceed 0.25.

4.5.3. Biasing Circuit

The fully-differential folded-cascode amplifier, which is shown if Fig. 4.7,
requires four bias voltages. A string of diode-connected devices that replicate M5
through M can be utilized to generate the bias voltages. Such a simple scheme,
however, severely limits the output voltage swing. As an example, the negative

going output swing is limited to approximately — Vi + Vr + AVy, + AVyz where AV

is defined as
AV = d
W (4.25)
P

The voltage swing limitation is even more severe in the positive direction due to a
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smaller intrinsic gain factor &, of the PMOS devices and due to the larger current

conducted by the P-channel current sources.

A biasing circuit that overcomes this output swing problem is shown in Fig.
4.17a. A level shifting DC voltage source whose voltage is equal to the threshold

voltage V is inserted between the gates of iy and M,p. If the devices have the
same -;'-'-ratio. the lower device M, is biased at the edge of saiuration with a

drain-to-source voltage equal to AV. Under this condition, the voltage across the
cascode current source can drop to within 2AV of the negative supply rail. A prac-
tical implementation of the high-swing cascode bias is shown in Fig. 4.17b. All
devices have identical channel length and width, except M4 whose channel width
is only one-fourth of the rest. This forces the lower cascode device to be biased at

the edge of saturation with a drain-to-source voltage of AV.
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A Practical Implementation of the High-Swing Cascode Bias



CHAPTER S

TECHNOLOGY CONSIDERATIONS

The technology ultimately limits the performance of any analog or digital
system. In the analog MOS world, the CMOS technology is preferred over the NMOS
because of improved gain and frequency performance due to its complementary
devices. Bulk'CMOS technologies can be subdivided into the P-Well N-Well, or
Twin-Tub processes. Currently, the majority of CMOS technology is of the N-Well
type. However, the fifth generation CMOS (one micron and sub-micron feature
size) processes will most likely be either P-Well or Twin-Tub variety. The suppres-
sion of the unwanted parasitic devices, such as the lateral and vertical bipolar

structures, necessitates the switch away from the N-Well topology.

As the effective channel length falls below the 3 um mark, device design
begins to play a very important role. The first order device parameters - output
conductance, threshold voltage, body-eflect parameter, incremental junction
capacitance and punchthrough voltage — are all aflected by three basic process-
ing parameters; the substrate doping, the channel doping and the drain-source
junction depth. As the device and the interconnect features are scaled down, the
second and third order effects begin to affect the device performance. Velocity
saturation, finite channel thickness and diffusion resistance begin to degrade the
transconductance of the MOS transistor. The fringing electric fleld l;egins to play
a major part in the interconnect and the overlap capacitances. Thus, at the one
micron level and below, the system level performance is determined by the

parasitic and the extrinsic device characteristics.

87



es

In this chapter, we will present the design considerations for an high perfor-
mance CMOS technology aimed for analog LSI applications. Some of the antici-

pated problems in technology and circuit design will be presented.

5.1. The CMOS Technology

High frequency analog systems require amplifiers that have a wide closed-
loop bandwidth. From the discussion presented in chapter 2, such amplifiers must
have a large open loop gain and a very high frequency non-dominant pole. The
CMOS technology is especially suited to implement such high performance
amplifiers in the simplest circuit configuration. The complementary active loads
preduce a large gain without resorting to sophisticated gain enhancement tech-

niques [13, 14]. The simple circuit configurations resuit in a very wide bandwidth.

The majority of the current 3 um CMOS processes are of the N-Well version.
The main reason behind this choice 15 the fact that the NMOS devices, which are
fabricated in the lightly doped substrate, have smaller junction capacitance and
lower body-effect parameter than those of the P-Well type. This results as very
high performance NMOS devices. The Twin-Tub process is also a viable technology.
Its strong point, perhaps, is the flexibility to independently tailor the device per-
formance of the PMOS and NMOS transistors. This, however, comes at the expense
of added process complexity. At device geometry of 3um, the N-Well process will
yield both NMOS and PMOS transistors that operate as well as those fabricated in
the Twin-Tub process. Fowever, for CMOS with device geometry of 1um and below,
the P-Well and the Twin-Tub processes will be requirz2, primarily due to latch-up

problems.



5.2. Device Performance—TFirst Order Effects

The device parameters that affect the gain and the frequency response of an
amplifier are the channel length modulation parameter A, the threshold voltage
Vr. the body-eflect parameter 7, the incremental junction capacitance (;, and
the drain-to-source punchthrough voltage Vpr. These parameters are inter-

related and are affected by the substrate and the channel doping concentration.

§.2.1. Channel Length Modulation

The depletion region X4 between the channel and the drain diffusion modu-
lates the eflective electrical channel length L;y,. This depletion width is a func-
tion of the threshold voltage, the drain-to-source voltage, and the channel doping
N.». From the conventional formula for the depletion region of an n*~p junction,

the drain end depletion width is expressed as

X = \/ 2z, (?N; Visat ) (5.1)

The drain current can then be represented as

Iy = z—_g‘-ngaa (5.2)
where
)

]
<~ N'o—t
h|§

¥

R

§

View =
[15] The output conductance is given by
_ 8/
gﬂ - a l’d
lasat (5.3)




The MOS equivalent Early Voltage V4 can be defined as

Nep(Vy = ¥,
2z,
Now the output resistance is expressed as
v,
r, = A (5.5)
g

>From Egn. 5.4 the output resistance can be improved by increasing the channel
doping near the S; - S, 0, interface where the channel exists. However, N, also
affects the threshold voltage. Thus, the upper limit of N, is determined by the
threshold voltage.

Typically, the channel doping concentration is controlied by a single ion-
implantation. For a 3 um process, the implantation energy and dose are adjusted
so that the surface concentration is on the order of 10'8 cm =3, The depth of the
implant is nominally between 0.2 um to 0.7 um. Fig. 5.2 shows a profile of the
channel doping that was generated by SUPREM IL In order not to increase the
body sensitivity, the depth of the implant z;, is tailored so that, under nominal
gate-to-body voltages, the implanted impurities are contained within the deple-

tion region under the channel.

5.2.2. Threshold Voltage and Channel Length Modulation Trade-off

Eqn. 5.6 gives the threshold voltage expression for a long channel NMOS
transistor with an n* poly gate.
Qs |, |@mo ], |5
Ge| | Ce | |Ca

Eere, $/n is the surface potential of the channel region; &, is the surface state

(5.8)

Vr= <0557+ & |-

charge density; &mp is the channel implantation dosage; and Qg is the ionized

substrate charge under the channel. The channel implant affects the ¢ ; and the
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mp terms. For a typical 3um N-Well CMOS process, G = 0.41V and
# Cs

_lgg = 0.28V, assuming an N, of 5z 10" cm™3, Vs = OV, and z,, = 50 nm.
°F |

Thus, to obtain a threshoid voltage of 0.7V,

=

If the channel doping distribution can be approximaied as a "box" distribution, we

an

= 1.38V (5.7)

have
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2%’.:’.+ v m[%—} = 138V (5.8)

where z; = -;-( z + Zj2 ). Solving for N, z;. which is egual to the total implant

dose, we obtain

Bmp = LV,_,:I_z?-_z Sz 1011 cm-2

X; is nominally designed to be equal to the junction depth of the source-drain
diffusions. For a 3 um technology, z; is about 0.35 um. The resulting channel dop-
ing concentration N, is 1.0 z 10! crm =3, A device that is biased right at the edge
of saturation will have a V3 = Vit = 2%,. The corresponding Early voltage ¥ of
such a 3 um channel device is 12.6 V. Its output resistance is 126 K0 at a bias
current of 100 uA4. Table 5.1 lists the measured and the computed Early voltages
of NMOS devices operating at Vg = Vgq of 2 V. In order to improve the output
characteristic of the short-channel devices, the channel doping must be

increased; however, this results as an increase in the threshold voltage.

CHANNEL LENGTH MEASURED COMPUTED
(um) Va (V) Va (V)
WW
3.3 27 21
4.3 31.5 29
6.3 51 45
TABLE 5.1

Measured and Computed Early Voltages
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5.2.3. Threshold Voltage of Short-Channel Devices

As the channel length decreases, the threshold voitage also decreases. If the
channel length is reduced even more, the drain current becomes independent of
the gate voltage. This is due to the fact that the field lines emanating from the
drain terminate in the channel instead of in the substrate. Under this condition
the drain controls the I-V characteristics of the device. [16]). The influence of the
drain voltage on the channe! can be reduced by decreasing the junction depth of
the source-drain diffusions and by increasing the substrate concentration.
Increasing the doping concentration of the substrate, however, enhances the body
sensitivity. For analog circuits applications, the modulation of the threshold vol-
tage due to source-to-body voltage induces non-linear distortion. Thus, the drain-

induced threshold modulation must be suppressed by other methods.

By tailoring the channel doping profile as is shown in Fig. 5.3, the short-
channel threshold voltage sensitivity to drain voltage can be reduced without
increasing the body sensitivity. [17] A double implantation process generates this
desired profile. A very shallow implant determines the surface concentration of
the channel. A second deep implant, whose dose is sliéhtly higher .than the first,
creates the sub-surface peak that is placed beneath the n* source-drain diffusion.
This sub-surface peak shields the channel from thke field lines emanating from the
drain diffusion. Furthermore, since the depth of the deep channel implant is
.about 0.7 um, at the nominal operating voltage the depletion region under the
channel extends beyond the implanted region. This assures a low body sensitivity. -

It should be noted that the doubly implanted channel profile is necessary only for
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Figure 5.3
Improved Channel Doping Profile

2.0 um technologies and beyond. For a typical 3 um technology, a channel doping

profile shown in Fig. 5.2 will suffice.

5.2.4. Punchthrough Voltage and Junction Capacitance

When the drain-to-source voltage is large enough to cause the electric fleld
from the drain to terminate at the source, a very large sub-surface drain-to-
source cur;'ent conducts. This condition is termed as the sub-surface pun-

chthrough. Thus, when punchthrough occurs, shunt current flows in the buik to
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augment the conduction current in the surface inversion layer. An approximate
expression [18] for the punchthrough voltage Vpr is

2
_ g N _\/283("»"'1’&) (v -
Ver = Zs, Loy 7 Na (Ve = Vp) (5.9)

Fig. 5.4 shows the plot of the punchthrough voltage for diferent effective channel

lengths. If the channel is doped at 10!'® cm ™3, for channel lengths in excess of
2 um, the d.evice breakdown is caused by avalanche and not by punchthrough.
Thus, a channel doping level of 10'% -3 is adequate to realize a 10 V 3 um CMOS
process. In order for the devices to exhibit a good high frequency response, the
incremental junction capacitance must be minimized. Under nominal operating
voltages, the depletion region under the source-drain diffusions must range
beyond the doped channel region. If such a condition is met, the small-signal
capacitance is determined solely by the substrate doping level. Using the channel
doping profile that is shown in Fig. 5.2 and employing the one-sided step junction
approximation, a reverse bias voltage of 3.8 V between the source-drain diffusion
and the substrate is sufficient to carry the depletion region past the highly

implanted channel area

Another component of the junction capacitance is the peripheral capacitance
that is associated with the channel stop implantation. The cross section of an
NMOS device that shows this capacitive component is illustrated in Fig. 5.5. For a
typical 3 urm CMOS process, the depth of the p-field channel stop implantation is
about 1 um with an average surface concentration of 5= 10!® cm ™3, The segment

X, of the n* diffusion that butts against the field implant is approximately

%ﬂ’ T The peripheral capacitance C, can no longer be neglected in analog-type

devices whose channel width is large compared to its channel length.
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Lateral Encroachment of Channel-Stop Implant

Example
Consider a device with %— = 3—?—“"1& fabricated in 3 um technology. The

minimum via size and the minimum spacing between features are 3 um. Then®
diffusion depth is 0.4 um. The dimensions of the diffusion is W by D or
300 um z 9 um. The ratio of the peripheral capacitance to the bottom-plate

capacitance is
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(5.10)

The capacitance ratio of Eqn. 5.7 is plotted in Fig. 5.8. For wide channel devices,
the ratio remains fixed at 1:3. However, as the channel width is reduced to the
critical width #,, the peripheral capacitance begins to dominate. For a 3 um

technology ¥, is on the order of 10 um.
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high dose high dose low dose low dose
deep shallow deep shallow no
implant implant implant implant implant
M
Vr ++ 0 + 0 0
v 4 - 0 - 0 0
7o ++ + + 0 0]
Vpr o 0 + 0 0
Cis - 0 0 0 0
Table 5.2
Effects of Channel Profile on Device Performance
+ improves
- degrades
0 no change
5.2.5. Optimal Channel Doping Profile

Table 5.2 summarizes how the channel doping profile affects the device

parameters. The change in the device parameters are compared to the unim-

planted case. + denotes improvement, - degradation, and 0 no change. The table

shows that a fairly deep channel implant (depth cf on the order of the source-

drain junction) improves the short-channel characteristics.

However, heavy

dosage degrades the body sensitivity parameter and increase the incremental

junction capacitance. Thus, the optimal channel implant is a deep and moderate

dosage implantation. For a 3 um CMOS, N, is on the order of 10'® cm~? with a
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high dose high dose low dose low dose
deep shallow deep shallow no
implant implant implant implant implant
_—

Vr ++ 0 + 0 0

Y - 0 - 0 0

To o+t + + 0 0
Ver ++ 0 + 0 0

Table 5.2

Effects of Channel Profile on Device Performance

+ improves
- degrades
0 no change

5.2.5. Optimal Channel Doping Profile

Table 5.2 summarizes how the channel doping proflle affects the device
parameters. The change in the device parameters are compared to the unim-
planted case. + denotes improvement, - degradation, and 0 no change. The table
shows that a fair'ly deep channel implant (depth of on the order of‘the source-
drain junction) improves the short-channel characteristics. However, heavy
dosage degrades the body sensitivity parameter and increase the incremental
junction capacitance. Thus, the optimal channel implant is a deep andvmoderat.e

dosage implantation. For a 3 um CMOS, N, is on the order of 10'® crm~? with a
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depth of 0.8 um.

5.3. Scaled CMOS

If the eflective channel length is reduced to 1 um and below, second and
third order effects begin to dominate the device performance. The transconduc-
tance levels off due to velocity saturation; finite channel resistance and diffusion
sheet resistance reduce the current gain; and the frequency response degrades
due to the increase in parasitic capacitance caused by fringing feld. Further-
more, to overcome the latch-up problem, a major structural change becomes

necessary.

5.3.1. Velocity Saturation

To understand the device operation when the velocity saturates, a first order
model is derived. Let us assume that, on the average, the drift velocity of the car-
riers within the channel approaches the limiting value of ¥, . The transit time

from the source to the drain is

= L (5.11)

Vsat
Due to velocity saturation, the transit time is no longer affected by the drain-to-

source voltage Vy,. The drain current is given by

Iy = %— (5.12)

where Q.. is the total channel charge [19)

@ = WL Go (V5 = Vr) (5.13)
Thus, under the condition of velocity saturation, the drain current is independent

of Vg4 and is represented as
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Iy 8 Pugy Coz (V, = V1) (5.14)

The transconductance %‘—is now independent of the gate bias voltage ¥;. Furth-
[}

ermore, [y — Vi, characteristic is now flat; that is, the output resistance is
infinite. However, for a real device, J; increases with V. For a short-channel dev-
ice, moderate ¥, can modulate the drain current through DIBL (drain-induced
barrier lowering) [20], and avalanche at the drain. Thus, Eqn. 5.3 is no longer valid
for devices w'ith channel lengths less than 1 um.

5.3.2. Diffusion and Contact Resistance

As the dimensions are scaled down, the parasitic resistance of the diffusion
and the contact begins to play an increasingly important role in determining the
device performance. At the source end of the device, any parasitic resistance that
appears in series with the channel degrades the transconductance. The drain

current can be expressed as

1 W 1 2
Iy = = Vg = V5
d az,“c”1+ R, [" ’] (5.15)
Ren
where R, is the total parasitic resistance at the source and R, is the channel
resistance,
1 _ _ ¥ -
B L 1 Coz [Vg: VT] (5.18)

The source resistance R, consists of the diffusion resistance and the contact

resistance. Both components increase in magnitude with scaling.

The diffusion resistance is inversely proportional to the junction depth.
Since short-channel devices require very shallow diffusions to suppress DIBL, as a
consequence, the sheet resistivity increases. One method to overcome this prob-

lem is to employ a double implanted diffusion as is shown in Fig. 5.7. [21]. In this
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structure, the channel modulation by the drain is suppressed by the shallow n
diffusion. The series ohmic resistance is minimized by the deep, heavily doped n*
diffusion. Further reduction of the parasitic resistance is achieved by forming a
silicide layer on top cf the diffusion. Now most of the current is conducted though

the low resistance silicide layer.
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5.3.3. Finite Channel Thickness

A cross sectional view of an NMOS device is shown in Fig. 5.8. In the figure z,.
and z., are the gate oxide thickness and the channel thickness, respectively. The
induced channel charge ., is proportional to the voltage that is dropped across

the oxide. If the channel capacitance is taken into account, the channel charge is

@n = Coz Voo
- Con (5.17)
= Coz (Vgs = Vr) .

Typically, Z. is on the order of 5 nm. If z,; is larger than z.;, Eqn. 5.14 can be

n+ / ! X\\'\-0

Xew

- Figure 5.8
Finite Channei Thickness
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approximated as

-1
Coz
1+
G
For a typical 3 um process, the decrease in the channel charge due to finite

ch N Coz (VF - VT)

(5.18)

channel tickness is only 1.6%. However, this effect can no longer be ignored for

processes with thin gate dielectric.

5.3.4. Composite Effects

The effects of velocity saturation, parasitic source resistance and the finite

channe! thickness can be combined to obtain the expression for transconduc-

tance g, [22]
_ W 1 1 1 _
on = LC,,p,.“ S . (% = ¥2) (5.19)
Evggy Cen Rep

As the device dimensions shrink, the transconductance initially increases due to
the improvement of the average mobility value. Once velocity saturation sets in,
the g, levels off. Further scaling degrades the transconductance due to the finite

channel thickness and parasitic source resistance.

5.3.5. Bot Carrier Effects

As the channel length decreases, the diffusions are made- shallower to
suppress drain-induced barrier lowering and electrostatic feedback from the
drain. The doping concentration of the diffusion is increased in order to reduce
the sheet resistance. This, in turn, causes the electric fleld near the drain to
approach the critical value. Impact ionization due to the high fleld creates

electron-hcle pairs. The electrons are swepl toward the gate, and the holes drift
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into the substrate. The energetic electrons that are swept by the gate-to-drain
electric fleld may become trapped within the gate dielectric material. The
trapped electrons cause the threshold voltage to shift in the positive direction.

This may lead to long-term reliability problems.

The holes created through impact ionization drift into the substrate. Part of
them find their way to the source diffusion. If the magnitude of this hole current
is large enough to cause a substantial ohmic voltage drop, the pn diode (source-
substrate diode) may turn on. The injected minority carriers (electrons) are
swept into the collector (drain diffusion). Now, this parasitic lateral bipolar
transistor causes the MOS device to latch-up [22]. The maximum drain-to-source
voltage that can be applied is a function of the gate voltage, the channel length
and the substrate resistivity. A large gate voltage increases the channel current
and, in turn, enhances the impact ionizaticn hole current. High resistivity sub-
strate results as higher ohmic voltage drop. Therefore, a low resistivity substrate

is necessary to suppress the turn-on of the lateral parasitic bipolar transistor.

5.3.6. Latch-Up Control

In CMOS technology, the parasitic NPN and PNP devices can turn on under
certain sel of conditions.This results in the disruption of the normal operation of
the MOS transistors. There are two "latch-up” mechanisms. First is the lateral
bipolar latch-up where an NPN or a PNP transistor that appear in parallel to an
MOS device turns on. Fig. 5.9a. Second is the SCR latch-up due to the merged
NPN-PNP structure. Fig. 5.9b.

The Lateral Bipolar Latch-up
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6 Vaun,

ure 5.9a
Lateral Bipolar Device

Figure 5.5b
Parasitic SCR Device

The mechanisms for the lateral bipolar latch-up was presented in section 5:3.5. In
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order to suppress this latch-up, the electric field at the drain needs to be
reduced, and the substrate resistivity must be decreased. The former can be
accomplished by using the LDD structure. The use of an epitaxial substrate
(p—p*) aids in increasing the turn on voltage of the parasitic device. The built-in
electric field at the high-low junction tends to sweep the holes generated at the
drain region into the substrate. Thus, fewer holes will find their way to the source

diffusion.
SCR Latch Up

Referring to Fig. 5.9b, the SCR latch-up occurs when the ohmic drop across Reus
or Rn..u is large enough to forward bias the base-emitter junction of either the
PNP or the NPN transistors. For an N-Well process, the NPN lateral transistor is
formed between the N-Well and the adjacent n* diffusion. The PNP devices, both
vertical and lateral, are comprised of the well, substrate and the p* diffusion. The
lateral NPN can turn on if the hole current injected from the N-Well (PNP base)
causes sufficient IR drop within the p-type substrate to forward bias the n*
diffusion. This risk can be reduced by utilizing an epitaxial substrate. The built-in
electric fleld at the high-low junction sweeps tke holes into the substrate, thereby
minimizing the chance to forward bias the junction. This, however, does not com-
pletely eliminate the problem. For a CMOS technology scaled to 1 um, the epitax-
ial substrate is perhaps insufficient to suppress SCR latch-up. One viable method

is to oxide isolate the devices using a trench filled with dielectric material.



CHAPTER 6

EXPERIMENTAL RESULTS

An experimental high frequency and high selectivity switched-capacitor filter
was designed and fabricated ﬁsing our design method. The prototype filter is an
eliiptic bandpass filter with a center frequency of 260 KHz and a Q of 40. The
details of the filter architecture and its design considerations are discussed in
Ref. [1). In this chapter, the performance requirements of the amplifier and the

measured results of the filter and the amplifier are presented.

6.1. Amplifier Specifications

The minimum performance specifications for the amplifier are dictated by
the filter. The filter parameters are listed in Table 8.1. The maximum pole Q of
120 along with the 4 MEz clock frequency sets the minimum bandwidth of the
amplifier. The minimum bias current level is determined by the sampling and the
integration capacitors which limit the slew rate. The open loop gain is fixed by the

maximum pole Q of the fllter.

108
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FILTER PARAMETERS
Clock Frequency 4 MHz
Filter Q 40
Maximum Pole Q 120
Sampling Capacitor 0.8 pF
Integration Capacitor 2.0 pF
Table 6.1

Filter Parameters

8.1.1. Minimum Gain and Bandwidth Requirements

For a resistively terminated LC filter, the fractional change in the magnitude
within the passband can be expressed as

AT(w) , L{511.+ Ql—c] » 7o) (6.1)

T(w) 2
where @; and Q¢ are the quality factors of the integrators that synthesize the

inductors and the capacitors, respectively; 7() is the filter group delay; and o is
the frequency of interest [24]. The quality factor of an integrator is approxi-
mately equal to the inverse of the total phase error incurred by the integrator.
From the analysis presented in Chapter 2, the finite gain causes phase lead, while

finite bandwidth incuces phase lag. In light of this, the "Q" of a switched-
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capacitor integrator can be expressed as

= ‘I’;(finite gain) + &,(finite dandwidth)
1 G+G+6G E_e-r,ud

T A G G

The terms are defined as follows:

|-

(6.2)

4 is the open loop gain of the amplifier;

G. G, and ( are the sampling, input parasitic, and the integration capacitors,

respectively;
T, is the total available integration time;
and o, is the closed-loop bandwidth of the amplifier.

The 250 KHz elliptic filter was designed to have a nominal Q of 40 and an
inband ripple of 1 dB. It is desired that the finite "Q" of the integrators introduce
a maximum error within the passband of less than 0.1 dB. From FILSYN simula-
tion results, it is known that the group delay () is at its maximum at the lower
and upper edges of the passband. Using these points as the worst case conditions,
v the minimum "Q" requirement of the integrators can be computed and are listed

in Table 6.2. For a 0.1 dB passband gain error, an integrator Q of approximnately
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100 is required.

INTEGRATOR REQUIREMENTS
Bandedge Group Filter ' Integrator
Frequency Delay Attenuation Q
254 KHz 125 us -7 d3 88.1
2686 KKz 124 us -7dB 91.5
Table 8.2

Minimum Integrator Requirements

Because the phase errors due to finite gain and finite bandwidth have opposite
signs, the net phase error is smaller than the individual parts. However, to be

safe, both phase errors should be minimized independently.

‘Gain Requirement

From Eqn. 6.2 we obtain the following relationship

Apin = @ Cs_*gﬁ_ (6.3)

For the prototype elliptic filter, the value of the parameters are @ = 100,

G =08pF, G = 2pf. and G, = 1 pF. The minimum required open loop gain is
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A,m = 475,

Bandwidth Requirement

Assuming a duty cycle of 40%, the time available for integration is 100 ns.

>From Eqn. 6.2 we have that

1 G ’
g = +—In 8.4
For a @ =100 and 7, = 100 ns, the minimum required closed loop bandwidth is

5.86 MEz. The corresponding unity gain frequency is equal to 9 MKz. This result is

in agreement with that presented in ref. [25].

8.2. Differential Amplifier

Two versions of the folded cascode amplifier were designed and fabricated.
One version incorporated a triode region operated common mode feedback cir-
cuit, while the other uses a saturation region operated feedback. The complete

schematic diagrams for both circuits are given in Figs. 6.1 and 6.2,

6.3. Measured Performance

The prototype 260 KHz elliptic bandpass filter was thoroughly evaluated [26]
The eflects of amplifier finite gain and bandwidth are evident frt;m the fliter
response shown in Figs. 6.3. For a large amplifier bias current. the bandwidth is
broad but the gain is low. The filter attenuation, therefore, is higher, but the
center frequency remains at 260 KHz. This is as predicted from the argument

presented in Chapter 1. As the bias current is reduced, the gain of the amnplifier
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improves but the bandwidth decreases. The finite amplifier bandwidth causes
excessive peaking at the bandedge of the fllter where the group delay is the larg-
est. Furthermore, the center frequency of the filter shifts down. This is exactly
what is observed from the measured response in Figs. 6.3. The theoretical
analysis also predicts a small increase in the center frequency for a very small
excess phase shift. If the traces of Fig. 6.3. are examined very carefully, this

eflect is indeed observed.

Fig. 8.4 shows the frequency response of the fliter as a function of the clock
frequency. Note that the filter oscillates at a clock frequency of 4.475 MEz.
Theoretically, the filter is predicted to operate up to a 7 MHz clock. However, this
upper limit has been extrapolated from the differential frequency response of the
amplifier. If the common mode frequency response is used instead, the upper
limit is approximately 5 MEz clock. This clearly shows that the common mode set-
tling behavior plays a major role in determining the maximum operating fre-

quency of differential switched-capacitor filters.
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Folded-Cascode Amplifier with Triode Feedback
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Figure 6.5
Die Photo




CHAPTER 7

CONCLUSION

The experimental results obtained from the sixth order elliptic filter show
that high selectivity and high frequency monolithic filters can be realized using
the switched-capacitor filtering technique. Using a 4 um double poly P-Well CMOS

technology, a well-behaved 2680 KHz bandpass filter can be made with ease.

One clear conclusion can be drawn at this point. The extension of the
switched-capacitor flitering technique to higher frequency range will not be lim-
ited by the filter architecture. The main obstacle will come from technology and
circuit related limitations. A scaled CMOS process will undoubtedly yield faster
devices. However, both the transconductance and the output resistance of an MOS
transistor degrade as the channel length is reduced to 1 um and below. Thus,
although a fast settling amplifier can be designed using a scaled technology, it is
doubtful whether high gain and fast settling amplifier can be made. To complicate
the matter even further, to overcome the low breakdown voitage limitation, low

voltage MOS design technique need to be developed.

The intrinsic speed of an 1 um MOS device will be very fast. However, on the
system level, the interconnect parasitic capacitance will wreak havoc. In all
current CMOS technologies, the interconnect capacitance (that is, the capaci-
tance between two adjacent parallel conductors) is negligible. However, at submi-
cron levels, although the linewidth and the-spacing of the metal lines are scaled,
the vertical dimension — metal thickness — remains essentially unchanged. This
dramatically increases the capacitive coupling between two adjacent metal lines,

while all other parasitic capacitance are reduced by scaling. Eventually, with

120
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further scaling, the system level performance will reach the point of diminishing

return.

From the view point of circuit design, scaled versions of monolithic filters
should be of fully-differential configuration. Because of the increase in the parasi-
tic coupling capacitance, a fully balanced signal path will be a necessity. This will
bring about some new challenges for the circuit designer. Fast settling, large sig-
nal handling differential-to-single ended and single ended-to-differential conver-
sion circuits will be required. Also, a fast settling and low distortion common

mode feedback circuit need to be designed for the fully-differential amplifier.

Employing a scaled technology, the realization of high frequency fliters that
operate in the MEz range is definitely possible. But designing high frequency and
high selectivity filters will be difficult primarily due to the low amplifier gain. A
multiple filtering approach [1] is one method to get around the low gain limita-
tior;; however, at the expense of increased filter complexity. Nonetheless, further

refinements and innovation of the amplifier or the integrator are necessary.
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