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ABSTRACT

There is a growing demand for wideband circuit switching networks to provide non-blocking
channels for broadband communication with mixed services including voice, data, and video. In
this dissertation, electronic switching techniques for high data rate, star-topology, optical fiber
networks are studied. This thesis emphasizes the integrated circuit implementation of a
crosspoint switch, which is the key element in circuit switching, with a capacity of 100 to 200

Mby/s.

CMOS technologies with minimum channel lengths below 3 um have been chosen to per-
mit data propagation at the desired speeds, while minimizing power consumption and chip area.
Circuit techniques that may reduce timing jitter and noise arising from capacitive and inductive
couplings between on-chip nodes including power supply rails have been explored. One effective

technique is to limit the voltage swing at critical nodes.

As a demonstration vehicle, a prototype switch containing crosspoints for 16 inputs and 16
outputs as well as associated control circuitry has been designed and fabricated. Proper operation
has been obtained with the samples of three different minimum channel lengths: 2.8, 2, and 1.4
um. This shows the feasibility that prevalent, inexpensive, and relatively low-speed CMOS

VLSI technologies are applicable to 100 to 250 Mb/s circuit switching networks.
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Measurements have been carried out with a 215-1 sequence, pseudo-random, non-return-
to-zero data. Crosstalk between channels has been observed by sending data to one output while
broadcasting other asynchronous data to the other 15 outputs. The switch with the 1.4 pm gate
length operates up to 250 Mb/s with 80% eye opening and 0.2 ns jitter from a 5 V supply. The
worst crosstalk adds 140 mV peak-to-peak noise. Average delay through the switch is 5.9 ns and
power dissipation is S00 mW. Performances of 2 pm and 2.8 pm chips scale according to the
processes: 215 Mb/s and 105 Mb/s with 80% eye opening, respectively. The outputs can drive
other identical circuits to enable construction of larger switching networks. Extemal transistors

are necessary to drive the 150 mA required by typical laser diodes.
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CHAPTER 1

INTRODUCTION

Optical fiber that carries information in the form of light is an ideal transmission medium in
wideband communication networks because of the unrivalled high bandwidth and low attenuation
characteristics: bit rate over 1 Gb/s, loss as low as 0.2 dB/km, and resulting bandwidth-distance
product on the order of 100 Gb/s X km [1]. As well, it is more secure from tapping and immune

to electromagnetic interference and crosstalk compared to other transmission links.

Along with this fact, the recent development of fiber optics that has resulted in cheap, reli-
able, and easily installable fibers has stimulated a substantial interest in fiber based networks and
opened a wide variety of possibilities in future communications. Examples include fiber optic
long-distance network [2], fiber local area network (LAN) [3-71, broadband integrated services

digital network (ISDN) [8-11], and optical interconnects [12].

Most of these applications focus on broadband digital communication and services. Espe-
cially in the area of fiber optic LAN and broadband ISDN, important new services include video
exchange and distribution. To facilitate this kind of services, there is a growing demand for
broadband circuit switching that provides high data rate non-blocking communication channels.
Broadband switching necessitates, first of all, the development of wideband circuit switching ele-
ments such as multiple channel crosspoint switches, although the determination of network struc-

ture, medium access protocol, and service integration method is equally important.
In order to preserve the inherent advantages of optical communication, primarily the high
bandwidth, it is better to process information in optical domain. For broadband switching, this

would be realized by implementing switches using optical techniques. However, optical
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techniques are not mature yet and pose interfacing problems with surrounding electronics. On
the other hand, electronic techniques are becoming viable for wideband applications, because of
the dramatic improvement in speed recently driven by very-large-scalé integration (VLSI) and

very-high-speed integrated-circuit (VHSIC) technologies.

In this dissertation, studies of electronic sw@tching techniques for high data rate, optical
fiber networks are described. The objective of this work is to apply electronic techniques to
broadband, star-topology, circuit switching networks. Emphasis is put on the integrated-circuit
(IC) implementation of the key element in circuit switching, a crosspoint switch, with a bit rate
adequate for digital video. More specifically, this thesis investigates whether a multiple channel
crosspoint switch with a capacity of 100 to 200 Mb/s is feasible in widely available CMOS VLSI

technologies.



CHAPTER 2

FIBER OPTIC CIRCUIT SWITCHING NETWORKS

Demand for broadband LANs and ISDNs that feature integration of real-time and interactive
video services is beginning to increase because information is delivered more effectively in visual
form. Fiber networks with circuit switching would meet this demand due to unique advantages
over others without switching. In this chapter, the advantages of circuit switching in fiber optic
networks are examined. Also, some issues related to switching networks such as access method

and network expansion will be briefly discussed.

2.1 FIBER OPTIC NON-SWITCHING NETWORKS

As for any network technology, the utilization efficiency of a fiber network largely depends on its
topology and medium access method [13]. Most common topologies for fiber networks are star

and ring [7,14]. Figure 2.1 shows non-switching star and ring networks.

A star topology fiber network combined with the carrier-sense multiple-access | collision-
detection (CSMA/CD) protocol results in network performance like that for Ethemet [15], but at
higher data rate. These LANS are classified as passive or active depending on whether the center
of a network consists of passive optical power couplers or active devices that amplify optical sig-

nals.

Passive star LANS, although very simple, may be troublesome because transmitted power is
partially lost in the star coupler and divided by the number of stations [3]. Thus, a passive star is

not adequate for a network with many stations. Also, it is hard to expand the network due to the
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difficulty of optically coupling extra fiber links onto an existing star coupler. For passive star, the
multiple access control function or the collision detection and resolution function is typically dis-

tributed to the network interface at each station.

On the other hand, in active star networks, each network transmitter needs transmission
power only to reach the center. Expansion is easier since every new station requires only a
point-to-point bidirectional fiber link to the center. However, minimum signal power require-
ments at the center limit the network size and expansion. Contention resolution is normally per-

formed at the center [4] or hub [5] in an active star network.

A ring-topology network with token-passing protocol constitutes a LAN that has orderly
access control and higher network efficiency [6]. This network architecture is suitable for higher
bit rate applications. But reliability of the network is poor when a single ring is used. Any break-
age of the ring causes complete shutdown of the network. Like star networks, a ring network can
be passive or active. An active ring is advantageous for expansion because the network interface
does not require lossy passive couplers and, hence, addition of a fiber link between stations is
easy [7]. |

The networks discussed above can be classified as broadcasting networks in the sense that
any source station transmits information to all stations in the network regardless of actual destina-
tions. Therefore, energy launched into the network has to be higher than that required for the
desired communication and most of it is dissipated in vain. Additionally, in general, only one
source is given the right to occupy the network at any instant and others have to wait until the
network becomes free. Once it is free, awaiting stations try to grab the network and contention
may occur between them. This contention is then resolved by the access protocols. A broadcast-
ing network efficiently utilizes the network bandwidth when the traffic is light. However, it can-

not effectively support long and heavy traffic.
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Figure 2.1 (a) Star- or (b) ring-topology fiber optic local area networks without circuit switching.

2.2 FIBER OPTIC SWITCHING NETWORKS

To allow uninterrupted, real-time traffic, a network needs capability to establish multiple con-
current communication channels. One way to ac.;hieve this ability is to install fiber links in every
possible combination between the stations, as shown in Figure 2.2 (a), and let each station to set
up paths to its own destinations. However, this method is impractical because the number of
links required is excessive if the number of stations is large; for N stations, (N — 1)! bidirectional

links are neceésary.

Figure 2.2 (b) shows another solution that involves a switching function at a common node
or center, and fibers between this node and the stations. This is a natural extension of an active
star network and is logically equivalent to the above network except that the distributed switching
is centralized. This network is easily expandable because the number of fiber links is equal to

that of stations.



6 Ch.2 FIBER OPTIC CIRCUIT SWITCHING NETWORKS

D DESTINATION
NETWORK INTERFACE A

T O
_j FIBER

\

STATION

SOURCE

(b)

Figure 2.2 (a) Distributed or (b) centralized switching fiber optic networks.

The switching mechanism at the center of a star network can be packet switching or circuit
switching [16]. Packet switching relies on high-speed processing of packet headers that contain
switching information to route packets. It shows higher network efficiency, because traffic on all
channels has less idle time. When a channel is occupied by heavy traffic, newly arrived packets
are temporarily stored in memory and later, when the channel becomes idle, the stored packets
are transmitted. If overall traffic is light, the delay in transmission is minor. However, if it is
heavy, serious delays (Idtency) may occur. In the latter case, storage requirements will be
increased as well. Due to this latency and requirement for high-speed devices, pac_:ket switching
is not attractive for real-time wideband applications. Large latency times are not acceptable in

two-way voice or video communication services.

Circuit switching incorporated in a broadband star network sets up combinations of con-
current physical circuits for data transmission. These circuits are transparent in the sense that any
input will appear at an output without being processed or delayed by more than the physical

transmission time. Hence, circuit switching is attractive for high data rate, real-time
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communication.

2.3 CIRCUIT-SWITCHING FIBER NETWORKS
2.3.1 Advantages

As illustrated in Figure 2.3, circuit switching allows simultaneous, blocking-free data exchanges
including both conversation and broadcasting. This feature is the primary advantage of circuit

switching over the non-switching networks [17].

The improvement can be noted first by considering the maximum possible number of con-
current communication channels. When every source is connected to a unique destination, the
number reaches a maximum that is equal to the number of stations. Obviously the minimum
occurs when a station broadcasts to all destinations, like the non-switching network. Secondly,
note the number of connection combinations between stations at any time. For N stations, the
circuit-switching networks have (N + 1)V possible combinations while the non-switching ones

have only N + 1.

Other advantages are related to signal energy, network bandwidth, and versatility. Because
communication paths are established only between active stations, unnecessary energy loss is
minimized in circuit-switching networks. Also, due to the transparency of the switch mentioned
. in the previous section, higher network bandwidth can be obtained. The switch permits
configuration of various, topologically equivalent networks, such as bus, ring, or non-switching
star. In addition, circuit switching eases network management and enhances reliability. How-

ever, it requires expensive, wideband switching components and effective ways to access them.

2.3.2 Application

One application area of circuit switching would be fiber LANs. Figure 2.4 depicts an example

star-topology fiber LAN with circuit switching. In this LAN, information exchanges are possible
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Figure 2.3 Concurrent traffic in circuit-switching fiber networks, supporting broadcasting and
conversation.

in large quantities, at high data rates, between computer subsystems (processors, storage devices,
and terminals) through the switch. The simultaneously available, parallel channels alleviate the
bottleneck of a single bus, allow direct transfer between devices, and increase total system
throughput. The non-blocking nature of this network facilitates special features like selective

broadcasting of messages, real-time video or graphics data transfer, and video conferencing.

Another area that demands wideband circuit switching is future broadband ISDNs [8-11].
A broadband ISDN can be envisioned as in Figure 2.5, where optical fiber is used in subscriber
loops and digital video, audio, and video-phone services are combined with narrowband tele-
phone and data services. In this network, separate circuit switches are provided at the local
exchange center for different services, so that each subscriber can select various video or audio
sources and communicate with other subscribers via phones or data links independently, without

blocking.
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Figure 2.4 A star-topology, circuit-switching, fiber-optic LAN.

2.3.3 Crosspoint Switch

Obviously, one primary element for circuit switching is the multiple channel crosspoint switch.
Figure 2.6 shows a non-blocking crosspoint switch for N stations that has N X N' switch cells or
crosspoints: one crosspoint at every intersection of input and output links. Logically, the N X N
switch is a set of N, N-input multiplexers. In this basic switch, each switch cell is open or closed
depending on switching information supplied from an external controller. One restriction on the
setup of the switch is that, among N cells connected to any output link, only one cell can be
closed at any time. This restriction prevents collision of data between two or more sources and
allows only one source to occupy the channel to any destination. But it does not limit the number

of output links connectable to one input link.

Bandwidth requirement on the switch is determined by the maximum bit rate of data in a

network. In the two kinds of broadband switching networks discussed in the previous subsection,
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Figure 2.5 Future broadband integrated services digital network.

the switch bandwidth is mainly determined by the digitized video signals whose bit rates are as
high as 140 Mb/s [9-11]. However, the switch bandwidth is not equal to the control rate or
switch setup rate. The control rate can be substantially lower than the bandwidth, although it

depends on the requests from every station and varies a lot with applications.

2.3.4 Medium Access Methods

As in a telephone network, medium access in a circuit-switching fiber network is a procedure to
set up circuits or physical channels for intended communication. Communication circuits are
established through the switches according to the switching information. To access the medium,
each station must request connection changes by calling a switch controller. Depending on the

characteristics of the communication service, either sources or destinations may request changes.
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Figure 2.6 Non-blocking N x N crosspoint switch.

The requests can be made immediately before the transmission, or long before it in case of pre-
scheduling. After receiving the requests, the switch controller resolves conflicts among requests

and grants the medium access rights to proper stations.

To facilitate the request/grant process without interrupting the main wideband communica-
tion, separate channels must be provided for switch control. One method to provide switch con-
trol channels is depicted in Figure 2.7. In this method, a physically mpaﬁte, separate network
carries the calls. Because the requesting rate is much lower than the data rate for most applica-
tions, a narrowband copper network such as Ethemet would be sufficient. Also a dedicated wire
pair can be utilized if a station is not linked to a call network. A host station controls the switch,
and receives and acknowledges requests through the call channels. Although this configuration

allows flexibility in handling high-speed data and calls, it complicates networking. However,
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efforts to add the call network may not be necessary when an existing narrowband LAN is

upgraded to include broadband services by putting a fiber switching network, backbone.

CALL NETWORK (e.g. ETHERNET)

/ )

SWITCH CONTROL
FIBER
STATION
\
DEDICATED CALL CHANNEL

Figure 2.7 Medium access in a circuit-switching fiber network through a physically separate low-
speed call network.

In another network shown in Figure 2.8, switch control information can share the same
transmission medium, i.e., fiber, with the main communication. Hence, multiplexing of two dif-
ferent kinds of information is needed in this method. One promising multiplexing technique is
the wave division multiplexing where light of different wavelengths carries different information
that can be separated by corresponding optical filters. Another technique is to add a header in
front of the data that contains the switching information. The header would have a lower bit rate
to ease its processing. This technique is similar to packet switching in a sense, but the header

may contain future schedules as well as requests that must be executed immediately.
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Figure 2.8 Medium access in a circuit-switching fiber network through medium sharing.

2.3.5 Expansion

A way to expand a switching network or to enlarge the switch size is to connect an array of
switches as shown in Figure 2.9. In this array, input and output of every switch are busses con-
nected in parallel to the input links and output links, respectively. Each individual switch needs
an open-circuit state output when no input is connected. This array is non-blocking and is
equivalent to one large size crosspoint switch. However, to realize a M x M network using
switches of N X N crosspoints, [M/N]? switches are needed, where [M/N] represents the integer
between M/N and M/N +1 if M/N is not an integer, or M/N, otherwise. For example, a 1024-
link network will require 4096 16-channel switches. Another drawback of this array is that an

active output draws more power to drive the capacitive open-circuit outputs as well.

The output power burden can be reduced by using a switch that has bypass connections

[9,28,29]. Figure 2.10 shows the switch and a non-blocking array composed of these switches.
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Figure 2.9 Non-blocking expansion of a switching fiber network using switches with N x N
crosspoints.

The switch has N more switch cells in addition to the ordinary N X N crosspoints. These extra
crosspoints provide vertical paths from the bypass or extension inputs to the outputs when the
main inputs are not switched on. Like the previous array, the main inputs of each switch in this
array are connected in parallel to the input links. However, the switches are serially cascaded in
vertical direction, such that the bypass inputs of every switch are connected to the outputs of the
upper switch. Therefore, each output needs to drive only one bypass input if the switch is an
active device. An obvious disadvantage of this method is the increased complexity and number

of input/output ports of the switch.

The previous switch expansion methods require a large number of switches, although they
are non-blocking. For applications in which traffic is light among distant stations, the non-
blocking feature for those channels can be sacrificed. In that case, an alternative method that con-

nects switches in hierarchical structure such as a tree (as in conventional telephone switching net-
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Figure 2.10 Non-blocking expansion of a switching fiber network using switches with (N+1) x N
crosspoints.

works) would be sufficient. This concept is depicted in Figure 2.11, where transmission links
between different hierarchical levels become bottlenecks and cause a serious blocking when
interlevel traffic is heavy. But the blocking can be relieved by assigning multiple links between
switches. Although the number of switches increases as blocking is minimized, this method
drastically reduces the total number of switches. If single link is assigned for interlevel connec-

tion, the number becomes
MIN-1)] + [[MI/N=-DJN-D] + [[IMIN-DYN-DIYN-1] + - --

where the last term is 1. For the same 1024-link example with N = 16, only 75 switches and
three levels of hierarchy are enough; the first level needs 69 switches, the second level 5, and the

third level 1.

Another altemative to construct larger switching networks is to use the well-known 3-stage
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Figure 2.11 Expansion of a switching fiber network using hierarchical structure.

switch network [16,18,29] shown in Figure 2.12. This switch network is advantageous in that it
achieves strict non-blocking with a reasonably small number of switches. Furthermore, the
blocking is controllable by adjusting the number c;f switches or K. For K =1, the resulting net-
work is identical to the tree network discussed above. If X is increased, the number of the second
stage switches increases, while the blocking decreases. Eventually, when K =2N - 1, the net-
work becomes non-blocking. One thing to note in this configuration is that switches of diffexent
crosspoint sizes are needed: N X K, [M/N] X [M/N], and K X N. These syvitches could be con-

structed using methods shown in Figures 2.9, 2.10, or even Figure 2.12 out of N X N switches.
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To implement a M X M non-blocking switch in this structure with individual switches that are
made using the method in Figure 2.9, 4[M/N]+ (2N - 1)[[M/N)/N]® switches of N X N

crosspoints are required. For the same example (M =1000 and N = 16), the total number of

switches is 752.
| 1
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Figure 2.12 Expansion of a switching fiber network using 3-stage switch structure.

The square matrix structure and 3-stage structure are compared in Figure 2.13 for the
number of N X N switches needed to build a non-blocking switch network for M stations; in this
case, N =16 and M varies up to 200. Also shown is the curve for a blocking, tree structure net-
work with single interlevel links. The 3-stage network is more promising as M gets larger than
96. Below this, the square matrix results in less switch counts. Note that, for the 3-stage network
when M is smaller than 129, the 16 x 16 switches are shared to construct the second stage

switches.
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Figure 2.13 Comparison of the number of switches for various expansion methods versus
number of stations.



CHAPTER 3

ELECTRONIC SWITCHING TECHNIQUES

As has been pointed out in Chapter 2, the prima;'y element for circuit switching is the crosspoint
switch. To be useful, the switch not only has to have the required bandwidth but also needs to
support as many channels as possible and interface well with peripheral devices. Among these
desired features, the bandwidth requirement is most important in selecting technologies for the
switch. In general, technologies for implementing the switch can be classified as optical and
electronic. According to this classification, broadband circuit switching techniques can also be

categorized as optical and electronic.

In the first part of this chapter, electronic switching techniques are compared to optical
switching techniques and their pros and cons are briefly addressed. Then, the rest part focuses on
the issues of electronic switching techniques: technology choice for the required switch

bandwidth (100 to 200 Mb/s) and switch architectures.

3.1 OPTICAL SWITCHING TECHNIQUES

To preserve the inherent advantages of optical communication, mainly the high bandwidth, one
approach is to process information in a network entirely in optical form. In an optical network,
any switching element should route the signal as desired with low energy loss. Therefore, in
principle, an optical signal transmitted from a source through a fiber can be switched to another

fiber with minimal waveform degradation.

Due to this prospective advantage, various optical switching techniques have been investi-
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gated extensively. Among them are mechanical-optic [19], magneto-optic [20], and electro-optic
techniques [21-25]. The main objectives of this prior work have been to reduce the crosstalk
between channels, insertion loss, operating voltage and power, and bulkiness, for the construction
of large switch arrays with good interface. The most promising techniques are electro-optic
switches fabricated in integrated optics technologies, including the directional coupler [22] and
waveguide crossover [24] switches shown in Figure 3.1. In the directional coupler switch, when
no voltage is applied, light in a surface waveguide is fully transferred to the adjacent waveguide
through the coupler. On application of a voltage, the coupling characteristic changes so that light
is confined to the original waveguide. The waveguide crossover switch operates similar way, but
the refractive index changes at the crossover and incident light is refracted to the other waveguide

when a voltage is applied.

COUPLER ELECTRODE

CROSSOVER

(a) (b)

Figure 3.1 (a) Directional coupler or (b) waveguide crossover electro-optic switch in integrated
optics technology.

However, the switches demonstrated so far suffer from poor characteristics: the crosstalk
around -20 dB, insertion loss 1 dB/cm, size near 1 cm, and operating voltage from 10 to 20 V.
Especially, the mechanical- and magneto-optic swit_ches have been too bulky. Furthermore, it has
not been easy to make reasonable size arrays with non-blocking and broadcasting capability out
of these devices [21,25]. Another thing to note is that these optical switches are controlled by

applying electrical power, i.., voltage or current. Hence, presently available optical techniques
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require an interface to surrounding electronics. In other words, the application of optical tech-
niques is limited only to the high speed channel, and the control should be realized in electronic

technologies.

3.2 ADVANTAGES AND DISADVANTAGES

Even though electronic technologies are still inferior in bandwidth to optical ones, there has been
a dramatic increase in speed with the rapid development of semiconductor VLSI and VHSIC
technologies [26,27]. As a result, electronic techniques have become viable for certain wideband
applications, such as point-to-point optical fiber communication up to GHz range [28-35] and

broadband (about 140 Mby/s) circuit switching networks [36-40].

Electronic switching techniques based on the state-of-the-art IC technologies are advanta-
geous over optical ones in many respects. They are more reliable and cheap, provide better inter-
face to peripheral electronics, and allow construction of a miniature switch with a reasonable
number of crosspoints. Also, integration of control functions in a switch is possible. Further-
more, since the devices used are mostly active, specification of the loss characteristic that is
important for passive devices is not needed. Another advantage to note is that the crosstalk can

be minimized by applying proper techniques in the design.

However, electronic techniques necessitate a number of interface devices in the high speed
transmission channel that perform electrical-optical and optical-electrical signal conversion with
enough bandwidth and gain. Figure 3.2 illustrates that basically optical receivers and transmitters
are needed to support electronic switching in a fiber optic network. In its simplest form, an opti-
cal receiver is composed of a photodetector and a wideband amplifier, while an optical
transmitter consists of a current driver and a laser diéde or light-emitting diode. Note that the

switch may be a single device or a module expanded using one of the methods discussed in Sec-
tion 2.3.5.
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Figure 3.2 Electronic switching technique in a fiber optic network: optical receivers and
transmitters are needed.

One important drawback of electronic broadband switching is that, since the bandwidth of a
technology used is not sufficiently larger than the data rate, the components cause pulse disper-
sion and degrade timing information. Also electromagnetic interference and crosscoupling
impose noise on the pulses. In short, data waveforms in electronic switching are more likely dis-
torted with timing jitter and noise as illustrated in Figure 3.3. In other words, the eye pattern that
is a superposition of real data waveforms in every ideal bit interval gets more closed. Here, tim-
ing jitter is deﬁned‘ as a variation of time points extracted from the pulse transitions crossing a

reference level, relative to the original clock edges.

3.3 TECHNOLOGY CHOICE
3.3.1 Data Transmission and Coding

In digital data communication, information is contained in a sequence of highs and lows and the

associated pulse transitions. To retrieve information, in general, transmitted data must be sam-
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Figure 3.3 Timing jitter and noise on received pulses.

pled at proper time points with a clock that can be derived from the pulse transitions. For a well-
defined clock, the high/low levels must be adequate to reduce transmission errors. Therefore, to
minimize errors in transmission in a switching network, the pulse distortion should be restricted

to a certain degree. This means that the eye opening must be sufficient.

Nommally, phase-locked loops (PLLs) are used to extract timing information from the data
and generate a jitter free clock whose frequency tracks the data rate. However, functioning of a
PLL is assured when there are enough pulse transitions and the amount of timing jitter is not

excessive.

The number of pulse transitions per unit time interval depends on the coding methods used
to transmit data. In the popular non-return-to-zero (NRZ) binary coding, the data are encoded
such that ‘1’ and ‘0’ plainly correspond to high and low levels, respectively. Because the bit rate
of actual transmission is equal to the data rate, the NRZ coding requires a minimum channel
bandwidth. But, since it may have no pulse transition for a long period of time, it would make

timing extraction difficult. An improvement in this respect is the return-to-zero (RZ) coding that
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encodes ‘1’ into a pulse returning to the low level. Timing extraction gets easier, but still there
may be no pulse for a substantial period. In addition, the channel bandwidth requirement dou-
bles. The Manchester coding that converts ‘1’ into high-low transition and ‘O’ into low-high
ensures one transition in every bit period. Although clock can be easily extracted from this code,
it also needs a channel bandwidth twice the data rate. Intermediate between the NRZ and Man-
chester coding, there are other coding methods which maintain certain transition densities at the
expense of bit rates. One example is the 4B/5B coding [6] that takes 4-bit data and encodes into
S-bit symbols. This achieves at least one pulse transition within 3 bit periods, with a 25% higher

bit rate as an exchange. Another example is the fixed transition block coding {17].

The pulse degradation expected from an inferior technology can partly be reduced by
designing components such that the technology bandwidth is maximally utilized. This may
involve circuit techniques that would improve the switch bandwidth but sacrifice other perfor-
mance parameters instead. If the improvement is not sufficient, at some places on the communi-
cation channels, pulses must be re-shaped or regenerated before the distortion reaches a critical
value. In other words, pulse regeneration devices are needed which restore correct levels and
timing. Of course, regeneration devices consisting of timing extraction, decision, and synchroni-

zation circuits must be implemented with higher bandwidth technologies.

3.3.2 Bit Rate

Appropriate technologies for the implementation of switches should at first satisfy the bandwidth
requirement. Among prospective technologies that meet the requirement, however, it is better to
choose ones that are cheap, reliable, and suitable for large scale integration or consume less

power and area.

The required bandwidth is directly related to the maximum bit rate of transmission through

the switch. And, as mentioned briefly, the bit rate depends on the encoding schemes. For exam-
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ple, for 140 Mb/s digital video services, the bit rate would vary from 140 to 280 Mb/s. If the
4B/5B coding is used, actual bit rate may go up to 175 Mb/s. Because NRZ or other coding
schemes with low transition densities are likely to be used for efficient utilization of channel
bandwidth, to support 140 Mb/s digital video, a switch bandwidth of 200 Mb/s would be
sufficient. This is 100 Mb/s for 70 Mb/s video. Obviously, the switch would have enough

bandwidth margin for these coding methods, in case it is designed to accommodate the maximum

bit rate.

3.3.3 Selection Criteria

Let us consider a gate driven by a fc Hz, 50% duty-cycle clock that is equivalent to a 2f¢c b/s
NRZ signal when the transition density is maximum (Figure 3.4). Also, let us assume that the
gate delay mainly comes from charging the capacitive output and the charging current 7 is con-
stant. In this case, the capacitance C. represents either another gate 4 times larger in size or a
load equivalent to that. This is assumed because proceeding from inputs to outputs where large
drives are required, for optimum delay and driving capability, sizes of successive gates need to

increase by a certain factor. For MOS technologies, this factor is about 4 (Appendix 1).

Because the combination of gate and load has a limited slew rate, for ideal input transitions,
the output will rise and fall with finite slopes. To ensure a proper signal transfer, however, the
rise and fall transitions must be completed within times shorter than one bit period. Since the rise
time (1z) and fall time (¢7) are defined between 10% and 90% of the full swing Vi ~ V and the

transitions are linear, the above condition can be restated as

5 1

z-max[tg,lp]Sth. (3.1)
Assuming symmetric transitions,

tr=1tr S0.41c. ’ (3.2)



26 Ch.3 ELECTRONIC SWITCHING TECHNIQUES

INPUT OoUTPUT

INPUT -’P ouTPUT

C; =~ 4C
!L G
Ce

10%
e -

¥
)
5 A

Figure 3.4 A gate driving a capacitive load.

Because the technology bandwidth is conventionally specified as the gate delay for fan-out of 1, it

is better to state the above relationship in terms of this. Now, note that the delay time is approxi-

mately -g- of the rise time and, if the parasitics at the gate output are ignored, the rise time for

fan-out of 1 is roughly %- tz. Therefore, the gate delay, T, must satisfy

ts 116 . (3.3)

As an example, for tc = 10 ns (f¢ = 100 MHz), the gate delay must be smaller than 0.625 ns. If
the optimum fan-out is greater than 4, the upper limit would decrease. But, as shown in Appen-
dix 1, a larger opﬁmum fan-out presumes more parasitics at the gate output. Using the relation-
ship in Eq.(A1.3), the upper limit increases due to the higher parasitics.

The technology bandwidth is also represented as the unity gain frequency. Supposing that
the circuit is not slew limited, adequate information is propagated if, at least, the fundamental fre-
quency component of 'the clock passes through with a gain not smaller than one. This means that
the unity gain bandwidth for fan-out of 4 should be larger than the clock frequency. In other

words, the unity gain frequency, fr, defined for fan-out = 1 must satisfy
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frz4fc, 3.4

when the output parasitics are neglected. For a 100 MHz clock, this must be greater than 400

MHz.

The Eqgs. (3.3) and (3.4) are selection criteria for a technology. Between the two, however,

Eq. (3.3) is dominating for both bipolar and MOS technologies. In typical bipolar circuits,

fre=—nit— (3.5)
and
T =£¢ﬂ’if_‘@., (3.6)

Using gn = '371" the ratio between fr and the slew limiting frequency, zl?, is

4Tf1' = ——‘E_T_‘ (3'7)

For (V4 —V.)=1V, the ratio is about 12. Because the swing is on the order of 1 V or larger, the
unity gain frequency is much higher than the slew limiting frequency. The above equations for

fr and t are also valid for MOS circuits. However, in long-channel MOS circuits, g, is

expressed as TVcs_zinT where Vgs is the gate bias and Vr is the transistor threshold voltage.

Thus, the ratio becomes
Vy -V
dnfr =-mL= V) 33)

Fora 5 V swing and 1 V threshold, if the circuit is biased at the center of the swing, the ratio is

around 2. The ratio is larger than this value in cases where the bias voltage is much closer to V7.

3.3.4 Technology Choices

Technologies that allow implementation of 200 Mb/s switches and fulfill the condition (3.3) and

(3.4) include modem GaAs, silicon bipolar, and MOS technologies. GaAs technologies have
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been among the fastest and 1 pm gate length devices show t near 100 ps [27] and f7 of 7.5 GHz
[35]. Silicon bipolar technologies have become competitive in speed with GaAs and, for emitter
stripe widths below 3 um, < is less than 500 ps [26] and fr is over 6 GHz [28-30]. MOS techno-‘
logies, especially NMOS, with effective channel lengths below 1 um have demonstrated < less
than 70 ps {31]. Typical MOS gate delays are about 400 ps for 2 pum drawn channel lengths and

200 ps for 1.5 pm [26].

Among these, CMOS technologies with channel lengths below 2 pm may be most advanta-
geous for this application because of their suitability for VLSI in terms of static power consump-
tion and area. For the implementation of crosspoints only, there is nothing special about CMOS
technologies that are still inferior in speed and drive capability. But a switch would need integra-
tion of control functions or processing units and memories to be easily interfaceable with other
system components. This prospective integration level excludes other technologies dissipating

" too much power and area. In fact, for the above reasons, CMOS technologies have been selected
in most of the switches reported so far [36,38-40], although it has been possible to reduce power
dissipation in bipolar switches [37]. Note also that the recent drive toward VLSI has spurred
enormous development and proliferation of CMOS technologies, making them cheap and reli-

able.

3.4 SWITCH ARCHITECTURES

" The multiple channel crosspoint switch can be structured as either matrix or multiple multiplexer
form. Also the switch may be constructed differently depending on whether the switch setup is
requested primarily from sources or destinations. Source driven setup would be more useful for

LAN applications while destination driven one would be better for broadband ISDN applications.
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3.4.1 Multiplexer Architecture

As illustrated in Figure 3.5, the multiplexer architecture literally consists of multiplexers, one for
every output link. Each multiplexer requires a separate register that stores the source address to
be selected and a decoder that decodes this address. A M X N switch needs N copies of M -to-1
multiplexers. The bit size of each register is normally [ Inp M]. If it is allowed not to select any
of the sources, M is replaced by M+1. This architecture is suitable for destination driven setup
requests. A link is set up by selecting the source address register according to the destination
address and writing the register. Major problems of this structure include a large number of dev-

ices and interconnects for the decoders that makes the layout difficult and inefficient.

10
2G
INPUT .
[ ]
MO
' ocas " ‘ " oee " ’ sew ’
= = =
o Mtot [+ [
DECODER |, . “ e .
. MUX . :
= = =
LI 1] ese aaw
SOURCE
ADDR L. N v ™ ] B
J aaa ! [ sae | Y ass A
SOURCE i i 1
ADDRESS  °
[ el
DESTINATION ®— DESTINATION
H ADDRESS H
ADDRESS ;— DECODER .
u u L I I u
1 2 N
ouTPUT

Figure 3.5 Multiplexer type switch architecture.
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3.4.2 Matrix Architecture

A layout efficient architecture for a switch is of the matrix type. In this architecture, a switch cell
is placed between the input and output at every intersection and a single bit memory is connected

to this cell. Fora M X N switch, M X N pairs of switch and memory cell are required.
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Figure 3.6 Matrix type switch architecture: destinations initiate setup requests.
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Figure 3.6 shows the architecture m which switching is initiated by destinations. The
decoded destination address line provides gating for all memory cells attached to the correspond-
ing output and the source address decoder generates a bit pattern to be written into these cells. In
conventional terms, the destination address line is equivalent to the word line and the source

address line corresponds to the bit line.
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Figure 3.7 Matrix type switch architecture: sources initiate setup requests.
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Like the multiplexer type, this architecture naturally prevents two or more sources from
occupying one output link and allows at most only one source to have the link. If no source is
connected to the link, i.e. the output is idle, all of the memory cells related to the output store ‘0.
To write this, the source address decoder needs an extra decoding state where its outputs are all
low. In addition, this architecture is suitable for implementing switches with bypass inputs as
shown in Figure 2.10. Selecting the bypass inputs requires an additional state of decoding. A
disadvantage of this destination driven architecture is that it is not convenient for broadcasting. It

needs multiple setup cycles to configure for a broadcasting mode.

Another matrix architecture where switching is initiated by sources rather than destinations
is depicted in Figure 3.7. In this structure, the source address is decoded to gate all memory cells
connected to the corresponding input and the destination addresses are provided on the bit lines.
The destination addresses are specified in a fully decoded N bit word that can have as many ‘1°s
and ‘0’s. Thus broadcasting configurations require the same number of setup cycles (e.g., one
cycle) as that for point-to-point connections. Also the extra source decoding for ﬂxe idle output
state is not necessary. But this architecture needs special hardware or software to prevent two or

more memory cells in a column from being written with ‘1°.

In this thesis, only the matrix type switch architectures are considered for further discussion,

because of their advantages over the multiplexer type.



CHAPTER 4

CMOS CROSSPOINT SWITCH

Modem CMOS technologies with channel lengths 2 pm or less meet the bandwidth requirement
of a 100 to 200 Mb/s crosspoint switch, as has been shown in Chapter 3. This fact is enlightening
because very popular CMOS VLSI technologies, once considered low-speed, can now be applica-
ble for high-speed electronic switching. System integration can be enhanced through VLSI
implementation of high-speed switch arrays and control or store functions. However, since the
performance margins of CMOS technologies are relatively small, switch design needs careful

selection of circuits and techniques to achieve satisfactory performance.

This chapter discusses, first, the selection of CMOS crosspoint cells and memory cells that
are important building blocks for matrix type switch architectures. Next, discussions move onto
general problems and possible solutions associated with the high-speed, multiple channel switch

design.

4.1 CROSSPOINT SWITCH CELLS

Besides satisfying the bandwidth requirement, crosspoint cells in matrix-type switches should
have small area and power requirements and must facilitate routing input/outputs and switching
signals. In general, switch cells in CMOS design can be broadly classified as passive and active;
this distinction only applies when the switches are closed, because the outputs are of high

impedance otherwise.

33
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4.1.1 Passive Switches

Passive switches are basically transmission (or pass) gates that provide low resistance direct paths
between inp.uts and outputs when they are ON. As shown in Figure 4.1, either single n-channel
transistor or a n-p pair can be used for this type of switches. In these very simple switches, origi-
nal signal waveforms are maintained throughout the paths except some possible attenuation.
Therefore in practice, this type is advantageous for analog signal switching. Especially the fully
complementary (n-p pair) switch shows a low resistance over a wide range of signal level and is
suitable for large swing applications. However, passive switches cause loading fluctuation on the
input nodes regardless of whether they are driven by current or voltage sources. The loading

increases as the source is broadcast to more destinations.
INPUT INPUT

s
J_ ande
¥ 1

OUTPUT — 1 ourpur

(@) (b)

Figure 4.1 Passive switch cells in the form of transmission gate: (a) n-channel MOSFET or (b)
n-p pair (fully CMOS) implementation.

4.1.2 Active Switches

Active switches either block or amplify signals. For digital data transmission, the amplification is
highly nonlinear and a major reshaping occurs through the switches. The common circuit struc-

tures for this type include the standard tri-state CMOS buffer and tri-state CMOS inverters as
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depicted in Figures 4.2 and 4.3. In these circuits, the tri-state control terminal is connected to a

memory that contains the switching information.
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Figure 4.2 Active switch cell: standard tri-state CMOS buffer implementation.

The standard buffer (Figure 4.2) does not have stacked devices in the output circuitry, so it
is good for driving a heavy load. However, the logic gates in the signal paths add to the delay
through this switch. Furthermore, if the delays in the NAND and NOR gates differ, skew will be
added to the signal. Another thing to note is that the total number of devices is 10. Hence, this

switch cell would consume much area and power.

The tri-state inverters in Figure 4.3 have only 4 devices each while achieving the same
function and solve many of the problems associated with the standard buffer. However, due to
stacking of devices, to maintain a drive capacity equal to that of the standard buffer, device sizes
must be increased by about a factor of 2. Although all three circuits are functionally equivalent,

their minor differences are significant for high-speed data switching.

The circuit (a) is different from the others in that the switching transistors (MSN, MSP) are
connected to the power supplies and the inverting transistors (MIN, MIP) are attached to the out-
put node. As a result, the input signal is coupled to the output node through the gate-drain over-

lap capacitances of MIN and MIP, even though the switch is OFF. This leads to severe crosstalk
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Figure 4.3 Active switch cells in the form of tri-state CMOS inverter: switching transistors (MSN
and MSP) are (a) not connected, (b) connected, and (c) connected as a transmission gate to the
output.

on one active output node from the switch cells that are connected to it but tumed OFF. Also,
because one of the inverting transistors is always ON, a switch that is ON should charge the
nodes inside other switches that are OFF, which the switching and inverting transistors share
(i.e., drain of MSN or drain of MSP). Net effects of this are the increase of output loading and

decrease in switch bandwidth.

The circuits (b) and (c) are advantageous in these respects. Because the switching transis-
tors are located between the output node and inverting transistors, if the switch is OFF, the feed-
through paths from the input to output are effectively blocked. Therefore, both crosstalk and
unwanted loading on the output are minimized. The choice between (b) and (c) depends on the
applications. Generally, (c) has more driving capability because the n-p pair transmission gate
shows less ON resistance if the same size devices are used. However, it requires more area due

to additional contacts and consumes power in the inverter even when the switch is OFF. A more
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compact layout results for (b) and power is not dissipated in the switches that are OFF.

4.2 CMOS MEMORY CELLS

Memory cells for the matrix type switch need to be compact and should not complicate the
overall routing. In this sense, the choice of memory cells is based on the number of devices and
signal lines. Actually, more weight should be put on minimizing the number of lines since there
are already input, output, and two power supply lines to be routed in a crosspoint/memory com-

bined cell.

4.2.1 Standard Static RAM and Latches

One common memory cell is the CMOS static random-access-memory (RAM) cell as shown in
Figure 4.4 (a), which has only 6 transistors, one word lihe and two bit lines. Its area efficiency
makes it popular for most static RAM implementation. But this cell would not be appfopriate for
matrix type switch application due to routing difficulty. For proper writing, the transistor sizes
must be carefully determined because signals on the bit lines after passing the transfer gates

should override the opposite forces in the memory.

Another common circuit that can be used for memory cell is the CMOS standard latch (Fig-
ure 4.4 (b)). This latch consists of 8 transistors, one bit line, and two word lines. In terms of dev-
ice and line counts, this cell has two more transistors than the static RAM cell. Consequently,
this type needs more area. An advantage of this cell is that the device sizing is not critical. This
is because the feedback path is open when writing the cell; no node is driven by two low
impedance sources at the same time. However, a severe transient skew between the two comple-
mentary signals on the word lines can close the feedback path at the time of writing and cause

conflict. Thus the transient skew must be minimized.
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Figure 4.4 Memory cells: (a) CMOS static RAM cell, (b) standard static latch, and (c) a variation
of static latch.

A variation of the standard latch shown in Figure 4.4 (c) is a good choice because of its
small number of devices and lines: 5 transistors, one word line, and one bit line. It can also be
thought of as a modification of the RAM cell with one transfer gate removed. This cell is most
advantageous in minimizing area and routing complexity. But like the RAM cell, aspect ratios of
devices need to be adjusted for proper operation. Normally, the inverter in the feedback path uses
long and narrow transistors that are larger than minimum size ones. This predicts the cell area

larger than expected from the device counts.

4.2.2 A Modified Static Latch

Another form of latch depicted in Figure 4.5 can be used as the memory cell. This latch results
from removing two transistors connected to the complementary word line from the standard latch.
There are 6 transistors, 1 bit line, and 1 word line in this cell. It occdpies a small area and is
easily routed. Other benefits of this cell include non-critical circuit sizing and freedom from the
skew problem. Additionally, minimum size transistors can be used to reduce area. However, this
latch has less noise immunity and has some static power consumption. A short pulse width for

the word line may help reduce the waste of power.
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Figure 4.5 A modified static latch memory cell.

When writing ‘1’ into the cell storing ‘0’, the node A gets charged to Vpp — V7a, Where Vi,
is the threshold voltage of MN with the body effect. If this voltage is greater than the logic thres-
hold voltage of the first inverter, the logic level propagates through the inverters adequately. But
if the vol;age is lower than Vpp — IV7g, |, where Vrq, is the zero bias threshold voltage of p-
MOSFETs, the p-MOSFET in the first inverter conducts and a current flows directly from Vpp to
Vss, although the first inverter output remains low. This lasts as long as the word ﬁne is high. As
soon as the line goes low, the feedback transistor MP becomes ON and pulls A to Vpp. There-
fore, the power consumption stops afterwards. As a result, the narrower the gating pulse on the

word line, the less the power dissipation.

The above problem does not happen when writing ‘0’, since the node A is fully discharged
to Vss. However in latching mode where the word line is low, a different kind of problem occurs.
Because the source and drain of MP are at ground potential, MP is effectively turned OFF. In
this case, A becomes a floating node that is vulnerable to any noise coupling. A noise voltage up
to IV, ! (the threshold voltage of MP with the body effect) can build up on this node. Beyond
that, MP turns ON and extra charge is absorbed. Therefore, the logic threshold voltage of the
first inverter must stay between Vpp — Vr, and Vs + |Vy, 1. Provided that |Vq,| > Vpq,, there is

a possibility that a small current flows from Vjp to Vss through the first inverter. Vroa is the
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threshold voltage of n-MOSFETS without a body bias.

This potential noise and power dissipation can be minimized by reducing the impedance of
node A and amount of noise coupling. One trick would be to use leaky p-MOSFETsS that do not
completely tum OFF. P-MOSFETs in ordinary CMOS technologies may have this leaky charac-

teristic due to the parasitic buried channel.

4.3 CMOS SWITCH DESIGN PROBLEMS

Major problems in designing electronic switches are associated with high-speed signal paths. At
high speeds, effects of the large voltage swing and large transient current in combination with
capacitive or inductive parasitics in the signal paths, which are unnoticeable at low-speeds,
become apparent. Data propagating through the matrix of crosspoints may experience interfer-
ences in the forms of crosstalk, intersymbol interference, noise, etc. The degree of influence
depends on the bit rate, voltage swing, and transient current as well as on the switching informa-

tion.

4.3.1 Large Voltage Swing and Translent Current

First thing to note is the bit rate that goes up to 200 Mb/s or higher. To achieve such a high bit
rate, as mentioned in Section 3.3.3, the slew rate dv/dt for each output transient must be large.
This is mainly because Ar gets small for a unit voltage swing. Secondly, the internal voltage
swing for conventional digital CMOS ICs is quite large, typically rail-to-rail (5 V). Because of

this large swing, noise coupled onto other circuits through capacitances will be large.

Due to this high slew rate requirement, in CMOS circuits where loads are primarily capaci-

tive, driving or charging currents

i=c & ' @“.1)
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should be large during transients. A large driving current during a transient necessarily implies
that the rate of change di/d: is also large. Therefore, any parasitic inductances along the current

paths induce substantial voltages

v=L %‘t_ 4.2)

across them.

nl POWER SUPPLY
/(:;
/
N

/
n OUTPUTS
{

OUTPUT CIRCUIT ~—0

INPUT

Figure 4.6 When one input is broadcast to n outputs, the total transient current from the power
supply increases n-fold.

Third thing to note is that many outputs change simultaneously when broadcasting, where
one source station is connected to multiple destinations up to N. If one input is broadcast to »
outputs, the input signal is switched to and propagates through » identical output circuits at the
same time. Because n circuits have simultaneous voltage and current transitions of equal
amount, the total transient current from the power supply is n-times the transient current in one
output circuit as shown in Figure 4.6. Hence, the voltage drop on any parasitic inductance along
the power supply line is n-times larger than the drop for one active output. The drop becomes

worse as n approaches N and is dependent upon the switching information.
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4.3.2 Capacitive and Inductive Parasitics

The amount of crosstalk and jitter in the high-speed paths of a switch is directly proportional to
the capacitive and inductive parasitics. Parasitic capacitances are abundant in the matrix area of
the switch. As illustrated in Figure 4.7, the matrix area consists of M input and N output lines
that extend the entire horizontal and vertical dimensions of the matrix, respectively, and array of
crosspoint cells. Since each input line is connected to N crosspoint cells, if one of the CMOS
cells shown in Figures 4.2 and 4.3 is used, it imposes a large capacitance onto the previous circuit
such as an input buffer. This loading capacitance comes from the gate, gate-drain overlap with
the Miller effect, and interconnection. Similarly, every output line connected to M cells has a
loading capacitance originating from drain junction, drain-gate overlap, interconnection, and the
next stage like an output buffer. The loading capacitances degrade the bandwidth of the high-
speed paths and thereby increase the intersymbol interference or pattern-dependent timing jitter.
Also, there are coupling capacitances among the input lines and among the output lines, which
cause crosstalk between channels. The input-output overlap (and gate-drain overlap in some
cells) presents a coupling capacitance between input and output lines and causes crosstalk via

feedthrough when the cell is OFF.

The matrix area also has inductive parasitics, especially on the long input/output lines.
However, the inductance values for typical, on-chip metal routing are relatively small. For exam-
ple, 1 pm thick, 2 pm wide, and 2 mm long aluminum line has an inductance around 3 nH (Fig-
ure 4.8) [41]. Assuming that the current transients on the input and output lines are as high as 10
mA/ns, the voltage drop on this line is about 30 mV. Hence, the effects of these inductances are

unnoticeable compared to the capacitance or power supply inductance effects.

The parasitics related to the power supply nodes on the chip have more pronounced effects
than those in the matrix in terms of interchannel crosstalk and intersymbol interference. Figure

4.9 depicts these parasitics from input section to output section of the chip referenced to the
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Figure 4.7 Capacitive parasitics in the matrix area.

external nodes such as power supply ([Vpp]) and ground ([Vss]). Because a chip is connected to
the external world mostly through bonding wires (between on-chip pads and package bonding
pads) and package leads, every input, output, and power supply line has parasitic inductance asso-
ciated with the packaging. Typical inductance values for various package leads range from 5 to

20 nH and the inductance of bonding wires is about 1 nH [42,43).

As has been mentioned, when the switch is in a broadcasting mode, many outputs move
synchronously and transient currents add up (Figure 4.6) to flow through the power supplies. The

largest part of the transient currents may come from the output buffers that drive extemnal loads.
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Figure 4.8 Self inductance of rectangular straight wire.

The voltage drops on the power supply inductances increase proportionate to the number of desti-
nations. The worst case when N outputs have simultaneous transitions with a common power
supply line can be equivalently considered as the case when one output makes transitions with an
effective power supply inductance N times larger than the real value. Therefore, inductances in
the power supply leads are more harmful than those in the input and output leads, if their values

are comparable.

Another thing to note in Figure 4.9 is the capacitances from internal nodes to the on-chip

power supplies and capacitance between the supplies. Due to these capacitances, any voltage
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Figure 4.9 Capacitive and inductive parasitics related to the on-chip power supplies, inputs, and
outputs.

swing on the nodes is coupled to the non-perfect on-chip power supply nodes and vise versa.
Especially, a swing on the input node directly moves the on-chip power supply nodes (Vpp and

Vss) up and down.

The current transients acting on the power supply inductances as well as the capacitive cou-
pling from the internal nodes cause on-chip supply fluctuation. Then, since the internal nodes are
connected to the on-chip' supplies through capacitances or devices that are ON, they are
influenced by the supply voltage fluctuation. Because this is a RLC circuit in essence, certain
nodes in the circuit ring. The ringing amplitude decays with time. The amplitude, frequency,
and decay time of ringing are determined by all capacitances, inductances, and resistances of dev-
ices that are ON. In general, the resistances and capacitances vary instantaneously with the’ sup-

ply and internal node fluctuation.
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Figure 4.10 Simulation resuits on the effects of parasitic inductances and capacitances.

As an example, let us consider a simple inverter stage that is discharging output node from
Vop (Figure 4.10). The output node has two parasitic capacitors connected to the on-chip power
supplies. As soon as the input of the inverter is tied to Vpp, the n-channel transistor is ON and
current changes rapidly. Between the two components of current flowing through the transistor,
only the one from the top capacitor C, flows through the supply and induce voltages across the
two inductors. Ignoring the effects of inductances and the voltage dependency of capacitances

for a moment, the currents flowing through Lpp and Lss are

iDD=C2 d(VDD‘-V) =—C dv

2gr @4.3)
and

iss=ip+Cy &, 4.4)

respectively, where i, represents the n-MOSFET current. Since ipp = iss, from the two equations,
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ipp =iss = C}%%? in. (45)

Therefore, the supply current during transient is directly proportional to the transistor current that
is varying following the Ips vs. Vps curve [44]. This proportionality is retained even when the

input is connected to Vgs; that is,
ipp = iss = Clcvl; ip. (406)

where i, is the p-MOSFET current. The relationships become more complicated in real CMOS
circuits, because the capacitances are voltage dependent and, hence, the proportionality factor is a

function of voltage or, equivalently, time.

The direction of current flow suggests an equal amount of lift on Vss and dip on Vpp for a
transient. Thus initially, internal power supply voltage decreases and current drive from the
transistor drops; the transistor may be still in the saturation region and drain current depends on
(Vop — Vss — V7a)®. Because of this current reduction, discharging slows down and the polarity of
the induced voltages reverses. Also, LC ringing triggered -by the initial current transient contin-
ues. Once the supply voltage increases, the drive current becomes large again (or resistance gets
small if the transistor is in the linear region) and the above process repeats until the circuit settles.
Settling time for the circuit including power supplies may be quite long. So, if the input connec-
tion changes before settling, new output transition will be different from the previous one. Obvi-
ously, a larger device increases the ringing amplitude and settling time. If a bypass capacitance

between Vpp and Vs is added, the amplitude and frequency of oscillation decrease.

The effects of the complicated interaction discussed above appear as interchannel crosstalk
and intersymbol interference. Or equivalently, it degrades data with pattern-dependent timing
jitter and noise. In analog circuit terminology, the circuit may be said to have a poor power sup-

ply rejection.
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In addition, the fluctuation of power supply nodes inside the chip and severe noise on the

internal nodes may cause latch-up in CMOS. P-n junctions may be forward biased and inject car-

riers that can trigger latch-up.

DIGITAL CMOS

HIGH DATA RATE

MULTIPLE OUTPUTS

Figure 4.11 Summary of high-speed CMOS switch design problems.

Aside from the output timing jitter and noise, and power supply noise caused by the parasi-
tics, a high-speed switch consumes large power either static or dynamic. If the switch is imple-
mented as a conventional digital CMOS circuit, the power consumption is mostly dynamic;
dynamic power is represented by CVpp?f. Because output loading capacitance is generally much
larger than on-chip capacitances, most of the dynamic power is dissipated at the output stage, For
example, a 5 V, 16 x 16, 200 Mb/s switch with total 20 pF capacitance along each high-speed

path consumes 50 mW of dynamic power, on one path. When all outputs are active, the power
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sums up to 800 mW. If the number of channels to be switched increases, more expensive packag-

ing may be needed for adequate chip cooling.

Figure 4.11 summarizes the problems in designing a high-speed CMOS switch. The
significance of the problems discussed in this section is related to ensuring error-free propagation
of data at the required speed, not merely achieving the speed. If the technology has enough
bandwidth, CMOS switches designed in standard digital techniques can pass high-speed data.
But the data waveforms coming out of the switches will be badly damaged with noise and timing
jitter that may cahse data errors. Since the noise and jitter levels must be limited for proper data

transmission, design techniques to reduce these levels are needed.

4.3.3 Input and Output Interface

Proper interface between the input and output of the switch is necessary to enable switch network
expansion. In CMOS, this interface is likely to be digital CMOS one that is specified as voltage
levels close to Vpp and Vss. But, as mentioned before, high input/output swings are bad because
of large noise caused by them. Especially, if the output stage is not fully differential, the supply
current fluctuates heavily during transients and unbalance increases between ipp and iss. It would
be better to have low-swing voltage interface or even current interface, to reduce the noise level.
To minimize the effects of input and output inductances, however, the current swing in a current

interface should also be small.

Making the input and output compatible with external standard logic elements, opto-electric
receivers, and electro-optic transmitters is another design consideration. Because bipolar
emitter-coupled logic (ECL) is designed for high-speed applications (e.g., 100 Mb/s or higher),
most fiber-optic receivers and transmitters have been designed to be ECL compatible [28].
Therefore, if input/output levels of the switch are compatible with the ECL levels, the switch

would be easily interfaced to other components in a system. In addition, since the ECL swing is
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only about 1 V, the noise coupled from the input node to the circuits inside will be small com-

pared to, say, 5 V interfaces. The noise induced from driving the output would be also less.

However, it is not easy to implement ECL output levels in CMOS technologies, due to the
lack of good bipolar transistors and resistors. Only approximated levels that are not precisely
controllable and have different temperature characteristics can be obtained using CMOS circuits.

ECL compatible inputs can be designed with less difficulty using differential circuits.

4.4 CMOS SWITCH DESIGN TECHNIQUES

There are several design techniques that improve the noise and jitter levels in a switch while
maintaining the desired speed. One obvious solution to these problems is to reduce the parasitics
directly. Other solutions would involve circuit techniques which cut down device sizes, transient
currents, and voltage swings. Because each technique may have its own limitation, to get a max-

imum performance, it would be better to combine several compatible techniques.

4.4.1 Reduction of Capacitive Parasitics

For a given technology, on-chip parasitic capacitances can be directly minimized by using small
geometry devices, small drain junction area, and minimum width wires and by optimizing the

layout so that interconnection lengths and overlap area is minimized.

Sizes of the devices may not be reduced freely because the speed requirement of the switch
puts constraints on the device aspect ratios. The best choice will be to use minimum channel
length devices wherever possible. Then, gate capacitance and gate-drain overlap capacitance are
minimized. But in some cases, channel lengths cannot be decreased further because either device
aspect ratios less than 1 (minimum width must be used instead of minimum length) or large

drain-source resistances are required.
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Drain junction area that normally includes contact area can be reduced by sharing the area
with other devices, using minimum diffusion widths, and minimizing contact area, as shown in
Figure 4.12. For one big device, it is better to divide it into many small devices of straight or ser-
pentine form, place in parallel, and share the drain area. However, use of the minimum diffusion
widths increases the parasitic resistances from the active drain edges to the contacts. Also, con-
tact area may not be reduced further because of ﬁxe current density limit of contact or the contact
resistance. A big device needs large contact area or a large number of unit contacts to deliver the
current efficiently. Typically the maximum current per minimum-size unit contact is about 1

mA.

MINIMUM WIDTH

MINIMUM CONTACT

BEoR N
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Figure 4.12 Layout examples with reduced drain area.

Interconnection capacitance for a fixed length is proportional to the wire width and
inversely proportional to the dielectric material thickness, if fringe capacitance is ignored. Thus,
the capacitance decreases when a top level layer (e.g., second metal in double-metal processes)
with a minimum width is used for long signal routing. But due to increased proportion of the
fringe capacitance as the line width is reduced, the benefit becomes less noticeable. Another

thing that limits minimum line width is the maximum current density of the wire before severe
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electromigration happens; typical maximum current density for aluminum layer is around 1 mA
per 1 um width. If metal layers are used for routing, parasitic resistance along the line is negligi-
ble. In addition, since rate of increase of inductance is much lower than rate of decrease of capa-

citance when the line width is reduced, it is advantageous to use narrower wires (see Figure 4.8).

4.4.2 Reduction of Inductive Parasitics

As mentioned in Section 4.3.2, on-chip inductances are negligible compared to the inductances
associated with packaging. Because transient current level in internal branches is usually lower
than that in final output circuits, effect of the on-chip inductances would be relatively unnotice-
able. If on-chip inductances are still large, they can be reduced by widening the wire widths.
However, rapid increase in capacitances would do more harm than good. Since the capacitance
increase is advantageous for power rails, only internal power supply routing will benefit from this
widening.

The unwanted inductances from packaging will be reduced by using short-lead packages,
multiple bonding, and multiple pads. Although the values vary depending on the number of pins,
cavity size, and particular design, short-lead packages such as leadless chip-carriers (LCCs) and
pin-grid arrays (PGAs) have smaller inductances than most common dual-in-line packages
(DIPs). For example, a 50 mil pin-spacing, 64-pin LCC shows inductances ranging from 8 to 10
nH [42] and a 64-pin PGA has inductance distribution of 6 to 13 nH [43]. Generally, LCCs show
smaller variation of inductances from pin to pin and lower average values than PGAs, especially
if pin count is less than 64. Also, flip-chip packaging technology that uses solder balls (or

bumps) for the flip-chip interconnect ensures very low inductances [45].

To reduce packaging inductance as a whole for a certain signal path, multiple pads both on
the chip and package can be assigned to the particular node and multiple bonding can be done, as

depicted in Figure 4.13. This multiple bonding will cut the packaging inductance in proportion to
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Figure 4.13 Multiple bonding to reduce packaging inductances.

the number of bonding wires. In general, power supply nodes require this technique, since the
effect of the inductances is severe. However, assigning multiple pads is followed by the increase
in the chip area, if the area is determined by the pad pitch and number of pads. Then, it inevit-
ably adds on-chip capacitances and inductances. As well, it implies the use of more expensive
packages with larger numbers of pins and longer leads. Another form of multiple bonding
between one pad on the chip and one pad on the package can also be used to reduce the bonding
inductance. Even though lengths of the bonding wires are not easily controllable because they
are determined by the cavity size of packages and the chip size, short bonding will reduce the

bonding inductances.

4.4.3 On-Chip Bypass Capacitor

As has been indicated in Figure 4.10, the ringing or noise on the on-chip power supplies due to

the parasitic inductance and capacitance can be reduced by using bypass capacitors between the
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two on-chip supply nodes. This is because bypass capacitors provide a part of the charging
current that flows through the load capacitor and transistor during each transient and, thereby,

reduce the current from the external supplies through the parasitic inductors (Figure 4.14).

Ipp
Z Lpp
Vop  /
/ /ﬁ\
/ -~ Cps
E '/,'% BIPASS CAPACITOR
Vss

i
ssli Lss
Figure 4.14 On-chip bypass capacitor reducing power supply inductance effects.

In CMOS, reverse-biased, well-to-substrate junction capacitance and overlap capacitance
between the power routing layers naturally provide on-chip bypass capacitance. Hence, an effec-
tive layout technique for adding bypass capacitance is to increase the well area or cover more
area with power supply rails. To be effective, however, the substrate and well contact need to be

solid so that series resistance from the power supply to the actual capacitor plate is small.

If the technology provides extra layers such as second poly-silicon, second metal, or third
metal, they can be utilized for bypass capacitors. These capacitors formed in any unused area on
the chip will not increase unwanted capacitance to nor interfere with other nodes. It may be pos-
sible to cover the whole chip with one of these layers and form a large capacitor to substrate. The

substrate is connected to Vpp in p-well CMOS technologies. But this method will inevitably
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increase the capacitance between the intemal nodes and power supply nodes.

Bypass capacitors can be connected between the power supply nodes external to the chip
but inside the package. Discrete capacitors of substantial capacitance may be placed between the
two ends of the package leads where bonding wires are attached. For the bypass capacitance
sufficiently large, net parasitic inductance seen from the on-chip supplies is only that of the bond-

ing wires and reduced by as much as that of the package leads.

Because typical bonding wire inductance is about 1 nH and package lead inductance varies
from 5 to 20 nH, this on-package bypassing is very effective in reducing the power supply induc-
tance problems. However, it is quite inconvenient to solder these capacitors and it may require
special packages. Also, since the capacitors have their own internal lead inductances, they may

not be as effective at high frequencies.

4.4.4 Fully Differential Circuits

A circuit technique to reduce the effects of parasitic inductances on the power supplies is to use
fully differential schemes effective in minimizing the transient current. Figure 4.15 shows an
idealized CMOS differential amplifier which is biased by a constant current source and has two
inputs and two outputs. As is clear, in steady state conditions, the current flowing from Vpp to
Vss is constant (i.e., /). If there is a transition, for example /N + rises abruptly from low to high
and IN - falls the other way, OUT+ is charged toward a high level and QUT- is discharged to a
low level. During the transient, current flowing from Vpp to Vs is equal to the sum of I and the

currents in C1+ and C1-;

Ipp =1Iss =1+Cl+%+cl-%&. 4.7

Thus, for a symmetric circuit where C. = C_, the supply current remains at / because the last two
terms cancel out. When the load capacitors are external to the chip (in case of output drivers),

only /pp satisfies Eq. (4.7) and /ss =/. Therefore, if a switch is designed fully differentially



56 Ch.4 CMOS CROSSPOINT SWITCH

throughout the signal paths, the effects of power supply inductances are totally eliminated.
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Figure 4.15 Idealized CMOS differential ampilifier driving (a) on-chip capacitive loads or (b) exter-
nal loads.

But the cancellation may not be perfect in actual CMOS circuits because capacitances are
voltage dependent. Additionally, when the load resistance is nonlinear like the one of a diode-
connected MOSFET load, the cancellation may get worse. However, this technique is still supe-

rior to other techniques in minimizing the power supply fluctuation.

One major disadvantage of this technique is that it doubles the number of input/output
nodes and needs more area and design effort for crosspoint matrix formation and signal routing.
Subsequently, it will increase the on-chip parasitics and degrade the switch bandwidth. Note that,

in general, a differential amplifier is already inferior to a simple CMOS inverter in bandwidth.

4.4.5 Constant Current Steering

Another circuit technique that reduces both power supply current transient and signal routing
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complexity is single-ended, constant current steering. This technique can eliminate the variation

of power supply current, like the fully differential technique.

ipp l
Voo :

Figure 4.16 Single-ended, differential amplifier.

Let us consider first a single-ended, differential amplifier shown in Figure 4.16. This circuit
results from the fully differential amplifier in Figure 4.15 by removing one load. As before, the

steady-state supply current is /. But during transients, the supply current is

ipp =iss=1+C, 4., @.8)

which is not constant nor equal to /. Hence, this simple, constant current steering circuit makes
the supply current to vary, although the variation would be negligible if C, is much smaller than

Cs.

Next, consider from a simple digital inverter. As indicated in Egs. (4.5) and (4.6), during a
transient, the power supply current for an inverter is not constant but proportional to the transistor
current that varies with time. But if the circuit is modified so that constant currents flow through

the transistors, the supply current may be kept unchanging as these equations suggest.
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Figure 4.17 Single-ended, complementary, constant current steering circuit.

The constant current steering circuit shown in Figure 4.17 realizes the above concept. It

steers two currents, /, and /,, to either the output or the power supply, depending on the differen-

tial voltage across the two inputs, V;,. If V;, is positive, MN+ and MP- are ON, 7, flows to Vpp,

and I, is steered to the output. And if V;, is negative, I, is switched to the output through MN-

and [, returns to Vgs via MP+. Therefore, the output current is constant instead of being depen-

dent on the output voltage like the inverter. Although unrealistic, assuming only capacitive loads

at the output to compare with the inverter, the supply currents during transition for a negative V;,

are

ipp=1I,+C»

d(Vpp —v)
dt

4.9)
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and
iss =1, +I,.+C1—a- (4.10)
Since ipp must be equal to iss, the following relationship holds;
C1+C) L=, (4.11)
Hence, the supply current becomes
iop =iss =lp + g I, @4.12)

which is constant.
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Figure 4.18 Single-ended, complementary, constant current steering circuit with resistive loads.

However in reality, because the current sources are implemented using MOSFETS in the
saturation region, to keep the current constant, the output voltages in steady states must be lim-

ited via resistive loads. Figure 4.18 shows the current steering circuit with two resistive loads.
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The steered current at the output is then converted into a voltage by the two resistors. In essence,
this circuit is a complementary version of the circuit in Figure 4.16 and advantageous for sym-

metric swing applications. Like before, during transition for a negative input, the supply currents

are expressed as

inp =1, + L2 4. ¢, 4¥pp - V) 4.13)
and

iss=1I, +I.+-R"T+C1%"‘-. 4.14)

From the requirement that ipp = igs,

(Frrgew+CreCy P =200 4.15)

Using this and assuming that C1R;=C R, the supply current simplifies and proves to be con-

stant again;
. , C Vi
zp,,=,ss=1,,+c__c_l+2 - ’~+R—R—,fo = (4.16)

A similar derivation for the corresponding steady state results in the exactly same supply current
as this one. Therefore, the supply current for this particular input condition stays constant
throughout the transient and steady states.

For a positive Vi,, the supply current becomes another constant;

Cy Vob

ipp=iss=1I,+ Yo I, + LR 4.17

This value can be different from the one in Eq. (4.16). But if the two are equal, the supply

current of this circuit is invariant regardless of the input polarity. The condition for this is

T=cr (4.18)
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The assumption used in the above derivations is quite reasonable in symmetric designs. In
fact, it is natural to design with I, =1,, Ry =R, and C; =C, However in CMOS, the equal com-
plementary currents and equal resistances suggest that p-MOSFETS are 2 to 3 times larger than
n-MOSFETs and, thus, C, is larger than C, by approximately the same factor. In addition, as
discussed before, the capacitances are voltage dependent. Due to these capacitance errors, the
power supply current may have some transient component and this circuit is not so perfect as the
fully differential circuit. But, constant current steering circuits are quite effective in reducing the

supply current fluctuation.

4.4.6 Reduction of Voltage Swing

Another simple technique is to limit voltage swing at critical nodes for successive reduction of
parasitics and transient currents. This concept is illustrated in Figures 4.19 and 4.20. One of the
critical nodes in a switch may be the output node of the crosspoint matrix because it would have a
large capacitive load. If the high-speed path is designed with conventional digital CMOS cir-
cuits, node voltages swing from Vss to Vpp in a time less than the bit period (Figure 4.19).
Because average drive current from a crosspoint cell is proportional to the voltage swing for a
fixed transition time (see Eq. (4.1)), a large current is required from each cell. To provide this
current, devices in the cell need to be large, which impose large parasitic capacitances on both the
input and output nodes. Since the input node of the matrix also has a large swing equal to the
supply voltage, the input buffer should source a large current and its size must be large. There-

fore, the conventional design increases transient current and parasitic capacitances.

Now, let us consider the design in Figure 4.20, in which a voltage swing limiter is simply
added at each output of the matrix. Assuming initially that the capacitance is unchanged, because
the voltage swing is small compared to the one in Figure 4.19, the drive current from and device
sizes in each crosspoint cell can be smaller. The result is a reduction of capacitance contribution

to both input and output nodes. This smaller output capacitance further reduces the cell currents
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Figure 4.19 Conventional digital CMOS design.

and parasitic capacitances. Hence, a smaller size ihput buffer is needed to drive a lower capaci-
tive load at the input node. For example, if the voltage swing is reduced by a factor of 10, device
sizes and dynamic currents in the crosspoint cell and input buffer as well as capacitances in the
matrix are decreased by approximately 10 times. In short, this simple technique simultaneously

reduces the supply current transients and the parasitic capacitances.

Voltage swing limiters can be either static or dynamic circuits. Although dynamic circuits
using various pulses would allow better control of voltage swing without dissipating static power,

they require a much higher technology bandwidth than the switch bandwidth because the pulse



Ch.4 CMOS CROSSPOINT SWITCH ' 63

l\ ;

INPUT ] l .[- _——-
small size Vop small C @‘
:H:l_ small size
Vss
MATRIX
VOLTAGE SWING LIMITER

ouTpPUT

Figure 4.20 Reduced voltage swing design.

periods must be smaller than the bit period. Static circuits are advantageous in this sense, but

may consume more static power.

Reduction of voltage swing is primarily based on lowering output load resistance of a gain
stage such as an inverter. A simple technique is then to add resistive loads at the output as shown
in Figure 4.21. The resistance can be linear or nonlinear (e.g., diode). In this circuit, the voltage

swing is determined as

Vs=(],. +lP)R1l |R2, : (4.19)



64 Ch.4 CMOS CROSSPOINT SWITCH

T

N

Y
—1
i:l_.

N
1
1l

M
(3]

EHZ

T
(“
S -

| N

| .
i

[
—

(@) (b)

Figure 4.21 Voltage swing is reduced via (a) linear or (b) nonlinear resistors.

where I, and /, represent currents flowing in and out of a logic gate, respectively, depending on

the logic status.

The currents may be constant during transients like the current steering case or varying like
the simple inverter case. But note that the voltage swing reduction helps to minimize the current
variation of the simple inverter. This is because the drain voltage varies only Vs for entire transi-
tions. Since the MOSFETs very likely will be in the linear region, the current change will be
approximately proportional to (Vs ~ Vr — Vps), where Vs is the average value of drain-to-source
voltage. Therefore, from Egs. (4.5) and (4.6), the power supply current, even for the simple
inverter, becomes roughly constant during transitions. This is an additional advantage of the vol-
tage swing reduction technique.

One drawback of using real resistors is the difficulty in implementing them in CMOS and
matching the average output level and the logic threshold of the next stage. The matching is

helpful for symmetric signal propagation. Resistors realized from an inverter that has an identical

logic threshold with the next stage and ‘whose input and output are tied together are better,
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although the matching may not be perfect. In addition, because these resistors are diode-
connected MOSFETS, more current is available for discharging capacitances at the initial phase
of a transition. Noting that the resistance of a MOSFET diode is inversely proportional to
Ves — Vr, if the output falls from high to low, initially R, is larger and R, is smaller than the

nominal values.

A major disadvantage of this technique is a large static power consumed in steady states.

For the above circuit when the output is low, the static power consumption is as large as

_ Vop2+ VppRyl,
Ps = Ri+R, . 4.20)

However, this power increase is offset by the decrease in dynamic power dissipation given by
PD = (C1 + Cz)Vszf. (4.21) .

Now, let us compare the total power consumption with the conventional design, under the
assumption that R, =R . The total power in this circuit is the sum of average static power and

dynamic power, and that in the ordinary CMOS design is dynamic only. Using Eg. (4.19), the

ratio becomes
2
RCoCF 4 7 Vgt 422)

that decreases as either f gets higher or Vs is reduced. Note that the ratio is about -’2‘- at the

comer frequency of this circuit, i.e., WC:TCET

Another issue of this reduced swing circuit is noise immunity. In crosspoint switches, pri-
mary source of noise is capacitive coupling from other nodes. If resistors are added at the output
of the ordinary gate without reducing the device sizes, the comer frequency would increase. But
remembering that main purpose of the swing reduction at highly capacitive nodes is to reduce the

device sizes while maintaining the comer frequency, equivalent output resistance of the low-
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Figure 4.22 Simplified models for coupling in (a) high-swing design and (b) low-swing design.

swing circuit must be very close to the one in high-swing circuit (Figure 4.22). That s, for a size
reduction by x, r =(xr)!IR. Therefore, the degree of coupling from other nodes remains
unchanged if C¢ is constant. Of course, when C¢c comes mostly from the gate-drain overlap, the
degree of coupling will decrease with the size reduction. Also, since the output signal levels in
the matrix and power supply noise level are similarly reduced in this design, the signal-to-noise
ratio (SNR) may be maintained. However, there are signals still having a large voltage swing
such as inputs to the matrix and controls. If the coupling is from these nodes, the ratio will be
lowered. In addition, if the swing is too small, the SNR will be degraded due to increasing por-

tion of device related noises.

Voltage swing can also be reduced by using extra bias sources and hard-limiting diodes as
shown in Figure 4.23. Although the swing is exactly controllable, these methods may suffer from
the level matching problem mentioned above and layout complexity. Especially in (a), the extra
bias sources must be routed to every crosspoint cell. The method in (b) may not be practical in
CMOS, due to the lack of good diodes. Diode-connected MOSFETS can be used, but they need

to be large and may have severe body effect. Instead of being used as diodes, the MOSFETS can
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Figure 4.23 Swing reduction using extra bias sources and diodes.

be utilized for a cascode amplifier like the one in (c). This circuit has dual function: the swing
limitation and amplification. However, like (b), this circuit is more sensitive to couplings due to

higher impedance at the output node during transitions.

4.4.7 Transresistance Amplifier

A suitable technique to limit voltage swing and match the center level with the logic threshold of
the next stage is to convert the next stage into a transresistance amplifier that is composed of a
wideband amplifier and a feedback resistor as illustrated in Figure 4.24. Basically, this circuit
senses an input current and converts it into a voltage through the feedback resistor. Then, voltage
swing at the input node is very small because the input is at the virtual ground when the amplifier
gain is large. The swing is represented by Eq. (4.19) with R,| IR ; replaced by the effective input
resistance of this circuit.

Most common CMOS amplifiers are differential amplifiers like the one in Figure 4.15.
Their gains are made high by using low drain-saturation voltages [46]. But, despite high gains,

they are generally not suitable for this application due to insufficient bmdﬁdﬁw.
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Figure 4.24 Swing reduction using () transresistance amplifier and (b) its inverter equivalent.
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In digital CMOS technologies, an inverter biased at the logic threshold realizes a good
wideband amplifier, even though the gain is low. Figure 4.25 shows the DC input-output transfer
curve of a 1.4 um channel length inverter. In the steep transition region, the two MOSFETS are
in the saturation: region and the DC gain is about 12. The comer frequency of this inverter is as
high as 250 MHz. A higher gain can be achieved by using longer channel devices, but the result-
ing bandwidth gets narrower rapidly. Since an inverter is biased automatically at the logic thres-
hold by connecting the input and output using a resistor, a wideband transresistance amplifier can
be obtained simply by adding a feedback resistor around an inverter (Figure 4.24 (b)). Note also
that, because the matrix output is usually connected to an inverter for buffering and this inverter
may be converted into a transresistance amplifier, this technique allows combination of voltage

swing reduction and amplification in one stage.

Feedback resistors can be made using resistive layers in CMOS technologies, such as
polysilicon and diffusion layers. Although this method looks straightforward, it takes large area
to get reasonable resistances, and adds substantial parasitic capacitances. In addition, the abso-
lute values vary a lot following the processes and this variation is independent of the variation of

currents that flow through the resistors.
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Figure 4.25 DC transfer curve of an inverter.
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Figure 4.26 CMOS resistors: (a) linear and (b) nonlinear.
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The resistors can also be implemented with MOSFETS (Figure 4.26). This design is advan-

tageous over others made of polysilicon or diffusion, in that the current variation may offset the

resistance variation, producing a relatively constant output swing. Furthermore, the gain and fre-

quency response can be optimized by controlling aspect ratios of the transistors.
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One simple method is to utilize CMOS transmission gates. Because the gate of n-MOSFET
is tied to Vpp and that of p-MOSFET is connected to Vgs, n-MOSFET will be ON as long as
either input or output potential is below Vpp - Vr,, and p-MOSFET is ON if either one is above
Vss + 1V, 1. The resistance of this transmission gate does not vary much over a large range of
signal swing (normally, equal to the power supply voltage). And the linearity would improve if
the body effects on both transistors are negligible. Unfortunately, there is no differentiation
between source and drain for these MOSFETS. So, connecting the bodies with sources to elim-

inate the body biases will not work.

Y
MNf
L -
T
MPa "
li vi Rf vo
Vi —a Vo AN - F
MNa
] Ci== gmwi C') Ro 5=Co
MPf Y |
-
AV

Figure 4.27 Transresistance amplifier using inverter and transmission gate, and its small-signal
model.

Another way is to make a nonlinear resistor like the one in Figure 4.26 (b). This resistor
acts as hard-limiting diodes as before (see Figure 4.23 (b) and (c)) when there is a current. Note
that the current does not flow to the output node but to the power supply. However, a voltage still
develops between the input and output, i.e., the gate and source of one transistor, according to the
current flowing through. The voltage is approximately proportional to the square-root of the

current. Hence, when this resistor is used in a feedback loop, the forward and feedback paths can
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be controlled separately for optimum performance. A major disadvantage is that, for zero

current, the output potential is not determined and may oscillate.

A CMOS transresistance amplifier or current-to-voltage converter composed of an inverter
and a transmission gate is shown in Figure 4.27. In steady states, the input current /; (/, or I,)
must flow through the two feedback transistors (MNf and MPf) to the output node, because the
gate of 2 MOSFET cannot conduct direct current. It, then, retums to the supply through either of
the inverter transistors (MNa and MPa). Since the voltage drop across the feedback resistor,
I;Rs, should also drop between the input and output, MNa and MPa will have different bias vol-
tages. These bias voltages are set at a point where the resulting unbalance of inverter current
matches the input current. Note that, at the logic threshold of the inverter, MNa and MPa are
both in the saturation region, and their drain currents are primarily proportional to (Ves — V)2

Therefore, if the input current is small, the input voltage deviates little from the logic threshold.

y
L '.-—\-/qt.\.. 1.
4 L\

—C3

Figure 4.28 Currents during a transient in the transresistance amplifier.

When the input current changes status, say, from /, to /,, the input node is discharged ini-
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tially by a current I, + I, because the output voltage does not change quickly and 7/, still flows
through Ry (Figure 4.28). Then the input voltage falls and the output voltage starts to rise, which
reduces the voltage drop across Ry and current through it. The discharge continues as long as the
feedback current into the input node is smaller than /,. Once the two currents match, discharge
stops. But due to the delay, the input node may be charged again by the excessive feedback
current. This causes decaying oscillation and the circuit finally settles in a steady state. As is
evident, if the feedback action is fast, overshoot of the input and output decreases. Roughly,
larger Ry and output capacitance make the action slower. A larger R, also increases the output
swing. But if increased too much, the output is cramped and the input swing increases. In this

case, one of the MOSFETS in the inverter gets in the linear region and the gain drops rapidly.

The resistance of the transmission gate when the two transistors are in the linear region, i.e.,
both V; and V, lie in between Vpp - Vr,y and Vss + |V, |, is obtained by summing the two

current components and differentiating it with respectto V; - V,;
1 W
Gr= V.7 k (-E-)(VDD = Viws — [ Vpp ). 4.23)

Here, the gain factors of both transistors are assumed to be identical to k'(-?'—), and Vz,y and Vg,

are threshold voltages of MNf and MPf, respectively. This equation suggests that the resistance

is constant for a large range of input/output voltages. The resistance becomes dependent on the

input/output levels, if one of the transistors is in saturation.

Actual resistance has more complicated behavior, due to the inaccuracy of MOSFET
models and the body effects. The simple long-channel model used in this derivation fails as
shorter channel devices are used for higher speeds. If resistances required are high (> 5 kohm),
they may have to be made with long-channel devices. The input/output voltages impose body
biases that affect the device threshold voltages in the increasing direction. So, R; would be a

function of V; and V,. However, the functional dependency is weak, because the increase in, say,
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Vray due to higher input/output voltages is offset by the decrease in |V, |. This resistor is also
sensitive to the power supply and process variations; £’ and V7's are quite process dependent.
Also these parameters are weak functions of the supply voltage and geometry through the body

effects and the short-channel effects: the mobility degradation and velocity saturation [47].

But if the sensitivity matches that of the input current, the circuit may be designed to have a
relatively constant output swing. As an example, let us consider a simple inverter driving this
transresistance amplifier. And assume that &’ is constant for different devices and biases, and
variation of threshold voltages with respect to the supply voltage is negligible. Since the input
node of this amplifier has a very small swing biased at the logic threshold that is usually -%-Vpp,
the driving MOSFETS will be in the linear region. Therefore, if the supply voltage increases, the
current rises rapidly through Vgs and Vps of the inverter. On the other hand, the resistance Ry

decreases according to Eq. (4.23). Then, the voltage drop across the resistor, I;Rs, becomes

%Vﬁo -VrVop

W
1Ry = PV =TV Ty (424)
where (_LW')' defines the ratio of the driving MOSFET"s aspect ratio to the resistor’s aspect ratio,

and Vr is the threshold voltage of the driver. Note that the drop is independent of k’. Now, the

sensitivity of this drop to Vpp is

SHR = %VI?D - %(V Tnf + 1 Vipr )Vop + Vr(Vang + 1Vrpe 1)
* FVh -+ 3 (Ving + Vg )V + V(Ving + Vr 1)

(4.25)

Assuming that all V’s are very close to -;-Vpo, the sensitivity becomes about 0.7. Whereas, that
of a constant resistor is as large as 2.4. If the current is generated by dividing a reference voltage
that is insensitive to the supply variation, by a similar MOSFET resistor, the sensitivity of I;R,

becomes approximately equal to that of the reference voltage.
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The equivalent input resistance of this transresistance amplifier is obtained from the small-

signal model as

0 + Gf -~ Rf
Rieq @m + G,)Gr . el 4.26)

where the inverter gain %’i— has been assumed to be much larger than 1, and A,, = 'G,ngG,T is the

amplifier gain with the feedback element loading effect. Thus, the voltage swing at the input
node represented by Eqs. (4.19) and (4.26) can be made small by increasing the amplifier gain.

But the gain cannot be greater than the inverter gain that is already limited as discussed before.

The transfer function derived from the small-signal model suggests that the transimpedance
has a low-pass characteristics govemed by two poles and one zero. At low frequencies, the

transresistance is expressed as

=Vo - G _gm
R‘_—Ii__ ¥ Go)Cs 4.27)

Because this value must be negative for proper operation, g. has to be greater than G,. If

gm»Gf,Rg::"Rfo

The bandwidth of this circuit is practically maximized when the two poles become identi-
cal. In this condition, the output transient response is critically damped and the output settles fast
without ringing. However, design equations for the critical damping involve a large number of
design parameters. As a result, without simplifying assumptions, effects of these parameters may
not appear clearly. Since this circuit is used to reduce the voltage swing at a highly capacitive
node, C; that is sum of this capacitance and gate capacitance of the inverter would be very large.
On the other hand, C; that accounts for gate-drain overlap is negligible. C, that represents out-
put c:apacitance of the amplifier and input ca;;acitance of the next stage is also large but usually
smaller than C;. Otherwise, the main point of this technique would be lost. The transfer function

based on the above assumptions predicts the zero placed at a much higher frequency than the
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Figure 4.29 (a) Simulated transient response and (b) transfer function of a transresistance
amplifier.

poles. Further assuming that —g;- » €™ the condition for critical damping becomes

Ci(Gr +G,)?= 4C,8mGy. ' (4.28)
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Therefore, if Gy = G,, the capacitance ratio -g‘- should be close to the inverter gain for best per-
formance. The design equation for G; is then

S )+ 2gml GG~ S (429)

Co
Gr= gm(zf‘.‘ -

Because G, must be real, the following condition has to be satisfied:

TC- <fe (4.30)

Any change in the parameters after being set for critical damping causes the output over or under
damping. For example, for a fixed Gy, increase in C; and G, makes over damping, while
increase in C, and g, adds ringing. Also, if G, is changed to a value between the two in Eq.
(4.29), the output will be under damped. The above behavior is also applicable for the input
swing. Simulated transient response and transfer function of an example transresistance amplifier
are shown in Figure 4.29. This example has a maximum bandwidth of about 250 MHz and

verifies the above predictions.

4.4.8 Small-Swing Input and Output

Reduction of the input/output voltage swing is beneficial for the multiple-channel, high-speed
switch, as it reduces the supply noise and power consumption. Small voltage swings also lower
the probable overshoot of the input/output beyond the on-chip power supply voltage and, in turn,
help reduce the possibility of latch-up. Although designing the input/output levels compatible
with ECL would be desirable from a system point of view, good output stages are hard to imple-
ment in CMOS. A sub-optimum.solution may be to design for a small-swing not necessarily
matching the ECL levels. As long as the input/output levels have a proper interface, the switches
designed this way can be cascaded directly to form a large switching network. Also, if optical

transceivers are designed for this interface, they can be simply connected to the switch.
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Figure 4.30 Comparison of output stages showing drastic reduction of current transient by reduc-

ing output voltage swing.
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The input swing may Vbe reduced by using differential stages. In CMOS, the swing can be
as low as V2 (Vs — V7) where Vs is the gate bias of the input MOSFET [46]. One way to reduce
the output swing is to utilize the transresistance amplifier shown above, differently. Remember-
ing that the amplifier is basically a current-to-voltage converter, output voltage of this circuit can
be controlled by the current and the feedback resistance. Note, here, that this circuit is used for
output swing reduction, not input swing reduction. As shown in Figure 4.30, this technique
reduces the transient current drastically compared to an ordinary digital CMOS circuit for the
same output load. In this example, a voltage swing reduction by about a factor of 3.6 decreases
the current swing by 2.8 and maximum di/dt by 6.5 times. But this output stage may suffer from
slow settling, since the off-chip capacitance load at the output is usually larger than the capaci-

tance at the input.
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Figure 4.31 Current driving output and current sensing input for output voltage swing reduction.

Another technique to limit the output voltage swing is to design the output circuit to source
or sink current and the input circuit to sense this current. An example is illustrated in Figure

4.31, where input stage of the switch is a transresistance amplifier that converts current from the
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output driver while cramping the output swing. Because the external capacitance is large, this is
a natural application area of the transresistance amplifier. But a large current swing that is

needed to charge the off-chip capacitance would be harmful, due to packaging inductances

between the output and input.
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Figure 4.32 Latch-up minimization techniques.

4.4.9 Latch-up Protection

Increasing possibility of the CMOS latch-up due to the power supply and internal voltage fluctua-
tion can only be reduced by providing extensive guard-ring diffusions around the devices, more
substrate and well contacts, heavier input/output protection, and substrate contact ring at the chip
periphery, for a given technology [48]. If there is a freedom to choose technologies, the epitaxial
substrate [49], retrograde well [50], or trench isolation [51] technologies are advantageous. As
depicted in Figure 4.32, these techniques either lower body resistances, reduce parasitic bipolar

gain, or collect or block carriers before they trigger latch-up.



CHAPTER 5

PROTOTYPE CMOS SWITCH

This chapter describes the design and implementation of a prototype, 16 X 16 switch chip with a

capacity of 100 to 250 Mb/s and an operating voltage of 5 V, in CMOS VLSI technologies.

As has been discussed in the previous two chapters, CMOS technologies with minimum
channel lengths below 2 pm are attractive for 200 Mb/s electronic switching or higher. But prac-
tical implementation of switching components in these technologies would be complicated by the
high-speed requirement, their digital nature, and the increasingly apparent parasitics. To satisfy
the speed requirement while minimizing waveform degradation, techniques that fully utilize the
marginal technology bandwidth and reduce the effects of parasitics are in demand. The circuit
techniques suggested in Chapter 4 such as voltage swing limitation at highly capacitive nodes and
constant current steering are examples of such techniques. The effectiveness of the circuit solu-
tions will be proven by applying them to this prototype switch. Discussed in this chapter are the
architecture, circuit details, and measurement results of the experimental chip as well as the

future improvements.

5.1 ARCHITECTURE

The prototype architecture of the switch is shown in Figure 5.1. It is based on the matrix type
switch architecture discussed in Section 3.4.2 and shown in Figure 3.7. This architecture is
chosen primarily because it is good fdr LAN applications and enables an efficient layout. The
chip consists of high-speed paths that include 16 x 16 crosspoints and input/output buffers

(shaded in the figure) and of memory and control blocks. Each crosspoint cell in the switch plane

80
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is bit-mapped to the corresponding memory cell in the memory plane.
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Figure 5.1 Prototype chip architecture where shaded area represents high-speed data paths.

The number of stations that this single switch connects is limited to 16. But because this
chip is designed to support the expansion mechanisms illustrated in Figures 2.11 and 2.12,
switching networks of sizes greater than 16 can be built. Although fewer chips are required to

construct a large switching network if the number is increased, the total pin count increases

81
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rapidly and a larger package is needed. For example, if the switch size is increased from 16 X 16
to 32 x 32, the pin count increases from 48 to 80. One disadvantage of a larger package is the

higher lead inductances associated with it.

This architecture is suited for the access methed shown in Figure 2.7, in that any hardware
for access request is not included. Access requests should be handled in a host controller, and the
resulting switch setup information must be provided through the clocked control bus. The com-
munication rate of the synchronous control bus is only 10 MHz. Compared to this, data on 16

high-speed channels are asynchronous.

5.1.1 High-Speed Paths

The high-speed paths include the crosspoints organized into a matrix, the input buffer that drives
the crosspoints, and the output buffer that amplifies signals from the matrix to drive external

loads.

In this design, the high-speed paths provide only waveform amplification and level restora-
tion for the passing data. No circuitry is included for retiming or synchronization. This is
because, at the desired speed, timing recovery and regeneration of the incoming or outgoing data,
i.e., retiming function, would require more technology bandwidth. Also, because the data on 16
channels are asynchronous, the retiming function would be required in every channel. Since tim-
ing recovery at this high speed is costly, it cannot be implemented entirely on the chip. In addi-
tion, this function is not needed for every switch chip if timing jitter addition from each chip is
minimal. It may be economical to provide the function at each station or at nodes where the
accumulated jitter and noise are excessive, and to minimize the jitter and noise in individual chip.
In this switch, the maximum jitter is specified as 10% of the bit period‘ of data, which is adequate

for proper timing recovery.

The input and output buffers are designed to be voltage level comf)atible for easy expan-
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sion. Also even though levels do not match, their voltage swing is made compatible with the
ECL swing; that is, the input accepts ECL swing and the output can drive ECL, if properly level
shifted. For this purpose, a differential stage is used at each chip input. T'O reduce the number of
pads, however, one terminal of the differential inputs is connected to the common node REFER-
ENCE INPUT. A reference voltage that is the center of the input swing is normally provided to
this node. In cases of cascading the switch chips, the reference from this chip (REFERENCE
OUTPUT) that nominally represents the center level of the output swing can be connected to the
REFERENCE INPUT node of the next chip. Combined with this reference output, the output
may drive any differential input stages such as line receivers and LED or laser diode drivers

directly.

5.1.2 Memory and Control Blocks

The memory and control blocks include the memory matrix that stores switching information and
the latches, decoder, and timing and reset logic that are needed to update the fnformation. In this
chip, the memory matrix consists of static storage cells that keep information as long as power is
supplied. To update the information stored in the matrix or set up the switch, a new information
must be clocked into the source and destination address latches from the 4-bit ADDRESS DATA
bus and, in tumn, written into the memory. The timing and reset logic generates a sequence of
pulses needed for this task from the external clock in combination with other control signals such
as CHIP SELECT and RESET. Because setup requests in this architecture are initiated by

source stations, the source address latched needs decoding while the destination addresses do not.

Basically, the memory and control blocks operate at low speed. The worst case maximum
clock rate is specified to be 10 MHz to allow good interfaces to microprocessor busses or other

computer communication channels. The inputs to these blocks are TTL or CMOS compatible.
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5.1.3 Setup Operation

There are two setup modes for this switch: quasi-serial and parallel. Because the crosspoint cell
is bit-mapped to the memory cell, to set up a path, the corresponding memory cell is written with

‘1.

CHIP SELECT- | [
coc-\ [\ [\ [\ [\ [ /T

(10MHz)
ADDRESS DATA ———( SOURCE X DESTO-3 X DEST4-7 X DESTS-11 X DEST12-18 )—
(4 BIT BUS) (CODED) (DECODED)

Y0-Y3

Y4.Y7 §

Y8-Y11 ©

Y12-Y15

X0-X15

DATA ©
(250MB/S)

GUARD TIME

Figure 5.2 Quasi-serial setup mode needs 5 clock cycles to establish a new connection.

In the quasi-serial mode, any setup including selective or full broadcasting needs 5 clock
cycles or 20 bits of inft;nnaﬁon, first 4 bits specify a coded source address and the rest, decoded
destination addresses. The source address is latched into SOURCE ADDRESS LATCH by a
pulse derived from the first clock edge. While it is being decoded, bits 0-3 of destination

addresses get into the corresponding positions in DESTINATION ADDRESS LATCH by
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another pulse generated from the next clock edge. This repeats until bits 12-15 of destination
addresses are loaded. Then, a final pulse activates the decoded source address line (one of XO -
X15), which in turn writes the 16-bit wide, latched destination addresses (YO - Y15) into the row
of memory. This concept is illustrated in Figure 5.2. The 16-bit wide destination addresses can

be of any bit patterns. If they are all 1’s, the source is broadcast to all destinations.

Since the specified clock frequency is 10 MHz, one setup takes 500 ns in this setup mode.
As a result, if the high-speed data are packetized, the packet size should be large enough so that
the setup time is a negligible portion of the total transmission time. In fact, guard time should be
included in one transmission. During the guard time (or dead time) when a new connection is

made, data cannot be sent reliably. A good value for 200 Mb/s transmission would be 1 kbits.

CHIP SELECT- & / \ /

coc-\ [\ [\ U/ o/ U T

(10MHz)
ADDRESS DATA —(: { )
(20 BIT BUS) S

Y0-Y15

X0-X15 1 [\

A A
NEW CONNECTION NEW CONNECTION

DATA
(250MB/S)

Figure 5.3 Parallel setup mode makes a connection in one clock cycle.

The parallel mode allows a setup in one clock cycle as depicted in Figure 5.3. The 4 bit
source address and the 16 bit destination addresses are latched into at the same time. This mode

is added for debugging purposes and would be useful if the timing logic fails to produce the



86 Ch.5 PROTOTYPE CMOS SWITCH

sequence of pulses. Due to the bonding pad limitation on the experimental chips, however, the
parallel destination addresses are loaded through internal probe pads. If this setup mode is used,

the minimum packet size can be reduced by a factor of 5.

Clearing of entire memory or disconnecting all crosspoints is done by activating the
RESET pin. Also, for convenient checking of every link between the station and the switch,
LOOP BACK feature is included. In this mode, diagonal cells in the memory matrix are written
with ‘1’ at once. As a result, 10 is switched to OO0, 11 to O1, 12 to O2, and so on; i.e., the data

sent from one station return to itself if the loop is not broken.

5.2 HIGH-SPEED PATH CIRCUITS

This section describes the details of the high-speed path circuits. At the beginning, circuit design

and device sizing methods for these circuits are mentioned.

5.2.1 Circuit Design

Initially, the circuit was designed with a minimum 1.4 pum gate length in a 1.25 pm, double-
metal, p-well, CMOS technology. This technology was chosen to support various actual bit rates
from 200 Mb/s to near 400 Mb/s depending on the coding methods for 200 Mb/s data. If NRZ

coding is used, the technology has enough bandwidth margin for the 200 Mb/s bit rate.

To reduce the device sizes and parasitic capacitances, the minimum gate length was nor-
mally utilized. However, because the minimum length devices have the short channel effects
[47], the less accurate, conventional models (level 1 and level 2) of SPICE2 [52] have been rarely
used for hand calculation or simulation. Rather, the design has been based on reference device
characteristics and extensive circuit simulations carmied out using SPICE2 with BSIM [53]
parameters. The BSIM parameters have been extracted from typical test wafers provided by the

fabrication site. The Ips vs. Vps curves for 1.4 pm channel length MOSFETS are shown in Figure
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Figure 5.4 Drain current vs. drain voltage curves for reference MOSFETs.

Primary design requirements for the high-speed path circuits are maximum bandwidth and
symmetric rise/fall characteristics. Here, symmetric rise/fall is required to maintain the duty
cycle of the signal and maximize the bit rate of the switch. The bandwidth is maximized by

using minimum channel length devices and maximum possible gate biases. And symmetry is
obtained by properly ratioing p- and n-MOSFETS so that the logic threshold is close to -%- Vop. If

so for an ordinary CMOS inverter, the bandwidth is maximized because this logic threshold

guarantees maximum biases for both transistors.

In this technology, a 1.4 um gate length inverter with a p-MOSFET to n-MOSFET width
ratio of 2.5 has a logic threshold of “2.5 V (see Figure 4.25). This inverter is a reference for the
design of transresistance amplifiers and matching inverters in the high-speed paths. As will be
clear in later subsections, for this prototype, the transresistance amplifier shown in Figure 4.27 is

applied extensively. Resistors in the transresistance amplifiers are also designed from a reference
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device and trimmed via simulations.

5.2.2 Switch and Sense Amplifier

As discussed in Section 4.1, complexity and area of the switch cell should be minimized for max-
imum speed and reduced parasitics. The 4-transistor tri-state inverter shown in Figure 4.3 (b) is
selected for the switch cell, because this switch cell has wide bandwidth, small area, low parasitic
capacitances, low power consumption, and negligible feedthrough, as pointed out in Section
4.1.2. Also, unlike the passive switch cells, this does not cause loading fluctuation on the input

line.

SWITCH ARRAY STANDBY SENSE
(16 SWITCHES) PULL-DOWN AMPLIFIER
Vop
F=| MNA2
n
MPA1
80
Prn oy,
MNAS (v;0-15)
32
1:;' MPA2
82
Vss

10- 1- 115-

Figure 5.5 Switch and sense amplifier circuits.

Figure 5.5 shows the switch cells in the shaded area and the sense amplifier circuits on the
right. It indicates that at each output line of the crosspoint matrix, a CMOS transresistance
amplifier senses current from one of the 16 switch cells. The transistors MNS2 and MPS2 are

switches controlled by the stored value Sxy and its complement Sxy-, respectively. If they are
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ON, the high-speed input signal Ix- is inverted at the output Oy.

The transistor MN2 is used to pull Oy down during a standby state, when none of the 16
switches connected to this output is ON. If MN2 is not present, current into the transresistance
amplifier is zero and Oy- sits at the logic threshold voltage. This undefined state in digital cir-
cuits is prevented by a NOR gate and MN2, as shown in Figure 5.6. The NOR gate is realized
with a pseudo-NMOS technique to reduce routing complexity in the matrix. MN2 is imple-

mented as two minimum size transistors in series, to match the sink current level.

[ ]
y mP2 ouy
T (V;0-1
Part of SWITCH CELL B (¥;0-15)
® ® _ Q-?-SE
SBy o

bodr

-
~
Soy Sty $15y

Figure 5.6 Standby pull-down circuit.

The design starts by approximating parasitic capacitance and estimating voltage swing at
Oy. The capacitance is mainly contributed from drain junctions of the switch transistors, output
routing, and gates of the amplifier. But since the transistor sizes are unknown, it is hard to esti-
mate their contribution. Instead, the total capacitance is roughly approximated based on the rout-
ing capacitance. If the first metal is used for output routing, the capacitance for a 2 mm long,
minimum width wire is about 100 fF. ﬁence, the total capacitance would be less than 1 pF. The
voltage swing depends on a desired swing at Oy-. Remember that the inverter (MNA1 and
MPAT1 pair) used as an amplifier has a gain about 10 for a limited range of output voltage, i.e.

approximately from 1 to 4 V. If this swing is desired and gain degradation due to feedback load-
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ing is minor, the swing at Oy is on the order of 0.5 V.

Current from the switch to drive Oy in 1.5 ns is then about 330 pA, which allows the use of
minimum size (3/1.4) for both MNS1 and MNS2. MPS1 and MPS2 are sized as 8/1.4 for sym-
metric current drive. The feedback resistance for a 3 V swing at Oy- is about 5 kohm. Final dev-
ice sizes after fine tuning are indicated in Figure 5.5. The gate lengths are not shown unless they

deviate from 1.4 pm.

One thing to note is that the feedback resistance changes with process and power variations.
However, as discussed in Section 4.4.7 in relation with Eq. (4.25), the variations affect the

crosspoint cell current similarly, resulting in a less sensitive voltage swing at Oy-.

SWITCH ARRAY
' Voo
e L
c—e ¥ 11 MNA2
so;-_'l 515;—l 1 MPSS Eum EIIPM
—| —l MPS2 s;d[um oy- l‘i o
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S0y S15y | 1M, E > l:m’
L L A=
i
.- ¢ Vss
lo- 15-

Figure 5.7 Constant current steering switch and sense amplifier.

Although the switch does not steer constant current, the supply current transient is very
small due to the small charging current and the voltage clamping at Oy. If constant-current steer-
ing is desired, it can be done by using a modified switch cell depicted in Figure 5.7. Here, VH

and VL are biases for the current sources MNS3 and MPS3. And the MNS5 - MPSS5 pair
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provides a reference equal to the logic threshold for MNS4 and MPS4. MPS6 is used for
standby pull-down. This is basically the current steering circuit in Figure 4.18 where MN+ and
MP+ are replaced by 16 switch cells. Major disadvantages of this circuit include a lower speed
arising from the increase in complexity and device sizes. Routing is also more complicated.
Because these factors more than offset the benefit gained, this circuit is not adopted for the proto-

type.

5.2.3 Input Buffer

For proper interfacing between the two identical switch chips as needed for construction of a
larger switching network, the input buffer is designed to be level compatible with the output
buffer. In this prototype, the output has a nominal swing greater than, but close to 1 V, which is
centered at the logic threshold of the reference inverter. Thus, the input buffer should discem
high/low levels less than 1 V apart. By making the input swing ECL compatible, this prototype

may be interfaced to ECLs with proper DC level shifting.
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Figure 5.8 Input buffer circuit.
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Figure 5.8 shows the input buffer composed of the constant current steering circuit in Figure
4.17, the transresistance amplifier in Figure 4.27, and two inverters. The differential input stage
has been selected to facilitate the small input sﬁring. However, to reduce the pin count, the nega-
tive terminal of the differential input stage is connected to a common input reference VRI. MNI1
and MPI1 are mirrored current sources. The transresistance amplifier connected to the output of
the current steering Cll‘Clllt serves rather as a current-to-voltage converter than as a voltage swing
limiter for ICx. That is, it transforms the bidirectional current into a bi-level voltage. In fact, the
capacitance at ICx is not large enough to need swing reduction. The converted voltage -Ix drives
a pair of inverters that provide full 5 V swing on Ix-. If the swing at -Ix is large, static power con-
sumption in the first inverter decreases. In this particular design, the switched current level is
about 160 WA, the feedback resistance is 8 kohm, and the voltage at -Ix swings between 1.3 and

3.6V.

Input voltage difference needed to steer current 7, fully from MNI2 to MNI3 is

I, % I %
AV = kn'( W)z + 7 ; W) . (5.1
2L 2\

Therefore, the MOSFETS for current steering must be made wider to lower the required input

swing. However if this swing is too small, since the widths increase by the square of required
swing reduction, the gate, source, and drain capacitances increase rapidly and the bandwidth of
this circuit decreases. Unlike a case when both input terminals move opposite and symmetric
way, even the capacitances at the common source nodes (sources of MNI2 - MNI3 pair and MPI2

- MPI3 pair) hurt the bandwidth. These nodes need to follow the input INx quickly for fast steer-

ing.

This also puts a limit on how small the saturation voltages of MNI1 and MPI1 and how
large these MOSFETS can be. The saturation voltages may not be set too high, though, to prevent

the transistors from getting out of the saturation. Current sources in the linear region have
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characteristics far from ideal. Although better current source characteristics can be obtained by

using longer channel devices, corresponding width increase is not desirable.

In this prototype, saturation voltages of the current sources are about 1 V, and AV, is about
0.9 V. The MOSFET sizes are shown in Figure 5.8. Note that the MOSFETS on the input side

(MNI2 and MP12) are sized smaller than MNI3 and MPI3 to reduce the input loading.

VH—| -m e h
ek o L L
MNI2 l:uma l_”:mu I'l — l:""" (x;0-15)

MNI10 —” “—lWN |[‘MNI11 l:!mg

VL ru II.,! |

Figure 5.9 ECL compatible input buffer.

Vss

Extension of this circuit to an ECL compatible one can be done easily by adding two source
followers at the front end, as shown in Figure 5.9. High gain n-MOSFETs with the wells tied to

the sources (MNI8 and MNI9) facilitate good followers.

5.2.4 Bias Circuit

The bias voltages VH and VL are generated in the circuit shown in Figure 5.10. Note that the
current in MNB1 is equal to the one in MPB1. Also note that MNB1 and MNI1 in the input
buffer form a current mirror, like MPB1 and MPI1 do. Hence, any current variation in MNB1

affects I, and I, equally.
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Figure 5.10 Bias generating circuit.

The MNB2 - MPB2 pair is a CMOS transmission gate resistor whose value is determined
by Eq. (4.23). As a result, the resistance varies depending on the supply voltage. If VH and VL
are not sensitive to the supply variation, the current through this resistor changes inversely with
the supply. This current is mirrored to the current steering circuit of the input buffer, and con-
verted to a voltage swing by the transresistance amplifier. As discussed in Section 4.4.7 with
relation to Eq. (4.25), the sensitivity of this voltage swing to the supply variation is equal to that

of VH-VL.

If MNB1 and MPB1 are hard limiting dicdes, any change in Vpp — Vgs will appear equally
in VH-VL. Since VH-VL is (Vop — Viss — Vgsas1 — | Vaspe11), the sensitivity of VH-VL is greater
than 1. However, the transistors are not hard limiting in practice. For example, if the supply vol-
tage drops, VH-VL tends to drop. But this reduces current in the MOSFETSs, which in tum
reduces the gate-source voltages. Thus, the drop of VH-VL is smaller than that of th= supply.
Furthermore, as the supply drop increases resistance of the MNB2-MPB2 pair, the current and
Ves’s are reduced more. This suggests that the sensitivity is lower than the hard limiting case.

To a first order, if MNB1 and MPB1 are made weaker by decreasing the aspect ratios, the



Ch.5 PROTOTYPE CMOS SWITCH 95

sensitivity falls far below 1.

The use of weak transistors is limited, however, by the increase in the saturation voltages.
If they are too high, dynamic range of the input circuit will be restricted. On the other hand, a
moderately high saturation voltage helps to reduce the size of the current source. In this design,

VH and VL are set about 3 and 2 V, respectively.

5.2.5 Output Buffer

The output buffer has the same structure as the input buffer except the last two inverters removed,
as shown in Figure 5.11. But main purpose of this combination is to generate the output swing
levels approximately +0.5 V (high) or -0.5 V (low) beyond the logic threshold voltage of the
reference inverter. For a symmetric design, these would be close to 3V and 2V. Remind that, to
a first order, the swing is not sensitive to process and supply variations due to the bias scheme
explained in the previous section, which controls current in the steering circuit to be inversely
proportional to the feedback resistance. However, due to a large external capacitance, the output
may show ringing (see Figure 4.29). Because the chip provides the logic threshold as an output
reference, the outputs can readily be interfaced to the inputs of other identical chips or LED/laser

diode drivers with differential inputs.

One of the input nodes of the steering circuit is connected to the internal reference identical
to the logic threshold of the MNO6 - MPO6 pair. This reference is stabilized by adding the
bypass capacitors C; and C;. To reduce the capacitance at Oy- that is driven by the sense
amplifier (Figure 5.5), MNO2 and MPO2 are sized much smaller than MNO3 and MPOS3. Also,
to minimize capacitances at the common source nodes, minimum gate length devices are used for
the current sources. Although the current mirroring becomes non-ideal, this design increases the

bandwidth.

The small swing at the output enables us to achieve the speed introducing only 1/5 of tran-
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Figure 5.11 OQutput buffer circuit.

sient current and power line noise compared to the conventional 5V swing. As well, it reduces
dynamic power consumption at the output circuitry by a factor of 25. For a 200 MHz clock and a
10 pF load, the dynamic power per output is only 2 mW. However, since both n- and p-channel
transistors of the last inverter are ON all the time, large static power is consumed instead.
Current level in the MNO4 - MPO4 pair is about 8.8 mA, and the steered current is near 1 mA.

Most of the chip power is dissipated in this circuit.

The resonance of the output parasitics L, and C, may complicate the output waveform. For
L, =5 nH and C, = 10 pF, the resonance frequency is close to 700 MHz. Since this is about 3.5

times higher than the maximum bit rate, the effect would be minor.

Roughly approximated ECL levels can be obtained using the output circuit in Figure 5.12.

The diode D may be realized using a well-to-substrate junction. This circuit is not a perfect solu-
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Figure 5.12 Output buffer with approximate ECL levels.

tion because the output levels are sensitive to Vy, variation of MNO4. If the high level is too

high, it may saturate the input transistors of an ECL gate and slow down the speed.

5.2.6 Reference Output

The reference output circuit is equal to the last stage of the output buffer, i.e. MNO4 - MPO4,
except that its input and output nodes are shorted together. Automatically, this circuit generates
the logic threshold of the inverter as the reference. Hence from Appendix 2, the reference voltage

is represented as

VR 0 = VLT — BAIMVDD +l‘:r,|B ;ﬂ[‘i}’”‘l V‘rp | (5.2)

where m = 1 or 2 depending on the channel length and

k' (P
P D e
n T n
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Note that if Bz = 1, Vzo =22 +V1§— WVrpl)

5.2.7 Simulation Results

The high-speed path circuits have been combined and simulated using SPICE2 and the BSIM
parameters. In the simulation, 200 Mb/s RZ data with maximum transition density (or 400 Mb/s
NRZ) has been used. The parasitics assumed are Lpp =Lss =2 nH, L, = S nH, Cps = 160 pF, and

= 10 pF. Figure 5.13 shows the simulation results. For the best case when only one channel is
active, the output is under damped and power supply noise is negligible (about 22 mV). The pro-

pagation delay through this switch is about 5.2 ns.
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Figure 5.13 Simulation resuits for the high-speed path circuits.

To see the timing jitter arising from intersymbol interference, the input was changed so that
it has one pulse in every 3 bit-periods. The intersymbol interference mainly comes from the
under damping characteristics of the high-speed paths (actually output stage). If the bit rate is

400 Mby/s, the circuit cannot settle before the next pulse arrives, and ringing on the signal does
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not decay in one bit-period. However, for a bit rate sufficiently low, the circuit settles within one
bit-period and past history of the pulses dies out. From the curves, the jitter is measured as less

than 1 %.

Worst case simulations have been carried out by assuming that one input is broadcast to all
16 outputs. The power supply inductances effectively increase by 16 and the bypass capacitance
decreases by 16 in this case. Although the power supply noise is increased to 0.38 V p-p, the out-
put waveform is very close to that of the best case. Crosstalk through power supply fluctuation
has been simulated by imposing high-frequency, 0.5 V p-p sinusoidal signals on the power lines.
The frequency is either 400 MHz or 444 MHz, and the phase difference between Vpp and Vs is 0
or 180 degrees. Maximum jitter from various combinations of the frequency and phase is still

less than 5 %.

5.3 MEMORY AND CONTROL CIRCUITS

The memory and control circuits are basically conventional CMOS logic circuits. Therefore,
only unique features of this prototype will be described. For these circuits, the p-MOSFET to n-

MOSFET aspect ratio of 2 was maintained mostly to reduce the area.

5.3.1 Memory Cell

As discussed in Section 4.2, complexity and area of the memory cell should be minimized to
facilitate routing of required signals and reduce parasitics. This is especially enforcing, because

the crosspoint switch and memory are merged into a cell that is used to construct a 2-dimensional

matrix.

Among many choices of memory circuits, the modified static latch in Figure 4.5 is advanta-
geous because of the reasons mentioned in Section 4.2.2: six small (mostly minimum) devices, a

word line, a bit line, no clock skew problem, and easy design. Although it has drawbacks such as
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Figure 5.14 Memory cell.

reduced noise margin and potential static power dissipation, their effect on memory operation and
already large total power consumption would be minor. Most of the chip power is dissipated in
the high-speed paths.

Figure 5.14 shows the memory cell combined with the switch cell. In this memory, the
fully decoded and pulsed source address Xx either gates the destination address information Yy
through MNM1 or latches the circuit via MPM1. To reset the entire array at once, MNM2 is pro-
vided. Also, for cells at diagonal locations, i.e. x =y, MPM2 is added to set up a loop back
mode.

Except INV1, MNM2, and MPM2, minimum size devices are used in this circuit. INV1
needs a low logic threshold, because initial high level at its input is Vpp — Vr,. However, the
logic threshold may not be too low, since the low level at its input may drift up to Vss + 1V, 1. A
p- to n-MOSFET ratio of 1.5 is proper for this inverter. MNM2 and MPM2 need to be large to

override already stored information.
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5.3.2 Destination Address Latch

Destination address latch stores the destination selection information Yy and has two input ports:
ADi for the quasi-serial loading and ADy for the parallel loading. As shown in Figure 5.15, this
latch is a modified version of the memory cell. Note that the two gating n-MOSFETs are con-
nected in parallel and the latching p-MOSFETS, in series. The latch is reset at the same time
when the memory matrix is cleared.
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Figure 5.15 Destination address latch cell.

In the quasi-serial mode, the pulse ALCj gates ADO - ADS into 4 latches. ALCH is
activated first to update YO - Y3, ALC2 next for Y4 - Y7, and so on (see Figure 5.2). Whereas in

the parallel mode, ALCp loads all 16 latches at once as explained in Figure 5.3.

5.3.3 Source Address Latch and Decoder

Source address latch and decoder circuits generate the pulse Xx (Figure 5.16). The latch is basi-
cally identical to the destination address latch, except that its inputs are tied together and reset
function is removed. ALCO or ALCp is used to clock in ADi depending on the setup mode. The
1 of 16 decoder following the latch is a fully static CMOS circuit. And the write pulse WP- gates

the output of this decoder.
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Figure 5.16 Source address latch and decoder circuits.

WP- is generated from the falling edges of ALC4 or ALCp, and the pulse duration is deter-

mined by the S-stage inverter delay.

5.3.4 Timing and Reset Control Logic

The control signals for latching and resetting in the above cxrcmts are derived from the logic
shown in Figure 5.17. A 5-bit serial shift register is used to generate the sequential pulses ALCO
- 4 from the clock ([ADS-]) edges. The chip select signal ({[CS-]) enables the clock when it is
low. Also this signal or the reset ({[RS-]) clears the shift register for the start of a new sequence.
The loop back mode is controlled by [LB-], and the parallel/ quasi-serial loading is selected by
[P/QS-]. ’

The master-slave D flip-flop used in the shift register is realized by cascading two latches
(one with p-MOSFET gating and the other with n-MOSFET gating) as shown in Figure 5.17.
This is simple and free from the clock skew related race problem because it needs only one clock

line.
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Figure 5.17 Timing and reset control logic.

Since all pulses are generated from the transition edges and their widths are determined by
the inverter delays, the speed of this control logic is approximately proportional to the technology

bandwidth. In this prototype, the clock frequency can go up to SO MHz based on the simulation.

5.4 LAYOUT AND FABRICATION
5.4.1 Layout

The MAGIC program [54] has been used for the layout. To utilize given design rules maximally,

the technology file for MAGIC has been customized so that it has a 0.1 pm minimum grid (or A).



104 Ch.5 PROTOTYPE CMOS SWITCH

During the layout phase, emphasis was put on minimizing parasitic capacitances, power line
inductances, and latch-up susceptibility. Parasitic capacitances were minimized by cutting drain
junction areas and interconnection distances, and using minimum line widths. Also, isolating the
signal lines by putting power rails in between, the coupling capacitances were reduced. Substrate
and well guardrings have been extensively used to isolate individual cell from its neighbors and

to prevent latch-up.

Wide second metal lanes were used for the power supply distribution, with frequent shunt
contacts to the first metal. Because of this, horizontal pitch of the switch and memory cell is
larger than needed for the circuit layout. This inevitably increases parasitic shunt capacitances on

the rows and columns of the matrix.

Global power supply routing uses wide second metal layer. Therefore, input/output signals
that are on the first metal are sandwiched between the two power supply plates: the substrate and
the second metal. Even though coupling through fringe fields among signal lines is reduced,

shunt capacitances increase on these lines.

5.4.2 Floor Plan

The floor plan of the chip is shown in Figure 5.18. Notice the similarity between this plan and
the architecture shown in Figure 5.1. The high-speed inputs are located at the left side of the chip
and the outputs are placed at the bottom and right sides. Vertical or horizontal pitches of core cir-
cuits such as the sense amplifier, the current-to-voltage converter of the input buffer, the current
steering circuit of the output buffer, source address decoder, destination address latch, and timing
logic are matched to the pitches of the switch/memory cell. This facilitates abutting these circuits
for a compact layoui. Because of the small core area, the chip size is determined by the pad pitch
and the number of pads. For this prototype, the number of total pads is 48 and the chip size is 2.8

mm X 3.0 mm. The vacant spacc between the core and the periphery is used for power supply
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distribution. Power supply lanes come from the top (Vpp) and bottom (Vss), and form interdigi-
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Figure 5.18 Floor plan of the chip.

The output buffer is divided into the current steering stage and the current-to-voltage con-

verter, to minimize the effect of long routing. By placing the former right next to the switch
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matrix and the latter at the pad, the steered current is delivered through the long wire, Although
the shunt capacitance is large, because the voltage swing is reduced on this wire, its effect on the
speed is minimized. This strategy has also been applied to the input buffer. That is, break point
of the input buffer is at the output of the current steering stage. But the whole input buffer cir-
cuits are placed as close to the matrix as possible to minimize the parasitics that this buffer has to
drive.

Out of the 48 pads, 5 pads are assigned to the power supplies: 3 for Vss and 2 for Vpp. In
order to reduce the power line inductances, more pads are needed for the supply connection.
However, if the number of power pads is increased, the chip gets bigger and routing distances for
the input/output signals become longer. This would increase the routing related capacitances and
inductances, and degrades the switch bandwidth. If the second metal is used for signal routing,
increase of the routing capacitances may be restricted. Because the transmission characteristics
of the switch rely mostly on the power supply inductances, increasing the number of power pads

would be beneficial to a certain extent.

5.4.3 Layout Verification

The layout was checked by extracting the entire circuit from the layout and doing both logic and

circuit simulations on that circuit.

ESIM [54] was used to verify the logic of the control block. However, ESIM cannot handle
the high-speed paths that consist of semi-analog circuits nor the pulse generation circuits that util-

ize gate delays.

The functioning of these circuits were checked through the circuit simulation program
RELAX [55]. Actually, the voltage leveis and timing for the whole chip with about 6,000
transistors have been verified from RELAX simulations. But the accuracy of these simulations is

somewhat poor in this short-channel circuitry, because RELAX uses ohly the SPICE level 1
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parameters. Also, the RELAX simulation is not reliable in that it sometimes looses fine details of

transients.

More exact simulation was done for the extracted high-speed path circuits using SPICE2
and the BSIM parameters. The result is comparable to the initial SPICE2 simulation. But the
bandwidth of the switch is generally lower in this case, due to over estimation of capacitances

during the circuit extraction.

5.4.4 Scaled Versions

The final layout of the chip has also been scaled up by factors of 2 and 1.4, to get versions with
the minimum gate lengths 2.8 pm and 2 pm and to fabricate with 3 um and 2 pm CMOS techno-
logies, respectively. It was done easily by using different scale factors in the CIF file generation

section of the MAGIC technology file [54].

The scale-up is purely optical in a sense that the whole layout is blown up by the same fac-
tor. Hence, the pad size, pad pitch, and chip size are unnecessarily big in the écaled-up versions.
In short, the scaled versions are not tuned for optimum performance. Other geometries, however,
do not deviate much from the design rules of each technology, because the technologies are
tailored to the scalable design rules. The chip size for the 2.8 pum version is 5.5 mm X 6.0 mm,

and for the 2 um version, it is 3.9 mm x 4.1 mm.

5.4.5 Fabrication

The 3 versions of the switch chip have been fabricated and packaged through MOSIS. The CIF
files were sent to MOSIS that provides mask sets to the actual chip manufacturers. The 2 pm ver-

sion has also been fabricated in the Microfabrication Laboratory of our department.

A photomicrograph of the chip is shown in Figure 5.19 which is identical for all of the 3

versions.
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Figure 5.19 Photomicrograph of the switch chip.

48-pin LCCs were used for packaging to reduce the package lead inductance. Because typi-

cal inductance of the center lead is about 5 nH [42], the power supply inductance of this packaged
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chip is approximately 2 nH. To stabilize the body bias and reduce latch-up susceptibility, the
substrate is connected to Vpp from the back through a substrate bonding. The 2.8 pm version

chips were also packaged in ordinary 64-pin DIPs.

5.5 MEASUREMENT AND DISCUSSION

The nominal characteristics of the switch chips have been measured at room temperature with a 5
V power supply. The characteristics under different operating voltages have also been observed
by varying the power supply voltage from 4.5 to 5.5 V. The measurement has focused on the key
characteristics of the switch such as the timing jitter, output noise, and crosstalk. Initially, the
functioning of each switch was checked individually by holding the chip in a LCC socket. Then,
a couple of chips have been cascaded directly to see the interface characteristics when a switching

network is expanded with the tree hierarchy depicted in Figure 2.11.

CONTROL
PSEUDO-RANDOM (100-300Mb/s) Il
(- o 4 P
CLOCK DATA GENERATOR ot

-| switcH

MODULE

PULSE 7
GENERATOR
INPUTS * . *
OUTPUTS

Figure 5.20 Measurement setup.

5.5.1 Measurement Setup

The measurement setup is shown in Figure 5.20. For the high-speed data inputs, a 215-1

sequence, pseudo-random NRZ data generator and a supplementary pulse generator have been
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used. Oscilloscope was used to observe the waveforms or eye patterns at the input and outputs
and measure the timing jitter, although the jitter would be more accurately measured if the com-

plicated setup shown in Figure 5.21 [56] is used. The probe capacitance was 10 pF nominal.

CONTROL
CLOCK POWER PSEUDO-RANDOM .
SOURCE DIVIDER DATA GENERATOR - | swITCH
| MODULE
G
CLOCK *
o o -] "
DATA
»@' - TIMING
DELAY LINE EXTRACTOR
JITTER
LOWPASS
FILTER
DC RMS
VOLTMETER 4 ISOLATOR VOLTMETER

Figure 5.21 An accurate jitter measurement setup.

The pseudo-random data generator was implemented using discrete 100k series ECL com-
ponents as shown in Figure 5.22. This circuit generates NRZ data up to a 300 Mb/s rate.
Because the switch input is not directly ECL compatible, a level shifting circuit has been inserted

at the output of the generator.

The switch module represents either a single switch in the socket or cascaded switches sol-
dered on a custom printed circuit board. Figure 5.23 shows the connection between the switches
and the top side of the board where the switches are mounted. On this board, the control port of
every switch is tied to a common control bus. Therefore, when the switch is set up such that Ift is

connected to O9, the input data IN 1 propagate through maximum 5 switches.
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Figure 5.22 Pseudo-random NRZ data generator.

Another thing to note is the input/output reference connection between chips. For example,
the switch S2-1 receives data from S1-1, S1-2, and S3-1, and the reference input node (VRI) of
S2-1 must be connected to a voltage level that best approximates the center levels of the three
outputs. As discussed in Appendix 2, by connecting the reference outputs (VRO) from different
chips together, a reference that is close to the nominal logic threshold voltagé can be obtained.
The reference connection is based on this concept, and there are two reference busses for this
switch module: one for VRO’s of §1-1, §1-2, §3-1, and S$1-3 and VRI’s of S2-1 and S2-2,

and the other for VRO’s of $2-1 and $2-2 and VRI’s of the remaining chips.

5.5.2 Measurement Results

Proper operation has been obtained with the first samples of all 3 versions. Because the 3 version
chips have similar operation, this subsection focuses mainly on the measurement results for the

1.4 pum chip.

The 1.4 um chips operate up to 300 Mb/s from a 5 V supply at room temperature. The DC
output low and high levels are about 2.2 and 3.4 V, respectively. The power dissipation is about
940 mW, insensitive to whether the chip is fully broadcasting 300 Mb/s data or is in the standby

state.
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Figure 5.23 (a) Connection diagram for cascaded switches and (b) top side of the test board

used.
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Figure 5.24 Eye patterns for the 1.4 pm chip (a) in the loop back mode and (b) in the full broad-
casting mode; top traces show inputs and bottom traces show outputs.

Figure 5.24 (a) shows eye patterns of the 300 Mb/s input data (top) and the output (bottom)
in the loop back mode. The output is loaded only with the probe capacitance. Note that the eye
of the input data is already degraded at this data rate. In this best case, the eye is open over 80%
and maximum swing is about 1.3 V. The delay is about 5.9 ns and the timing jitter added from
the chip is negligible. The data rate for 80% cye-opening is 290 Mb/s. If the switch is setup for
the full broadcasting mode, one input is switched to all of the 16 outputs, and on-chip power sup-
ply fluctuation and intersymbol interference become maximum. Figure 5.24 (b) shows eyes in

this worst mode. Although the Liming jitter is increased to about 0.3 ns and eye opcning is

reduced to 70%, the eye is sufficiently clear.

When the input is fully broadcast and observation is made for the output that drives another
chip (fan-out = 1), the 80% eye-opening data rate decreases to 250 Mby/s, the delay increases to
6.3 ns, and the jitter is less than 0.2 ns as shown in Figure 5.25 (a). For the same condition, the

data rates of 2 um and 2.8 um versions are 216 Mb/s and 106 Mb/s, the delays are 7.9 ns and 16.5



114 Ch.5 PROTOTYPE CMOS SWITCH

CHIP

INPUT=>

‘F ‘r soe ‘r LR} "

| -] -

0001 09 015
A

OUTPUT

ik 216 me

Figure 5.25 Eyes 80% open in full broadcasting mode, observed from the output with fan-out of
1:(a) 1.4 um version, (b) 2 um, and (c) 2.8 um: (top) input and (bottom) output.

ns, and the timing jitters are 0.35 ns and 0.65 ns, respectively (sce Figure 5.25 (b) and (c)).

One thing to note from (b) is that the output cye has two distinct lines. This suggests that
the timing jitter is a manifestation of intersymbol interference which is believed to be caused by

the limited bandwidth and power supply fluctuation of the switch.
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Propagation delay variation has been observed between the 16 outputs of the switch in the
full broadcasting mode. For the outputs with no fan-out, average delay is about 5.9 ns and the
maximum deviation is about 0.2 ns (or 3%). The variation pattern is closely matched with the
wire length and associated shunt capacitance between the current steering stage and transresis-
tance amplifier stage of each output buffer. (Remember that the output buffer is divided into the
two stages, and one stage is placed at the pad and the other, next to the matrix, as discussed in

Section 5.4.2. Also, see the chip photograph in Figure 5.19.)

Output DC levels also vary depending on the physical location of each output pad on the
chip. Low levels tend to increase and high levels decrease as the distance between the pad and
the current steering stage increases. Although the level variation is minor ("4% for low level and

| “2% for high level), the DC swing variation is as large as 12%. This systematic variation may

come from the resistance of the wire carrying the steered output current.

5.5.3 Crosstalk Measurement

The worst crosstalk has been measured on one idle output (O9) while broadcasting the 250 Mb/s
data to the remaining 15 outputs. The bottom trace of Figure 5.26 (a) shows the crosstalk noise

that is superimposed on the low output level. The noise is about 140 mV p-p.

For comparison, the same output in the full broadcasting mode is shown at the top. Notice
that the two eye patterns are almost identical except inversion. This inverted relationship sug-
gests that the crosstalk may be caused through the power supply inductance coupling (on-chip
supply fluctuation) or through capacitive coupling from the active outputs to the node Oy- or

OCy- (see Figure 5.11) of the idle output buffer.

~

But close examination reveals that the latter mechanism is less probable. First of all, cou-
pling capacitance from an output pad to the internal nodes is practically zero. Secondly, the

phase difference (or delay) between the two traces is virtually negligiBle. If the crosstalk is
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(b)

Figure 5.26 (a) 250 Mb/s data broadcast (top) and worst crosstalk observed from one idle output
(bottom), and (b) crosstalk on 4 idle outputs.

caused by the latter mechanism, at lcast one inverter delay would be evident. Finally, the
crosstalks observed from 4 idle outputs when broadcasting the same data to the rest 12 outputs

are proportionately smaller ("100 mV), as shown in Figure 5.26 (b).

Therefore, the crosstalk must originate from the power supply fluctuation. In fact in the

output buffer, if the output goes low, Vgs and Vpp move up, and vise versa.

For the 2 um chip, eye pattern of 200 Mb/s data on one output affected by the maximum
crosstalk that happens when broadcasting another 100 MHz asynchronous clock to the other 15
outputs is shown in Figure 5.27 at the top. Compared to the eye in the full bfoadcasting mode
shown at the bottom, the timing jitter and eye closure are increased a little. As pointed out

before, the bottom trace shows the data affected by the maximum intersymbol interference.

For the 3 um version, the chips in LCCs show less interchannel crosstalk than the chips in
64-pin DIPs because of smaller inductances. In fact, the chips in DIPs have other forms of inter-

channel crosstalk through both capacitance and mutual inductance couplings between the
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Figure 5.27 200 Mb/s data affected by maximum crosstalk (top) and maximum intersymbol in-
terference (bottom).

package leads.

5.5.4 Expanslon Experiment

Four 1.4 um chips have been soldered on the test board shown in Figure 5.23 (S1-1, S1-2, S2-1,
and S3-1), to see expansion related interface characteristics. The switches are set up for full

broadcasting, and 250 Mb/s data are sent from the input of S1-1.

In this worst mode, the data propagate through the 4 chips. Figure 5.28 shows the output
09 of S2-1 (fan-out = 1) at the top and O9 of S3-1 (fan-out = 0) at the bottom. The output of
S1-2 is not shown but similar to the bottom trace. Compared to the trace shown in Figure 5.25

(a) which is in fact O9 of S1-1, the eyes become worse as the data pass through more chips.

This increase of timing jitter mainly comes from the offset between the input reference and
center level of the input to each chip. As described in Section 5.5.1, the reference input terminal
VRI of each chip is connected to the reference outputs of the adjacent chips that are shorted

together. Again, because of the elcctrical parameter variation from chip to chip, the reference
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Figure 5.28 Outputs of S2-1 (top) and S3-1 (bottom) show successively closing eyes when data
propagate 2 cascaded chips and 3 chips.

outputs provided as the logic threshold voltages are different between chips. (For the 1.4 um ver-
sion, the reference output voltage is typically 2.78 V.) If several reference ouipuis are shunted,
the resulting level becomes close to the average of them and would not represent the center level
of any output swing (Appendix 2). Another thing to note is that the outputs from one chip may
also have small center level variation. Therefore, for example, VRI of S2-1 may not match the

center level of the input from S1-1 (09).

Figure 5.29 illustrates this mismatch between the input center level and the reference level,
and its effect on the data propagation. If the pulse transition edges are infinitely abrupt, the level
mismatch does not cause any major problem. However, outputs of the switch have pulse transi-
tion periods (i.e., rise and fall times) determined by the bandwidth of the switch. As a result, the
decision points and effective pulse widths vary for different inputs. Especially, when the data
rate is near the maximum capacity of the switch, the pulse transition period is approximately
equal to the bit period, and the decision point variation severely affects the propagation of data

through the switch. In other words, effective duty cycle of the input would deviate from 50%
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Figure 5§.29 Offset between the input reference and the center level of the input causes timing
jitter.

resulting in one bit period shorter than the switch capacity. Therefore, the data may not pro-
pagate properly or may have an excessive timing jitter. In this worst case when one bit period is
equal to the transition period, assuming that the input transitions are linear, the maximum jitter

added from a level offset Vs becomes

4= 3%‘— Ty G.4)

where Vs is the input swing and Ty is the bit period. For exampie, a 50 mV offset fora 1V
swing causes 10% timing jitter. Of course, if the pulse transition edges are abrupt compared to
the bit period, the jitter is minor.

For the 2.8 pm version, the outputs after many chips have been examined using a spectrum

analyzer. The frequency spectra become more rough and jagged, but jitter addition could not be

estimated from the data.

5.5.5 Power Supply Volitage Sensitivity

Sensitivity of the chip characteristics on power supply voltage variation is measured for the 3 ver-

sions. For a + 10% supply variation, i.e. from 4.5 V to 5.5 V, Table 5.1 summarizes the charac-
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teristics change of the 1.4 um chip. Similar behavior has been observed for the other 2 scaled

versions.
SUPPLY VOLTAGE [V] 4.5 5.0 5.5 (20%)
SUPPLY CURRENT [mA] 153 188 228 (40%)
OUTPUT SWING [V] 111 1.23 133 (18%)
PROPAGATION DELAY [ns] 6.78 6.34 6.12 (10%)
DATA RATE [Mb/s] 244 250 254 (4%)
CROSSTALK [mV] 137 139 145 (6%)

Table 5.1 Characteristics of the 1.4 um chip for different power supply voitages.

The power supply current that is mainly static varies about 40%. This is expected because

major portion of the current flows in the transresistance amplifiers that are biased at the logic

threshold voltage. In this case, the current is roughly proportional to (Zgl - Vra)2

One thing to note is the output swing variation ("18%) or the sensitivity of the swing that is
about 0.9. This sensitivity lower than 1 verifies the effectiveness of the bias generator and feed-

back resistor combination discussed in Sections 5.2.4 and 4.4.7.

Other things to note include the delay and the data rate for 80% eye opening in the full
broadcasting mode. Although the delay decreases and the data rate increases as the supply vol-
tage is increased, they show unexpecte&ly low variations: 10% and 4%, respectively. This sug-
gests that a large part of the propagation delay may not be related to charging capacitances. If the

high-speed path circuits are simple digital inverters, the delay and data rate variation would be
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close to 20%.

The crosstalk that would depend on the output swing and data rate, varies only 6%. This is
far less than expected ("22% for given data) and suggests that the transient current sensitivity is

quite low.

5.5.6 Performance under Scaling

The chip characteristics of the 3 versions are summarized in Table 5.2. The 3 versions can
roughly be considered as designs following the constant voltage scaling law [44] with a scaling
factor, §, of 1.4. Under the constant voltage scaling, the horizontal and vertical dimensions are

scaled but the power supply voltage is kept constant.

Verslons 2.8 micron Chip 2 micron Chip 1.4 micron-Chip
Chip Size 5.5mmx59mm 39mmx4.1mm 28 mmx 3.0 mm
Power Dissipation o8w 13W oow

Max. Data Rate 130 Mb/s NRZ 260 Mb/s NRZ 300 Mb/s NRZ
Propagation Delay 1585ns 7.6ns 59ns

Max. Timing Jitter 9% @105 Mbi/s 8.5% @215 Mb/s 4% @250 Mb/s
Max. Crosstalk 110 mV p-p 100 mV p-p 140 mV p-p

Table 5.2 Characteristics of the 2.8, 2, and 1.4 um chips fora 5 V supply at room temperature.

Thus the chip size is expected to decrease by S2 going from the 2.8 um version to the 2 pm

version and from the 2 um to the 1.4 um, which is evident from the table.

The power dissipation that is proportional to the static supply current is expected to increase
by § because the gate oxide thickness is reduced by § and &’ increases by S. However, the dissi- -

pation actually increases by 1.6 for the 2.8 pm - 2 um scaling and 0.7 (decrease!) for the 2 pm -
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1.4 pm scaling. This means that the 3 technologies are not scaled properly in terms of the
current. In fact, £’ of the minimum gate length n-MOSFET in each technology does not follow
the scaling law. As shown in Table 5.3, it increases by factors of 1.2 and 1.2. The deviation of
scale factors is worse for the gate oxide thickness: 1.7 and 1.1. Although the trend of gate oxide
thickness reduction is close to the trend of power dissipation, the discrepancy is still large. The
reasons may include excessive lateral diffusion that reduces effective channel length for the 2 pm
version, the short channel effects that reduce saturation current for the 1.4 um version, and inac-

curate modeling that affects parameters such as &’.

Versions 2.8 micron 2 micron 1.4 micron
tox (NMOS 1 L A
ox ( ) 1T P14
k' (NMOS) 1 Po1.2 1 1.2
Power Dissipation 1 i 1.6 1 0.7
L § 1
Delay 1 i 20 ' 1 33
Data Rate 1 24 1 12
Crosstalk 1 0.9 1 1.4

Table 5.3 Actual scale factors for the parameters and chip characteristics.

The delay is expected to decrease by S2 for a perfect scaling. But as the oxide thickness and

current scale differently, the delay may scale according to

2
Sp =St (5.5)
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where S, is the oxide thickness scale factor and §; is the current scale factor. If the actual values

are used, the delay scale factors in the table are verified.

Also, because the data rate is inversely proportional to the delay, the same scale factors are

expected for the data rate. This expectation is proved in Table 5.3.

The crosstalk most of which comes from the transient current in the output buffer may
depend on the power dissipation and the data rate. That is, the crosstalk increases by 3 or, in
'practice, by S;Sp. The data shown in the table, however, deviate from the prediction too much.
This would be due to missing of the substrate bonding for the 2.8 pm chip and inaccuracy of the

measurement.

5.5.7 Conclusion

The measurement results suggest that t'he circuit techniques used for the prototype switch reduce
the effects of chip parasitics, especially power supply line inductances, and allow the propagation
of high-speed (up to 300 Mby/s) data. Timing jitter added from the switch is less than 10% and
on-chip power supply noise appeared as the crosstalk is around 100 mV (10% of the output

swing) at the 80% eye opening data rate.

The scaling experiment demonstrates that the design is robust against blind scaling.
Although the circuit has not been optimized for the 3 um or 2 um technology, proper operation
has been obtained from the scaled-up versions and performance of those is quite close to what is

expected.

The circuit techniques can also be applied to other high-speed circuits such as sense
amplifiers in fast static or dynamic memories. In addition, they may be applicable for reducing
voltage swings on the highly capacitive, high-speed data busses in processors. Without increas-
ing device sizes and without introducing power supply noise, desired speeds will be achieved by

using the techniques.
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5.6 FUTURE IMPROVEMENTS

The prototype chip described in this chapter consumes unnecessarily large static power in the
high-speed paths. Also it has minor interface problems when constructing a large switching net-

work. This section suggests possible improvements to these problems.

5.6.1 Reduction of Static Power Consumption

As has been pointed out, most of the static power is consumed in the transresistance amplifier cir-
cuits. Among the three transresistance amplifiers along the high-speed path, the one in the output
buffer dissipates about 2/3 of power. Remember that, during the standby state when none of the
16 switch cells that are connected to one output channel is ON, the output is pulled down to a low
level (see Figures 5.5, 5.6, and 5.11). This standby low level is basically identical to the lower
limit of the swing for an active output. Because of this, guard time required between each data
transmission is minimized. But in applications where enough guard time is provided, the standby

low level may be pulled down to Vs so that static power consumption is reduced.

One way to pull down the output low level to Vs is to break the feedback path in the output
transresistance amplifier during the standby state. This can be achieved by controlling the
transmission gate feedback resistor. Since the standby pull-down signal SBY is already available,
it can be used for the control. Figure 5.30 illustrates this concept; SBy is connected to the gates
of p-MOSFETs MPA2 and MPO5 and its complement is connected to MNA2 and MNOS.
Therefore when SBy is high, the transmission gates are OFF and Oy and OUTYy are discharged
to Vss. This modified circuit eliminates static power dissipation in the sense amplifier and output

buffer during the standby state.

5.6.2 Output Level Control

As discussed in the previous section, constructing a large switch network by the method illus-
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Figure 5.30 Sense amplifier and output buffer modified for minimum static power consumption.

trated in Figure 5.23 (or Figure 2.11 and 2.12 in general) degrades the effective network
bandwidth, because the level mismatches between outputs from different chips change the duty

cycles of pulses and reduce bit periods.

One solution to this problem is to provide one input reference for the whole switch network
and control the output center levels as close to this reference as possible. The center level of the
output buffer shown in Figure 5.11 can be conﬁoﬂed by adding a transistor as shown in Figure
5.31. In fact, the logic threshold voltage of the last inverter changes if the conductance of MNO7
is varied through Vcont. The voltage Vcont needs to be controlled so that the final logic thres-

hold voltage is very close to the input reference.

The control voltage can be generated using a dummy high-speed path circuit as shown in
Figure 5.32. The negative feedback loop forces the logic threshold voltage OUTd to be equal to
the reference input VR and generates a proper Vcont. Simulation shows that the logic threshold

tracks the input well between 2.2 and 3 V with a little offset “15 mV (ngré 5.32 (b)).



126 Ch.5 PROTOTYPE CMOS SWITCH

Voo

11
H

VH--[ upo1 -&H 75 wos

MPO4
MPO3 OUTY
oy- | ocy_ [ouTy]
(vi0-19) unos R : Vcont e
MNO2

VL.-1 o EE[

Vss

Figure 5.31 Output buffer modified for output level control.

Although the output levels in one chip follows the input reference in general, due to param-
eter variation at different locations, the levels of different outputs would have non-identical
offsets. Another thing to note is that the parameter variation is much more severe among dif-
ferent chips. However, since this circuit ensures that the output levels of an individual chip track
the reference with minor offsets, the chip-to-chip interface is much better than that for the proto-

type switch.

5.6.3 Current Interface

The interface between different chips can also be improved by designing the output buffer current
driving and input buffer current sensing. Figure 5.33 shows one design modified from the proto-
type switch. In this circuit, the voltage swing reduction technique is applied at the highly capaci-
tive output node that is directly driven by the switch cells. The transresistance amplifier in the

input buffer senses current from the switch and limits voltage swing at the off-chip node.
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Figure 5.32 (a) Dummy circuit for generating control voltage and (b) tracking performance of the
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Figure 5.33 (a) Current-driving output buffer and current-sensing input buffer and (b) worst-case
simulation results of the circuit.
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This design is advantageous because the input/output interface is insensitive to parameter
variation between the chips and the signal path from input to output is simplified. A worst case
simulation shown in (b) suggests that 400 Mb/s NRZ data propagate with about 2.5 ns delay and

4% timing jitter.

One drawback of this design is that the output can only drive one input. In other words, the
fan-out is limited to 1 in normal operations, which restricts the applications of the chip in general.
However, because most of the expansion methods require switches with the fan-out of 1 (see Fig-
ures 2.9 - 2.12), this design would be sufficient for most applications. Another disadvantage is
the large power dissipation in the input buffer. This is because current from the switch cell needs
to be large to drive the off-chip capacitive load in short time, and the current in the transresis-

tance amplifier must be larger than this current for proper operation.



CHAPTER 6

CONCLUSION

This thesis concludes that wideband circuit switching for 100 to 200 Mby/s fiber-optic networks is
feasible in prevalent, low power, large-scale silicon CMOS IC technologies, even though not the
fastest. This suggests that the future fiber based LAN or broadband ISDN would not require
underdeveloped and expensive optical techniques. Optical domain channel switching would be

needed only at the highest data rates on the order of 1 GHz.

Electronic switching has been demonstrated by implementing a 16 x 16 crosspoint switch,
which is one of the key elements in circuit switching networks, using 3 to 1.25 um CMOS tech-

nologies along with appropriate circuit techniques.

Circuit techniques suggested in this work reduce voltage swing and current transients at
critical nodes, enhance the switch bandwidth, and allow integration of more crosspoints for a
given technology while reducing power line noise, crosstalk, and intersymbol interference.
Furthermore, the switch is directly scalable and the effectiveness of the techniques is maintained

under technology scaling.

These circuit techniques would be applicable to the CMOS realization of other wideband
circuits such as opto-electric receivers, transmitters, and timing recovery and regeneration circuits
that are needed for broadband electronic switching, and to high speed digital CMOS ICs, in gen-

eral.
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APPENDIX 1

OPTIMAL DESIGN OF DRIVER CHAINS

There are many nodes insidle MOS VLSI digital circuits that have large capacitance, such as
clock lines, data busses, control lines for parallel data paths, inputs of large decoders, and output
pads. To drive such nodes without introducing excessive signal delay, a large amount of current
needs to be sourced from the driving circuit. But the drive required for these heavy loads is
beyond the capability of the small gates that are used for ordinary logic implementation in VLSI
chips. In this case, a driver chain that is a cascade of drivers whose sizes are sﬁccessively scaled
up can be inserted between the minimum size gate and load. Often in CMOS digital circuits, a
driver is simply realized with a static inverter. However, a driver chain needs to be optimized in
terms of the number of stages and scale up factor to minimize the propagation delay. In fact, the

optimal criteria for a driver chain have been derived in view of minimizing the delay [57].

The previous derivation lacks certain details that may become important in real implemen-
tations. Each driver in the chain has parasitic capacitances at its output node and, due to these
parasitics, the delay through that driver is not purely proportional to the input capacitance of the
next stage as has been assumed in the derivation. This can result in substantial errors in the
optimum values. Another thing to note is that the delay is not the only performance figure to be
optimized in VLSI circuits; power and area are also important. Optimization without considering
these performance criteria will lead to circuits with wasteful die area and power consumption.
Especially since optimal design guides are being set up for computer-aided design of VLSI cir-

cuits, even small errors in the guides may be detrimental.

In this appendix, the effect of parasitics is addressed and the optimum scale up factor that
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minimizes the total propagation delay through a general driver chain is derived. Optimization
based on area-delay, power-delay, and area-power-delay products as alternative figures of merit

are also discussed.

A1.1 DRIVER CHAIN DELAY OPTIMIZATION

An N -stage driver chain driving a large capacitive load C; or sourcing a large current Iy is shown
in Figure Al.1. The first stage of the chain is driven by a current /, from a minimum size gate
whose input capacitance is Cgo. The i driver sources an average output current /; and has an
input capacitance Cg;. And the size of each driver in the chain is increased by a scale up factor x
from that of the previous stage. This means /; =«/;.; and Cg; = xCg;-1. In fact, this successive
scale up with a constant factor ensures a minimum delay when interconnection capacitances

between the stages are negligible [58]. Therefore, if 1 is defined as C./Cgo,
=1, (ALY

SinceAeach stage has parasitic capacitances associated with diffused junction, gate overlap,
and interconnection at the output node, the propagation delay through the stage is not linearly
proportional to the next-stage input capacitance. Denoting the total parasitic capacitance of the
i% driver as Cp;, the delay for driving the capacitance load is proportional to (Cgi+1 + Cpi)/l; or
(xCq: + Cpi)/I;. Because the delay due to the capacitance dominates over the intrinsic device tran-

sit time in most cases, the propagation delay at the i stage is represented as

_ XCg; +Cpi

= FCr; T, (Al.2)

tpi

where 7 is the time delay through a driver driving another same size driver (x = 1). For an invert-
ing driver, t is the familiar propagation delay of a technology, usually measured at fan in = fan

out = 1 using ring oscillators. Note that the propagation delay at each Astage depends on Cp;.
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Therefore, if Cp; is random from stage to stage, the optimization problem gets complicated.

MINIMUM SIZE GATE
DRIVER

i rwm Dt

c
L
Ceo ©Cpo Cat Cpy °el-1 Cpi-1 Gl cPNl

XIC X(!

IC

Figure A1.1 N-stage driver chain driving a highly capacitive load or sourcing a large current.

However, the gate overlap capacitance is exactly proportional to the widths of MOSFETs
used in a driver. In addition, because more contact area is needed for larger drive, the diffused
junction area and corresponding capacitance at the output are approximately proportional to the
transistor widths. Also in practice, the two adjacent driver stages are closely located and the
interconnection capacitance between them is negligible. Hence, there exists a proportionality o
between Cp; and Cg; that is determined by the actual layout and technology and remains
unchanged throughout the driver chain: .= Cpi/Cg;. Furthermore, since the drive capacity is con-
trolled by the MOSFET widths, the junction and gate overlap capacitances scale by the same fac-

tor x between stages. As a result, the delay time per stage becomes

Al (A13)

lpi=tp=

Note that, for o.= 0, #p reduces to xt or is linearly proportional to x.

The total delay ¢p through the chain simply sums to (V + 1)tp. Combining Egs. (A1.1) and
(Al.3),

—(x+a)ln
= - Thog (Al4)

Therefore, the total delay is proportional to the technology dependent phrameter /(1 + o) and to



134 A.1 OPTIMAL DESIGN OF DRIVER CHAINS

10 T T T T

<>rmo r>»-0- oOomMN=r>»330=2
w

0 ] ] ] L
0 2 e 4 %opt 6 8 10
SCALE UP FACTOR

Figure A1.2 Normalized total delay of a driver chain versus scale up factor x for different parasi-
tic capacitance ratios ct.

the logarithmic capacitance ratio In(n). It is also a function of the scale up factor; the function
(xc+ a)/In(x), as normalized total delay ¢7p,, is plotted in Figure A1.2 with a as a parameter. Each
curve shows a unique minimum at k. and relative flatness to the right of the optimum point.

From dtrp,/9x = 0, the minima occur at the intersections of the curves with a line function x;, i.e.,

Kope = oty (ALS)

When a = 0, kx and the normalized minimum delay have the same value e that is the base of

natural logarithm, as before [57]. For other values of a, k. can be roughly approximated by
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e +0.8a. Using i, the minimum total delay becomes

tDmin = T K. . (AL6)

Another optimization based on the current ratio Ix// o is possible but more complicated.
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Figure A1.3 Normalized total delay versus scale up factor for different parasitic capacitance ra-
tios constrained by Eq. (A1.7).

The optimization shown above is somewhat impractical in a sense that it ignores the follow-
ing constraints; N must be an integer and ¢p be less than half the minimum pulse period (‘1’ or
‘0"). To satisfy the first constraint, simply get Ko and calculate N. Then select two integers

closest to N and, for each, obtain x. By comparing the corresponding total delays, the real



136 A.1 OPTIMAL DESIGN OF DRIVER CHAINS

optimum values of x, N, and #;p can be obtained. Generally, the smaller of the two integers

would be the optimum one because the delay curves are relatively flat for a k larger than k..

The second constraint comes from the fact that, if the propagation delay through a driver is
only due to the output capacitance, rise or fall time is twice the delay time and the rise or fall
transient has to be completed before the opposite transient starts. This condition can be restated

as, using Eq. (A1.3),

K< -Q'Eﬁ)--‘%- -a, (Al1.7)

where ¢p is the minimum pulse period. Normally the minimum pulse period is half the clock
period of a circuit. The resulting restriction is superimposed on the delay curves as shown in Fig-
ure Al.3 for different ¢p/t values. Note that, for large ¢/t values, the above optimization applies
well. However, for values smaller than §, the curves begin to exclude optimum points. This
situation would happen when trying to design high-speed circuits out of a limited bandwidth

technology. In that case, the minimum delay is obtained for the maximum x.

A1.2 AREA AND POWER MINIMIZATION

Area of each driver in Figure Al.1 is approximately proportional to the drive capacity, because
both are linearly related to the transistor widths. Thus, if the area of the minimum size gate is Ao,

that of the i driver becomes A ¢x’. The total area used by the driver chain will be

; 1. -
ArsAcze =KAok, (AL9)

which decreases steadily as the scale up factor is increased. One reasonable optimization parame-

ter would be the delay-area product of the total chain. The normalized total delay-area product,

DAz, = L2128, . (AL9)
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is plotted in Figure A1.4 forn = 10, 100, 1000 and & = 0, 1, 2. The delay-area product is seen to
be a monotonically decreasing function of the scale up factor. So, to minimize the delay-area, it
is preferable to select a scale up factor as large as possible unless the delay gets out of a specified

limit.

e
(2

] 10 15 20
SCALE UP FACTOR

10
0

Figure A1.4 Normalized total delay-area product versus scale up factor for different capacitance
ratios, n and o '

Power consumption of each driver, whether static or dynamic, is also proportional to the
drive capability. This is obvious for static power and can be deduced for dynamic power. The

dynamic power at the output of the i*: driver is expressed as C;V;2f, where C; = Cg;4; + Cp;, and
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V; is the voltage swing. Assuming that V; =V and the static power is negligible in the driver

chain, the total power consumption becomes
Pr=V’ 3(Con+Cp)=CodV?f F(x+a) =CooV?f (n-1) £LE. (A1.10)

The normalized total power Pr, = (1 - 1)(x + 0)/(x — 1) is again an inverse function of k. Hence,
the total power is minimized by selecting a large scale factor. A more useful parameter to be

optimized would be the delay-power product.
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Figure A1.5 Normalized total delay-power product versus scale up factor for different capaci-
tance ratios, 1 and .
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Figure A1.5 shows the normalized delay-power product,

DPr=(n- 1) cEHE, (AL11)

for the same values of 1} and a as in Figure A1.4. Note that a local minimum and the correspond-
ing optimal scale factor exist. The optimal scale factors are larger than the ones in Figure A1.2

and almost independent of 1} values.
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Figure A1.6 Normalized total delay-area-power product versus scale up factor for different capa-
citance ratios, i and c.

If static power consumption dominates, the normalized total power has a functional depen-

dency equal to that of the total area (Eq. (A1.9)). This means that Figure A1.4 can be utilized for
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the delay-static power optimization as well.

Finally, the delay-area-power product would be a good figure of merit that needs optimiza-

tion. The normalized product when the dynamic power is dominant is expressed as

~{Kk+0o -xKn-1
DAPy, = {0 (AL12)

and is shown in Figure A1.6. Clearly, the delay-area-power product is minimized by maximizing

the scale up factor under the constraints like the one in Eq. (A1.7).



APPENDIX 2

LOGIC THRESHOLD VOLTAGE

The logic threshold voltage, V.7, is defined as the input or output voltage of an inverter when the
input and output nodes have the same voltage. Therefore, an inverter with its input and output
tied together naturally generates V.r. In this appendix, the logic threshold voltage is derived for a
CMOS inverter that has either long or short channel transistors. Additionally, the analysis is
extended for a case when many such (input and output shorted) inverters with slightly different

parameters are connected in parallel.

A2.1 CMOS INVERTER

If the simple long channel MOSFET model in saturation region [59] is used while neglecting the

drain conductance, V;r is derived from Ips, = lps, | With Vs, = Vps, = Vir Or

b Wir - V=22 (W, Vo - Vi = 1V 12 (A2.1)

as
Ay, Virn — Br%1 Vg, |

Vir= Be Voo +1 IBR'ER e (A22)

where
k(%)
Br sT’("’;,;)L. (A2.3)
n T n

For transistors with very short channel lengths, the saturation current is modeled as [60]

Ips = ks(4-)Vas - Vi) (A2.4)
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with

- &
kS = (1+8) ’ (A2'5)

‘DX

Vocm | (TF 0l

where 3 is the body effect factor, vy, is the normal velocity for surface scattering, and v,y is the

lateral saturation velocity. Thus, the logic threshold becomes

__BrVbp +Vra = BriVr,|

Vir e (A2.6)
with a new
ksp (Y2,
Bra— b 2. (A2.7)
ks»(r)n

In both cases, if the transistors are sized so that Bg = 1, then Vi =-22% VT;’ WD)

Figure A2.1 illustrates V.r versus Br from Eqgs. (A2.2) and (A2.6) for different sets of Vi, and
Vr, with Vpp =5 V. Note that short channel inverters exhibit more V7 variation. Most modern

CMOS inverters fall in between the two extremes, i.e., long and short cases.

A2.2 CMOS INVERTERS CONNECTED IN PARALLEL

When identically sized (in nominal sense) CMOS inverters are connected in parallel, the logic

threshold is obtained from the relation
zlosu = Z‘}fo.s'p.i- (A2.8)

In case all of the transistor parameters exactly match among inverters, this equation simply
results in the same Vir as that derived in the previous section. However, if the parameters

mismatch as found in real examples, this would be hard to solve without approximations.

For long channel transistors, Eq. (A2.8) is equivalent to
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Figure A2.1 Logic threshold voltage versus transistor gain ratio for different sets of MOSFET
threshold voltages with Vpp=5V.

5234 (P onsVir = Vin = TR, Vi = Vir = 1V 112 (A2.9)
At first, if Vra; and V7, ; are assumed to be constant, the logic threshold is simply expressed by

Eq. (A2.2) with

N ;k ,P 4 (%")P i [k 'p (%,‘)p]ave

B i
’ 2“/‘ ’ﬂ-i(%l‘)n.i x 'n(“EV‘)n]ave

(A2.10)

where [k '(JEV-)]M represents the average of the gain factors, which is close to the nominal value.
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This suggests that the nominal logic threshold can be obtained by connecting many inverters,

even if each one has slight gain parameter deviations.

Secondly, assuming that ﬁé‘-'i(%-),.,.- and f-'fi(-vz‘f—),,,; are constant, Bg = 1, and variations

of Vs and V7, ; are non-zero but small compared to their means,

VLT - VDD + VTnavze - lVTpave' . (Az.l l)

Therefore, parallel inverters result in the nominal logic threshold, when there are mismatches
only in the transistor threshold voltages. In combination, the above results demonstrate the ten-
dency that the nominal logic threshold voltage is achieved when many inverters of minor parame-

ter fluctuation are tied together.

The assumptions given above can be applied for the short channel case as well, and the

results would be the same.
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