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Abstract 

 

Energy-Efficient Equalization Circuits for High-Speed Wireline Links 

by 

Yue Lu 

Doctor of Philosophy in Engineering – Electrical Engineering and Computer Sciences 

University of California, Berkeley 

Professor Elad Alon, Chair 

 

The explosive development of various computation and communication platforms has 
demanded the per-pin I/O bandwidth of wireline links to increase at a commensurate rate, 
with projections to reach 60+Gb/s in less than 10 years. However, unlike the data-rate 
requirement, the power consumption of these links cannot increase, making 
improvements in the energy-efficiency of high-speed architectures and circuits crucial. In 
particular, equalization circuits such as feed-forward equalizers (FFE) and decision-
feedback equalizers (DFE) are faced with the burden of compensating higher channel 
losses while running at faster speeds – all without allowing any increase in power 
consumption. 
            To address these challenges, this thesis first presents a feed-forward equalizing 
transmitter that utilizes voltage-mode signaling along with a shunting branch technique to 
improve signaling power. Due to the linear mapping between the equalization strength 
and output impedance segmentation from this technique, the associated decoding logic 
can be greatly simplified, and, thus, digital power overhead can be substantially reduced. 
Regulator-based impedance tracking loops are utilized to reduce the parasitics on the 
high-speed digital path to further reduce the digital power. A 2-tap prototype based on 
this architecture was taped out in Fujitsu 65nm LP CMOS process and achieves an 
overall of efficiency of 1pJ/b when operating at 10Gb/s with 200mV differential output 
signal amplitude. 
            To enable energy-efficient DFEs at even higher speeds, this thesis will then 
describe means to reduce the latency of the circuits within the intrinsic feedback loop of 
such equalizers. Specifically, techniques such as merged latch and summer, optimized 
signaling swing, and dynamic latches are combined to enable a multi-tap closed-loop 
DFE architecture that is capable of running at 60+Gb/s. A 3-tap prototype chip was 
fabricated in TSMC 65nm GP CMOS process, achieving ~0.7pJ/b at 66Gb/s when 
cancelling a total inter-symbol interference of ~1.65x of the cursor amplitude. This 
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design represents by far the fastest DFE demonstrated to date with energy efficiency of 
better than 1pJ/bit, and highlights that the adoption of such techniques may pave the way 
forward for continued electrical I/O data-rate scaling. 
 After the introduction of these equalization circuits, this thesis will present a 
holistic link evaluation framework that aims to achieve more accurate power and 
performance estimation of link architectures at the beginning of a link design phase. With 
a compact circuit modeling methodology, circuit power and noise can be explicitly 
expressed in terms of both technology and system parameters (e.g. equalization-related 
parameters) such that a link’s overall power and bit-error-rate can be directly estimated. 
An evaluation example shows that using TSMC 65nm GP CMOS process, it is possible 
to achieve a 64Gb/s data communication speed over a 1m long coax cable-based platform, 
which aligns with the previous DFE experimental results and thus proves the potentials of 
using this framework to guide the continued wireline data-rate scaling. 
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Chapter 1  
Introduction 
 

1.1 Background 
 

Wireline links are ubiquitous. As shown in Figure 1.1, almost every communication 
platform requires wireline link to be running in the background. Unsurprisingly, with the 
explosive development of applications such as cloud storage/computation and sensor 
networks the future will only witness an increasing demand of high-speed wireline 
communications.  

 

Figure 1.1: examples of wireline links (source: internet) 

To get a general trend and estimation of how fast links will need to be, the data 
compiled from the International Technology Roadmap for Semiconductors (ITRS) can be 
used as a reference. As shown in Figure 1.2, the requirement on per pin throughput of 
I/Os will increase at 1.1-1.2X/year, reaching 70+Gb/s in about 10 years ([1]). On the 
other hand, while the throughput of the I/Os keeps on increasing, their absolute power 
budget should remain essentially unchanged (<10% as estimated in [2]–[4]), requiring the 
energy-efficiency of these I/Os to be improved ([5], [6]).  
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Figure 1.2: per-pin data rate requirement prediction 

Driven by this need, many researchers have developed promising approaches to 
push the limits of building energy-efficient high-speed I/Os. As shown in Figure 1.3, 
published papers from major conferences such as ISSCC, VLSI and CICC have shown 
that most designs below 30Gb/s can achieve sub-10pJ/b or even sub-1pJ/b energy-
efficiency. On the other hand, while links operating at 30+Gb/s and even 40+Gb/s have 
also been demonstrated, their energy efficiencies are still clustered at the region beyond 
10pJ/b. This data indicates there is still much research on both system and circuit levels 
to be done to further optimize current high-speed link platforms.  

 

Figure 1.3: published efficiency vs. data rate for 10+Gb/s electrical links 
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1.2 Equalizers 
 
To figure out the power/speed bottlenecks of wireline links, let’s begin by examining a 
typical link architecture as shown in Figure 1.4. Due to the skin effect and dielectric 
losses, electrical channels often introduce large inter-symbol interference (ISI) that can 
lead to errors on the receiver side ([7]). To deal with this ISI, equalization circuits – 
specifically feed-forward equalizers (FFE) and decision-feedback equalizers (DFE) – are 
widely adopted to restore the transmitted bits on the receiver side to bring down the bit-
error-rate to a certain targeted low level (e.g. 1e-12).  

Since the ISI is speed dependent, higher data rate operation will only require 
faster (i.e. higher circuit bandwidth) and stronger (i.e. larger circuit loading) TX and RX 
equalizations, making transceiver equalizers a critical and potentially power hungry 
portion of the transceiver ([5], [8]). For this reason, this thesis will focus on circuit design 
techniques and modeling methodologies for building energy-efficient equalizers and 
choosing optimum link architectures such that we can keep on improving link’s energy 
efficiency when we keep on increasing data rates. Before diving into the details, however, 
some basics of the FFE and DFE need to be introduced.   

 

Figure 1.4: a general wireline link architecture 

 

1.2.1 Feed-forward Equalizer (FFE) 
 
The basic structure of a FFE can be illustrated in Figure 1.5. While it can be implemented 
on either RX side (Figure 1.5(a)) or TX side (Figure 1.5(b)),1 the basic working principle 
of the FFE remains the same. It generates multi-path signals (i.e. the main and correction 

                                                        
1 There may be some power and design complexity trade-offs between implementing them on the two sides 
([13], [73]). 
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taps) by applying proper delays from the same signal source before linearly scaling2 and 
combining them to cancel the channel ISI.  

 

Figure 1.5: a 3-tap (1-pre and 2-post taps) FFE equalizer implemented on (a) RX side and 
(b) TX side 

To further investigate the FFE’s linear property, let’s write down the difference 
equation of a simple 2-tap 1-UI spaced FFE with 1 post-tap correction: 

Vout[k] = f0 ∙ Vin[k] − f1 ∙ Vin[k − 1]       (1.1) 

where f0 and f1 are the coefficients for the main tap (i.e. current bit) and correction tap 
(i.e. previous bit) and both are assumed to be positive. The negative sign before f1 is to 
implement the high-pass filter function for the FFE such that it can “inverse” or “equalize” 
the low-pass characteristic of the channel.  

When the previous bit and the current bit are different (i.e. Vin[k] = −Vin[k − 1] - 
a clock pattern for instance) and thus a transition happens, the data contains a high-
frequency component that will experience a larger loss from the low-pass channel. With 
the configuration in (1.1) , we will thus get the maximum gain of (f0 + f1) from the FFE. 
On the other hand, when transmitting/receiving consecutive bits (i.e. Vin[k] = Vin[k − 1] 
- a DC pattern for instance), the FFE will result in a minimum gain of (f0 − f1) for the 
low-frequency data stream. Due to this (f0 + f1)  (f0 − f1)⁄  gain boosting, the FFE can 
                                                        
2 Delay choices include 1-UI based data equalization or ½-UI based edge+data equalization or other 
fractional UI equalization ([63], [74], [75]). Scaling coefficients can be adapted based on different 
algorithms such as sign-sign LMS([50], [76])  and minimum BER ([77]).  

TD TD

f0 f1f-1

Vi

Vout Drx

Dtx
Channel RX Feed-forward Equalizer

Slicer

TD TD

f0 f1f-1

Vtx Drx

Dtx

Channel

TX Feed-forward Equalizer

Slicer
Vi

(a)

(b)



5 
 
extend the overall channel bandwidth by increasing the channel’s high-frequency content 
to match the overall low-frequency gain. However, since the high-frequency gain 
introduced by the equalizer has to be greater than its low-frequency gain to extend the 
bandwidth, an FFE would amplify more high-frequency noise (e.g. cross-talk noise) and 
thus tends to compromise the overall equalized signal-to-noise ratio (SNR) of the link. 
The more ISI that needs to be equalized (i.e. larger gain boosting), the more high-
frequency noise will be amplified. 

 

1.2.2 Decision-feedback Equalizer (DFE) 
 
When we take a closer look at the “noise amplification” problem of an FFE, it actually 
stems from the fact that both the main and correction bits have to go through the channel 
loss. In other words, due to its linear filter characteristic, we have to combine the “dirty” 
correction bits to the main signal to equalize the channel ISI. If in some way we can use 
“clean” correction bits to apply on the main signal path for ISI cancellation, the channel 
loss will be equalized without introducing any noise amplification. This thought process 
essentially leads us to a conceptual equalizer architecture as illustrated in Figure 1.6.  

 

Figure 1.6: a conceptually ideal equalizer (ignored channel’s propagation delay for 
simplicity) 

With such a configuration, correction bits are clean digital signals from the 
transmitter that never get contaminated by the channel loss or any other noise sources, 
and thus can cancel the channel induced ISI without eating the main signal’s dynamic 
range or introducing any extra noise. Of course, in reality there won’t exist such a perfect 
by-pass channel to send the clean TX data to the RX side or we won’t need to build 
equalizers in the first place. Fortunately, in a practical system, the recovered digital bits 
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after the RX slicer can serve as good proxies of these clean correction bits, leading to the 
decision-feedback equalizer architecture as shown in Figure 1.7. 3  

As the slicer essentially erases all the noise and memory effect introduced from 
the channel, its output can then be treated as the desired channel-independent bit source. 
However, the penalty we pay for using the received bits as the correction is also clear - 
due to its feedback nature, a DFE cannot cancel pre-cursor ISI.  

 

Figure 1.7: a 2-tap DFE equalizer 

On the other hand, as we need to utilize the “decisions” to correct post-cursor ISI, 
one particular concern often raised with DFEs is related to “error-propagation”. This 
occurs when an incorrect decision is made and causes the feedback correction to be the 
exact opposite polarity. If an ISI tap is substantial (e.g. >0.5 of the main cursor 
amplitude), it is very likely the next few bits will continue to be wrong. Fortunately, 
previous works (e.g [9]) have shown that the differences with and without considering 
error propagations end up giving negligible steady-state BER differences as often times 
the target BER would be too low to cause any substantial error accumulation. A brief 
summary of such an analysis is given in the Appendix C for reference.  

 

1.3 Thesis Organization 
 
With the introduction of FFE and DFE in this chapter, the remaining focus of the thesis 
will then be on the presentation of circuit design techniques to build both energy-efficient 
feed-forward and decision-feedback equalizers. Starting in Chapter 2, a FFE transmitter 
architecture that achieves both excellent signaling and digital power consumption will be 
introduced. Integrated with amplitude control and automatic impedance matching, a 
10Gb/s 2-tap transmitter prototype was designed and taped-out in Fujitsu 65nm LP 
CMOS process and achieved good signaling performance with only 1pJ/bit energy-
efficiency. Following that, Chapter 3 introduces a DFE architecture suitable for ultra-high 

                                                        
3 Unlike a FFE, the tap number definition in a DFE doesn’t include the main-tap. Like an FFE, the delay 
can also be chosen to be a fraction of UI ([74]). 
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speed applications. Design techniques and practical considerations will be discussed to 
implement such a 3-tap DFE capable of running at 66Gb/s while achieving ~0.7pJ/bit 
efficiency in a standard TSMC 65nm CMOS process.  With the knowledge of designing 
and implementing these equalizers, Chapter 4 presents a holistic link evaluation 
framework to assess different link architectures. Taking into account both channel and 
technology device limits, the proposed framework can substantially shorten the entire 
design cycle by helping system and circuit designers make early decisions on appropriate 
link architecture choices before running extensive system & circuit simulations. Finally, 
Chapter 5 summarizes the thesis and points out future directions. 
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Chapter 2  
Design Techniques for Energy-efficient Voltage-
Mode Feed-Forward Equalizer Transmitters 
 

The pursuit of energy-efficient high-speed links has popularized the use of voltage-mode 
(VM) transmitters due to their ideally 4x lower signaling power compared to current 
mode logic (CML) transmitters. These transmitters must typically support impedance 
matching and pre-emphasis (i.e. FFE function for signal integrity) as well as amplitude 
control to enable reduce power on clean channels. As will be discussed in more details 
soon, if not careful enough, the associated digital power overhead when embedding these 
functions in to a VM transmitter will become dominant and thus compromise the overall 
energy efficiency. In some cases it may even become more power hungry than a CML 
design ([10]). 

This chapter will analyze the signaling and digital power overhead of pre-
emphasis voltage-mode transmitters. After that, an optimized pre-emphasis scheme will 
be introduced to give both superior signaling and digital power efficiency. Leveraging 
this technique, a low-power pre-emphasis voltage mode transmitter architecture with 
output swing control, pre-emphasis coefficient control, and online impedance calibration 
is proposed and demonstrated. A 65nm LP CMOS implementation of this architecture 
dissipates only ~10mW from a 1.2V supply when transmitting 10Gb/s 400mV 
differential peak-to-peak data with a 2-tap FFE function, achieving 1pJ/bit energy 
efficiency.   

 

2.1 Current-Mode Driver vs. Voltage-Mode Driver 
 

2.1.1 VM Driver Signaling Power Advantage 
 
To compare the signaling power efficiency of a current-mode driver and a voltage-mode 
driver, we need to find how much current each driver consumes when sending the same 
amount of voltage Vsigat the transmitter output. As shown in Figure 2.1(a), for a 
terminated CML driver where its driver impedance Rt is equal to the channel 
characteristic impedance Z0, the overall effective load impedance is only Rt 2⁄ . The 
required steering signaling current to build up a differential amplitude Vsig is then: 

Isig,CML = Vsig
Rt 2⁄

= 2Vsig
Rt

         (2.1) 
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Figure 2.1: (a) simplified model for a terminated CML driver and (b) simplified model 
for a terminated VM driver when sending a bit “1” 

with a supply voltage of Vdd, the signaling power can be computed as: 

Psig,CML = VddIsig,CML = 2VddVsig
Rt

        (2.2) 

On the other hand, for a VM driver, the mechanism of generating Vsig is very 
different. Rather than steering current from one-side of the load to the other to create 
differential voltages, a voltage mode driver essentially forms a voltage divider between 
the transmitter output and the channel impedance. As shown in Figure Figure 2.1(b), a 
typical low-swing VM driver requires a low-dropout regulator (LDO) to generate an 
intermediate voltage Vdrv off the supply Vdd in order to build the differential output 
voltage. In the terminated case, the output impedance of the transmitter is equal to the 
channel characteristic impedance, and thus the transmitted signal amplitude can be 
simply expressed as: 

Vsig = Vdrv
Rt+Rt+Rt+Rt

(Rt + Rt) = Vdrv
2

        (2.3) 

and the signaling current can be found as: 

Isig,VM = Vdrv
4Rt

= Vsig
2Rt

          (2.4) 

As this current flows from the LDO (i.e. from the supply Vdd), the signaling power from 
the supply is then:4 

                                                        
4 A DC-DC converter can also be used to generate Vdrv. Depending on its achievable efficiency, it may or 
may not be more power efficient than a LDO topology. 
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Psig,VM = VddIsig,VM = VddVsig

2Rt
        (2.5) 

Comparing (2.5) and (2.2), we can easily identify that a VM transmitter has the potential 
advantage of a 4x signaling power efficiency improvement over a CML counterpart.  

 

2.1.2 FFE VM Transmitter Design Challenges 
 
While this signaling power benefit looks appealing, we must be careful about the 
overhead power consumption when integrating the functionalities of equalization, 
impedance control and swing control to VM transmitter as it requires more complicated 
controls as compared to a CML transmitter. 

To be more specific, as shown in Figure 2.2(a), in a CML driver, since the driver 
impedance is purely set by the load resistors (ignoring the high-impedance loading from 
the transistors),  amplitude modulation can be simply achieved by replacing the current 
source with current DACs without compromising termination. However, unlike the CML 
transmitter whose output swing and impedance are independently set by current DACs 
and resistors, in a VM transmitter, output swing and impedance are tightly coupled to 
each other. In other words, as shown in Figure 2.2(b), any changes to the FFE (or pre-
emphasis) settings which essentially introduce data-dependent dynamic amplitude 
modulation will require meticulous controls of the resistor DACs to maintain matched 
termination. These controls inevitably introduce extra logic on the data-path and thus 
extra power penalty.  

 

Figure 2.2: (a) simplified model for CML transmitter and (b) simplified model for VM 
transmitter 
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At low data-rates where the signaling power consumption is relatively large, the 
power overhead from extra digital gates on the data-path is mild.  However, as the data-
rate increases and the digital CV2f power rises along with it, the power consumed by the 
complex pre-driver and per-segment logic necessary to support these feed-forward 
equalization voltage-mode (FFEVM) TXs can eliminate any benefit from the reduced 
signaling power. The following sections of the chapter therefore analyze in details both 
the signaling and digital power consumption of a FFEVM transmitter. With the 
understanding of this power issue, a TX architecture with a new pre-emphasis scheme 
will be presented to achieve both good signaling and digital power consumption.  
 

2.2 FFE Voltage-Mode Transmitter Power Analysis 
 
Most of the earlier work in FFEVM designs has focused on reducing signaling power 
overheads due to pre-emphasis. However, if improving the final driver’s signaling power 
results in more parasitic capacitance on the high-speed driver path, the extra digital 
switching power overhead may easily counteract all of the signaling power savings. 
Therefore, to improve the overall transmitter power efficiency, both signaling power and 
digital power must be optimized together. In this section, we will first review how 
signaling power can be improved by increasing the total supply path impedance. We then 
analyze the digital power overhead associated with these schemes before proposing our 
solution. N 
 

2.2.1 Signaling Power Analysis 
 
The conventional voltage-mode transmitter design incorporating FFE or pre-emphasis 
(CVPEVM) was first introduced in [11]. As shown in Figure 2.3 with its equivalent 
circuit, the output voltage level was lowered (implementing de-emphasis) by creating a 
path (with a single-ended conductance Gkill) from Vdrv to ground in combination with the 
main signal path (with a single-ended conductance Gsig). Since both the Gkilland the 
Gsigpaths are composed of segmented transistors, by moving conductance from one path 
to the other (i.e. turning on/off transistors in each path) but keeping their sum equal to the 
channel’s characteristic conductance, one can change the output amplitude and hence the 
pre-emphasis level without sacrificing output termination. 
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Figure 2.3: conventional pre-emphasis scheme 

The major issue with this topology, however, stems from its degraded signaling power 
efficiency. We can express its signaling current Isig in terms of output differential 
amplitude Vout as (derived in the Appendix A): 

Isig = GTVdrv �
1
2
− �Vout

Vdrv
�
2
�        (2.6) 

where GT is the single-ended characteristic conductance of the channel and Vdrv is the 
supply voltage of the driver. From (2.6), we can see that Isig increases when Vout is 
reduced.  In other words, the efficiency with back-off is poor since more power is 
consumed when transmitting lower signal power. This occurs because the total supply 
path impedance from Vdrv to ground is reduced as Gkill is increased in order to de-
emphasize the transmitted signal. 

To deal with this particular signaling power issue, an alternative type of driver – 
which we will refer to as a constant-current pre-emphasis voltage-mode driver (CIPEVM) 
– was introduced in [10] to maintain constant Isig as Vout varies. As shown in Figure 2.4, 
an extra path (with a single-ended conductance Gshnt) in parallel with the differential 
channel is used for de-emphasis. The total supply path impedance can thus be held 
constant regardless of the output voltage, resulting in a constant Isig: 

Isig = 1
4

GTVdrv         (2.7) 
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Figure 2.4: (a) constant-current pre-emphasis scheme and (b) its equivalent circuit 

 

Figure 2.5: (a) impedance modulated pre-emphasis scheme and (b) its equivalent circuit 

To further reduce the signaling power, the most effective method5 is to use the 
impedance modulated pre-emphasis voltage-mode (IMPEVM) transmitter proposed in 
[12]. As shown by the equivalent circuit in Figure 2.5, Vout is determined by the voltage 
divider ratio between the driver’s output impedance and the channel’s characteristic 
impedance. By increasing the driver’s output impedance we can lower Vout and also 

                                                        
5 Assuming there is no supply or load impedance modulation. 
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increase the total supply path impedance. Therefore, Isig can be made to scale linearly 
with Vout: 

Isig = 1
2

GTVout         (2.8) 

As shown in Figure 2.6, although impedance modulation is attractive in 
substantially reducing signaling power relative to the original scheme, this approach 
comes at the expense of sacrificing output termination and hence system linearity (and 
thus perhaps signal integrity). More importantly, as will be discussed in the next sub-
section, its pre-driver’s digital power overhead due to the non-linear driver conductance 
to Vout mapping could compromise its overall energy efficiency. 

 

Figure 2.6: signaling power comparison of previous drivers 

 

2.2.2 Digital Power Analysis 
 
To evaluate the digital power consumption from the pre-drivers and associated digital 
logic, we need to know how the driver should be segmented to enable pre-emphasis 
control.  This can be done by finding the mapping between the conductance of each of 
the transmitter’s devices (i.e. Gsig, Gkill, etc) to Vout.6 The detailed derivations are shown 
in the Appendix A; in this section we will provide only the most important equations that 
highlight the issue at hand.  

For CVPEVM, its pull-up conductance (Gsig) and pull-down conductance (Gkill) 
as a function of Vout are: 

                                                        
6 For all of the analyses below, we will assume that a 1 is being transmitted for the current bit (i.e., Vout ≥ 
0). The output polarity definition matches that shown in Figure 2.2.  
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Gsig(Vout) = �1

2
+ Vout

Vdrv
�GT         (2.9) 

Gkill(Vout) = �1
2
− Vout

Vdrv
�GT         (2.10) 

From (2.9) and (2.10) it is apparent that in order to support the maximum pre-emphasis 
strength – i.e., Vout covering the range from Vdrv/2 to 0 – Gsig should take on values 
between GT and  GT 2⁄ , while Gkill should span from 0 to GT 2⁄ . Therefore, the maximum 
required switching conductance is Gsw,MAX = GT 2⁄  in order to achieve the full range of 
pre-emphasis strength. 

To find the required number of segments, we must also know the minimum 
conductance (Gsw,MIN) we need to switch from one branch to the other in order to achieve 
the required pre-emphasis voltage resolution Vout,LSB. This conductance is set by: 
Gsw,MIN ≈ Vout,LSB ∙ min ��dGsig

dVout
� , �dGkill

dVout
�� = Vout,LSB

Vdrv
GT      (2.11) 

With Gsw,MAX and Gsw,MIN known, we can then find the total number of segments Nseg: 

Nseg = Gbr,MAX
Gbr,MIN

= GT 2⁄
Vout,LSB
Vdrv

GT
= 1

2
Vdrv

Vout,LSB
        (2.12) 

For the CIPEVM scheme, the same method can be applied to find the branch 
conductance mappings, resulting in: 

Gsig(Vout) = ��Vout
Vdrv

�
2

+ �Vout
Vdrv

� + 1
4
�GT       (2.13) 

Gkill(Vout) = ��Vout
Vdrv

�
2
− �Vout

Vdrv
� + 1

4
�GT       (2.14) 

Gshnt(Vout) = �−2 �Vout
Vdrv

�
2

+ 1
2
�GT         (2.15) 

From the equations above, it should be clear that Gsw,MAX = GT 2⁄  in order to 
support the full pre-emphasis range. However, as shown in Figure 2.4, unlike CVPEVM 
whose branch conductance is linearly proportional to Vout, the branch conductance of 
CIPEVM changes more quickly at high Vout values and saturates at low Vout values. For 
this reason, the Gsw,MIN of CIPEVM is set by low Vout values: 

Gsw,MIN ≈ Vout,LSB ∙ min ��dGsig
dVout

� , �dGkill
dVout

� , �dGshnt
dVout

��

= Vout,LSB ∙ �
dGshnt
dVout

�
Vout≈Vout,LSB

≈ 4Vout,LSB
2

Vdrv2
GT

      (2.16) 
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The required number of segments can therefore be estimated as:7 

Nseg = Gsw,MAX
Gsw,MIN

= GT 2⁄
4Vout,LSB

2

Vdrv
2 GT

= 1
8

Vdrv2

Vout,LSB
2       (2.17) 

Finally, for the IMPEVM design, the Gsig to Vout mapping is: 

Gsig(Vout) = Vout
Vdrv−Vout

GT        (2.18) 

from which we find that Gsw,MAX = GT. Similar to CVPEVM, Gsig is also a non-linear 
function of Vout(Figure 2.7), and Gsw,MIN is also set by the region with low Vout: 

Gsw,MIN ≈ Vout,LSB ∙ min ��dGsig
dVout

�� = Vout,LSB ∙ �
dGsig
dVout

�
Vout≈Vout,LSB

≈ VdrvVout,LSB

�Vdrv−Vout,LSB�
2 GT ≈

Vout,LSB
Vdrv

GT

    (2.19) 

where the last approximation is valid when Vout,LSB is small, which is usually the case for 
a reasonable pre-emphasis resolution. Therefore, the total required number of segments 
for a Vout range of 0 − Vdrv 2⁄  can be estimated as:8 

Nseg = Gsw,MAX
Gsw,MIN

≈ GT
Vout,LSB
Vdrv

GT
= Vdrv

Vout,LSB
      (2.20) 

From (2.12), (2.17) and (2.20), we see that due to its linear characteristics, 
CVPEVM requires a substantially smaller Nsegthan the CIPEVM and IMPEVM drivers. 
As we will describe next, this increase in the number of segments will result in increased 
switching capacitance, and hence increased digital switching power consumption.  
Specifically, since each driver segment requires some type of selection logic for pre-
emphasis control and buffers for driving the final signaling transistors, the total switching 
capacitance for the final driver stage can be approximated as ([13]): 

Cfin = NsegClgc,tot + Cgt,tot        (2.21) 

where Clgc,tot is the total capacitance from the logic gates (i.e. MUXes, buffers, etc) and 
Cgt,tot is the total gate capacitance of the final driver devices.  

                                                        
7 Note that although the non-linearity of the driver can be compensated by using non-uniform segment sizes, 
as long as the smallest segment doesn’t hit the minimum size constraint of a given technology, the total 
loading from the non-uniform distribution can still be approximated by the uniform segment distribution 
with Gsw,MIN as the step size. 
8 This range was chosen to have a fair comparison with the terminated PEVM, which can only support 
swings of up to Vdrv 2⁄ . This does not change the minimum step size of the IMPEVM however. In other 
words, if we want to take advantage of the IMPEVM’s potential for larger Vout, more segments would be 
required. 
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Figure 2.7: switched branch conductance vs Vout for different drivers 

The width of the final driver transistors is set by the impedance of the channel, 
and hence is roughly identical for all of the architectures with the same peak swing.  
Furthermore, since the impedance of the channel is relatively low, these driver transistors 
are usually relatively large. Thus, when segmented to enable pre-emphasis control, the 
size of each segment typically remains larger than minimum (i.e. Cgt,tot remains constant). 
However, as shown in Figure 2.8, since the capacitive fanout of these digital pre-driver 
gates is typically greater than 1 (commonly 2-4), the per-segment high-speed gates within 
each driver cell will often hit the minimum size constraint, resulting in larger final driver 
switching power for larger Nseg. As shown for example in Figure 2.9 for a 5-bit pre-
emphasis resolution, Nseg is ~62 for IMPEVM as compared to 31 for CVPEVM. If the 
pre-driver devices in the CVPEVM have already hit minimum size, the extra 31 segments 
required for IMPEVM can cause this design to consume 2x more digital switching power 
than a CVPEM with the same resolution. To provide some numbers, with Clgc,tot~10fF, 
these 31 extra segments will consume ~1.1mW of additional digital power at 10Gb/s with 
a 1.2V supply.  This 1.1mW is larger than the signaling power of a driver with a 200mV 
peak differential output amplitude (i.e., 400mV Vdrv), and thus these additional segments 
would heavily compromise the benefits of low-swing signaling. 
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Figure 2.8: normalized digital power vs. # of segments 

 

Figure 2.9: number of segments vs. Vout  resolution for different designs 

 Note that if more complex pre-driver and decoder architectures – such as the 
look-up-tables (LUT) used in [10], [12]  – are required to compensate the driver’s non-
linearity, the digital power overhead will increase even further as compared to a linear 
driver which requires only simple decoders/unit elements. This combined extra pre- and 
final-driver switching power can easily exceed the signaling power consumption ([10], 
[12]), and the benefit of reducing signaling power by utilizing IMPEVM or CIPEVM is 
compromised. 
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2.3 Proposed Pre-Emphasis Voltage-Mode Transmitter 
As discussed in the previous section, the CIPEVM and IMPEVM architectures have 
improved signaling power efficiency over CVPEVM due to their higher supply path 
impedance at lower swings. However, both architectures penalize the digital power as 
compared to a linear CVPEVM driver. 

 

Figure 2.10: equivalent circuit of proposed PEVM 

Fortunately, by modifying the means by which pre-emphasis is implemented, we 
can combine the advantages from IMPEVM and CVPEVM to improve the signaling 
power and maintain low digital power simultaneously. Specifically, in [11], signaling 
power is wasted in the crowbar current paths created from Vdrv to ground when reduced 
swing (due to pre-emphasis) is used. Instead, extending the technique used in CIPEVM, 
the transmitter’s output voltage is modulated by using only a shunting path that is in 
parallel to the channel – as shown in Figure 2.10.  When moving conductance from Gsig 
to Gshnt to reduce Vout, we actually increase the overall supply path impedance from Vdrv 
to ground, and hence reduce signaling current. The output termination is also maintained 
since the sum of Gsig and Gshnt is kept constant and equal to GT.9  Vout vs. Gsig  follows 
the desired linear relationship shown in (2.22): 

Gsig(Vout) = 2Vout
Vdrv

GT          (2.22) 

With Gsw,MAX and Gsw,MIN set to GTand 2Vout,LSB
Vdrv

GT respectively, this driver requires the 
same Nseg  as that of CVPEVM: 

Nseg = Gsw,MAX
Gsw,MIN

= GT
2Vout,LSB

Vdrv
GT

= 1
2

Vdrv
Vout,LSB

       (2.23) 

                                                        
9 Note that if lower pre-emphasis resolution can be tolerated (or equivalently, more segments for the same 
resolution), this driver can be operated in IMPEVM mode by disabling the shunting branch and using only 
the on/off the Gsig path transistors. 
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Isig can also be shown to scale down with decreased Vout in the following manner: 

Isig = GTVout �1 − Vout
Vdrv

�        (2.24) 

As shown in Figure 2.11, the proposed architecture allows signaling current 
reduction along with the transmitted swing (albeit not quite proportionally as with 
IMPEVM) while also maintaining output termination. Its required number of segments 
follows that of a linear driver and is therefore ~2x smaller than that of IMPEVM (Figure 
2.12), thus enabling it to also achieve good digital power efficiency. 

 

Figure 2.11: signaling power comparison 

 

Figure 2.12: number of segments vs Vout resolution 
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2.4 Transmitter Architecture and Circuit 
Implementation 
Now that we have analyzed the digital power overhead of implementing pre-emphasis, 
we should also consider the impact of integrating other functionality (i.e., impedance 
control) on the energy-efficiency of a PEVM. In this section, we will therefore first 
discuss our choice for the impedance control scheme, and then introduce the overall 
transmitter architecture. We will then describe the circuit implementations, with an 
emphasis on the impedance and swing control loops that incorporate an online 
comparator offset cancellation scheme. 

 

2.4.1 Choice of Impedance Calibration Schemes 

There are two popular schemes for controlling/setting the output impedance of a 
transmitter. The “digital” approach (Figure 2.13(a)) incorporates both impedance 
calibration and pre-emphasis control into the segment design ([10], [14]). Although this 
may simplify the overall implementation, even with non-uniform segments ([14]), this 
choice tends to compromise the pre-emphasis resolution for a reasonable total number of 
segments.  For example, the design in [14] used 24 segments to achieve 4.6-bit dynamic 
range in impedance but only ~2-bit dynamic range in pre-emphasis.  Therefore, to 
decouple impedance calibration and pre-emphasis control, and hence increase the pre-
emphasis dynamic range, we choose to use the “analog” approach proposed in [11], [15]. 
Specifically, as shown in Figure 2.13(b), separate regulator-based control loops adjust the 
supplies of the pre-drivers in order to control the impedance of the pull-up, pull-down, 
and shunt devices, leaving segmentation only for pre-emphasis coefficient control. 

 

Figure 2.13: (a) “digital” impedance calibration scheme and (b) “analog” impedance 
calibration scheme 
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2.4.2 Overall Architecture 

 

Figure 2.14: overall transmitter architecture 

The overall transmitter architecture is shown in Figure 2.14. Since a large number of TX 
pre-emphasis taps quickly leads to excessive pre-driver power due to complex segment 
logic, in this design we have chosen to implement only 2 taps of pre-emphasis. 10 The 
pre-emphasis tap can be assigned to be either the post-cursor or the pre-cursor. Following 
the 16:1 tree-type serialization, before entering the final driver, the digital data stream is 
pre-decoded in order to simplify the logic required within each driver segment. 

In this design, the final driver comprises of 15 segments, which corresponds to the 
maximum achievable resolution before the pre-driver logic transistors hit the minimum 
size constraint. This results in a 4-bit tunable pre-emphasis weight from 0 to 100% with a 
step of ~6.7%. 

 

2.4.3 Pre-emphasis Decoder  
 
Knowing that the target TX FIR filter will be high-pass in nature, the pre-emphasis 
decoder simply looks for differences/similarities between the current bit and the next or 
previous bits (using XORs and ANDs) in order to provide appropriate signals for the 
pull-up, pull-down, and shunt devices.  As shown in Figure 2.15, the principle motivation 
for performing this pre-decoding is that these logic gates can be shared amongst all final 
driver segments. Each individual segment then only needs to include MUXes to decide 
whether to use the pre-decoder outputs or simply the raw data bit. In comparison to a 
design which effectively requires multiple complex logic gates within each segment (e.g. 
[12]), this design moves some logic gates out of the driver segments to a shared non-
minimum-sized pre-driver logic and hence results in significantly reduced digital power 
overhead. 
                                                        
10 A multi-tap design can be implemented by incorporating a more complicated decoder to select driver 
segments. However, multi-tap equalizers typically require higher resolution on a per-tap basis, leading to 
additional segments and exacerbating the digital switching power issue.  For this reason, receiver 
equalization is often a more efficient means of dealing with higher-loss channels ([13]). 
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2.4.4 Driver Segments 
 
The driver segment includes the interface between the full-swing digital data and the 
transmitted low-swing analog signal. Since the target maximum swing of this particular 
design is low (<250mV differential amplitude), each segment utilizes an N-over-N 
voltage mode driver. Similarly, the shunt devices are also implemented with NMOS 
transistors due to the low output common-mode voltage. The supply voltage of the N-
over-N leg is connected to Vdrv, which is generated by the swing control regulator. The 
gate voltage of the pull-up, pull-down, and shunt devices are connected to 3 buffers, each 
with a supply of Vtp, Vbt and Vmd generated from the impedance control regulators.11 The 
pull-up, pull-down and shunt devices are sized to give roughly equal Vtp, Vbt and Vmd so 
that the buffer delays on the three paths can be approximately matched. The buffer chains 
are composed of an even number of inverters to balance rise and fall times across 
different corners. 

 

Figure 2.15: decoder and segment schematic 

As mentioned earlier, since we have decoupled the impedance control from the 
pre-emphasis control, as shown in Figure 2.15, MUXes can simply be added to the inputs 

                                                        
11 For transmitters that must support higher peak swing, the N-over-N voltage mode driver could be 
replaced with a P-over-N type. An NMOS transistor or a transmission gate could be used for the shunt 
device of a high-swing TX depending on the output common mode and the maximum pre-emphasis 
strength. For a P-over-N driver, the ground of the pre-driver for the PMOS output device would be 
regulated (instead of the supply) in order to control the PMOS transistor’s impedance. 
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of each segment in order to achieve coefficient adjustment. If the segment is enabled for 
pre-emphasis, the MUX within the segment will connect the pull-up, pull-down, and 
shunt device gates to the outputs of the pre-decoder that compares between the current 
and next or previous bits. If the segment is not configured for pre-emphasis, the shunt 
device will be grounded and the pull-up and pull-down devices will be driven purely by 
the current bit. Utilizing this simplified segment logic that consists of only 2-input 
MUXes and level-shifting inverters minimizes the final-driver power overhead to 
~1.7mW from the per-segment high-speed digital gates.  

 

2.4.5 Impedance Control Loop with Online Comparator Offset 
Calibration 

As shown in Figure 2.16, impedance control is achieved through the regulated gate 
voltages Vtp, Vbt, and Vmd. Similar to the technique used in [15], these voltages are 
generated by replica-bias circuits that force a replica segment to have the same 
impedance as a reference resistor string.  

 

Figure 2.16: schematic of impedance control loop 

750Ω

750Ω

Vdrv

750Ω

750Ω

Vdrv

1.5kΩ

750Ω

750Ω

750Ω

Vmd
1.5kΩ

Vmd 
Generator

Vbt 
Generator

Vbt

VdrvVdrv

VddH

Amp

VddH

Amp

Vdrv Vdrv
Vdd

1.5kΩ

750Ω Vdrv

15 units

Vtp

750Ω
1.5kΩ

750Ω

VddH

Amp

Vtp Generator



25 
 

As highlighted in Figure 2.17, the regulator utilizes a comparator-based 
architecture with a source-follower output stage in order to reduce the power consumed 
by its feedback loop ([16]). Since Vtp and Vbt as well as perhaps Vmd may need to be very 
close to Vdd, and since the regulator’s power device is an NMOS source-follower, the 
gate voltage of the power device may need to be higher than Vdd. The regulator feedback 
control loop therefore uses a higher voltage (but very low current) supply VddH (e.g. 
1.6V)12 along with a level shifter to support this higher gate voltage. 

 

Figure 2.17: implementation of comparator-based regulator loop 

Given the broadband low output impedance and gmro intrinsic PSRR of the 
NMOS source follower power device, the regulator’s feedback control loop need not 
achieve high bandwidth ([16], [17]). Hence, this design utilizes a switched-capacitor 
resistor (SCR) at the gate of the power device to implement a low-pass filter and 
attenuate the output voltage ripple due to the loop’s dither to a simulated value of less 
than 1mV (the capacitance at the gate of the power device is ~1000X larger than that of 
the SCR). Due to the higher supply VddH, the devices in the switched-cap resistor are all 
thick-oxide to ensure reliability. 

The error signal between the replica and the reference resistor string is generated 
by a comparator. Given the relatively low target swing and hence low common-mode at 
the comparator’s input, the feedback comparator is implemented with a PMOS-input 
StrongArm latch ([18]). Minimizing the power dissipation of this comparator leads to 
nearly minimum sized devices. Thus, if left uncompensated, the comparator (and hence 
the overall regulator) could exhibit >100mV of offset. Moreover, since changing the 
output swing will change the output common-mode and hence the input-referred offset, 
online digital offset cancellation was implemented to continuously eliminate the 
comparator’s offset.  

This offset cancellation was achieved by time-interleaving the operation of the 
comparator so that it auto-zeroes its own offset and also provides feedback for the 
regulator. In the calibration phase (Figure 2.18(a)), the comparator is disconnected from 
the regulation loop by shorting its inputs to a capacitor that stores the input common-
mode voltage. The output of the comparator changes according to its offset value and is 
                                                        
12 Since VddH is effectively used only to set the DC voltage on a capacitor, it supplies minimal current in 
steady state. Thus, if a suitable externally generated supply was unavailable, VddH could be 
straightforwardly generated with an on-chip charge-pump ([16]). 
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fed into an accumulator. The accumulated output controls a 5-bit capacitor-DAC (CDAC) 
that is connected to the drains of the input devices (similar to [19]) to cancel the 
comparator’s offset. After the calibration phase, the loop enters the regulation phase 
(Figure 2.18(b)) by re-connecting the comparator inputs to the reference strings/replica 
cells and by disabling the feedback accumulator. The offset-cancelled comparator then 
behaves as a normal comparator to amplify the input difference so as to adjust the 
regulated voltage. In steady-state, the output of the offset accumulator will dither around 
a certain value. In order to limit this offset dither, the LSB of the CDAC is chosen to be 
4mV. The calibration control signal (cal) is a divided by 2 clock pattern from the 
78.125MHz clk signal which itself is a divided signal from the global high-speed clock. 

 

Figure 2.18: illustration of interleaved comparator offset calibration and regulation 
process: (a) comparator auto-zeroing (calibration) phase and (b) regulation phase 

 

2.4.6 Output Amplitude Control Loop 
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comparator offset cancellation scheme is used here to track common-mode variation 
induced offset changes as the swing values are adjusted. Since Vdrv is designed to be 
always ≤500mV, no extra VddH is required for this NMOS power device. 

 

Figure 2.19: schematic for swing control loop 

 

2.5 Measurement Results 
 
In order to experimentally verify the proposed TX architecture and circuits, a test-chip 
including this design was fabricated in a 65nm LP CMOS process. The die photo along 
with the TX layout is shown in Figure 2.20, highlighting that the TX occupies an area of 
~300 µm×200 µm.  

 

Figure 2.20: die photo and TX floor plan 
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In order to test the TX pre-emphasis functionality, we used the TX to drive a 10” 
FR4 PCB trace. Before characterizing the TX itself however, we must first measure the 
characteristics of this channel.  Using the channel’s measured S21 to simulate the 10Gb/s 
pulse response (Figure 2.21) shows ~13dB loss at Nyquist (5GHz) and a dominant post-
cursor whose magnitude is ~0.4 of the cursor.  

 

Figure 2.21: 10” FR4 PCB trace (a) S21 and (b) simulated 10Gb/s pulse response 

Before turning on pre-emphasis, we measured the eye diagrams with 223-1 PRBS 
data and Vout = 250mV before and after this channel, as shown in Figure 2.22. Since the 
total output pad capacitance including ESD is about 1.3pF and there is ~2” of FR4 PCB 
trace between the test-chip and the connector, the intrinsic output bandwidth of the TX 
(even without the additional 10” trace) is limited to ~4GHz. This inherent bandwidth 
limitation is the reason for the ISI apparent in Figure 2.22.  After the 10” trace, the eye is 
completely closed. However, as shown in Figure 2.23, after configuring the TX to apply a 
pre-emphasis filter of (10x[n]-5x[n-1])/15, the eye is opened with 3.19ps/22.22ps 
RMS/P2P jitter. 

 

Figure 2.22: 223-1 PRBS eye before and after 10” trace with post-tap pre-emphasis turned 
off (100mV/div vertical, 20ps/div horizontal) 
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Figure 2.23: 223-1 PRBS eye before and after 10” trace with post-tap pre-emphasis turned 
on (100mV/div vertical, 20ps/div horizontal) 

To verify the impedance and swing control loops, Figure 2.24 and Figure 2.25 
show the measured characteristics of the transmitter. Across output swings and pre-
emphasis settings (PE code), the output impedance remains nearly 52Ω, indicating the 
effectiveness of the impedance loop. Note that the deviation from the ideal 50Ω value is 
due to mismatches between the different reference resistor strings within each regulator. 

 

Figure 2.24: TX output swing tuning curve 
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Figure 2.25: TX output impedance vs. signal amplitude 

Finally, the power consumption of the TX was characterized. Figure 2.26 shows 
the signaling power vs. pre-emphasis code at a nominal output swing of 250mV. The 
measured signaling power drops with lower swing and tracks almost perfectly with the 
analytical predictions.  

 

Figure 2.26: signaling power with 250mV differential amplitude swing vs. pre-emphasis 
setting 
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 The total power vs. output differential amplitude is plotted in Figure 2.27(a), and 
Figure 2.27(b) shows the total power vs. data-rate. The total power consumption is 
~10mW for a 10Gb/s 200mV differential amplitude PRBS sequence. Based on these 
trends, we can also extract that the analog power is ~5mW, with 2.4mW due to the 
signaling power and the remaining 2.6mW from other biasing and leakage paths.13  
Similarly, the extracted total digital power is ~5mW, which consists of ~2.8mW for the 
16:1 serializer and clock divider chain, ~1.7mW for the final driver,14 and ~0.5mW for 
the pre-decoder.  

Table 2.1 summarizes the results of this design in comparison with previous 
PEVM designs with the same number of equalization taps and similar TX swings. In 
addition to supporting output swing scaling and impedance control, the proposed PEVM 
works at the highest data rate while achieving ~2x improved energy-efficiency, largely 
due to the reduced digital overhead. 

 

Figure 2.27: TX power vs. output swing and data-rate 

 

                                                        
13 This 2.6mW includes 3 resistor reference string currents, 3 transmitter replica currents, and bypass cap 
leakage current. 
14 This 1.7mW includes gate buffer power drawn from the regulated supplies Vtp, Vbt and Vmd as well as 
pre-emphasis selection MUX power drawn from Vdd. 
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Table 2.1: pre-emphasis voltage-mode transmitter comparison 

 

 

2.6 Conclusions 
 
By analyzing the signaling and digital power consumption of previous PEVM 
transmitters, this chapter shows that although the CIPEVM and IMPEVM drivers 
improve signaling power over the CVPEVM driver, they both suffer from increased 
digital power consumption due to their non-linear conductance to output swing mapping.  
This non-linear mapping results in an increased number of segments to achieve a given 
level of pre-emphasis control, and hence results in increased digital power consumption. 
To improve both signaling and digital power consumption, we propose a pre-emphasis 
scheme that relies purely on a shunt-to-channel path for signal amplitude de-emphasis. 
Along with independent impedance control loops to minimize the number of final driver 
segments required for pre-emphasis control as well as a shared pre-emphasis decoder 
with simple driver segments, the proposed architecture maintains both low signaling and 
digital driver power. A 65nm LP CMOS implementation of this architecture dissipates 
only ~10mW from a 1.2V supply when transmitting 10Gb/s 400mV differential peak-to-
peak data with 2-tap pre-emphasis, achieving 1pJ/bit energy efficiency.    
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Technology 0.18um 45nm SOI 90nm 65nm LP
Supply 1.8V 1-1.65V 1.15V 1.2V
Data Rate 3.6Gb/s 7.4Gb/s 4Gb/s 10Gb/s
Swing 250mV 400mV ≤500mV ≤250mV
# of Taps 2 2 2 2
Equalizer 
Resolution

35.7mV 33mV 18mV 16.7mV

Power 10mW 32mW 5-17mW 8-11mW
Energy/bit 2.8pJ/bit 4.3pJ/bit ≤4.25pJ/bit ≤1.1pJ/bit
Digital 
Overhead

N/A N/A 1.25pJ/bita 0.5pJ/bitb

aDecoder only bIncludes serializer and clock dist.
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Chapter 3  
Design Techniques for Multi-Tap Energy-
Efficient Decision Feedback Equalizers 
 

As previously discussed in Chapter 1, feed-forward equalizers are essentially linear 
equalizers that suffer from the noise amplification drawback. On the other hand, decision-
feedback equalizers (DFE) use clean “digital” decisions to correct the trailing ISI which 
avoids the high-frequency noise amplification issue. For this reason, to cancel post-cursor 
ISI, DFE is usually preferred over a FFE to equalize the distorted signal. However, since 
the operation of a DFE requires a decision from the current bit to cancel the ISI it poses 
on later bits, it inevitably introduces feedback loops. Closing the timing of these feedback 
loops – especially the 1st tap timing that has only 1 unit interval (UI) – makes the design 
of DFEs very challenging.  

To relieve the timing constraints of the initial tap(s), many current 20-40Gb/s 
designs utilize a loop-unrolled architecture ([20]–[24]). However, loop-unrolling 
introduces additional delay into the critical paths of later (non-unrolled) DFE taps due to 
the selection MUXes, and with its exponential growth in complexity, does not scale well 
as the number of unrolled taps increases. Perhaps for this reason, no multi-tap DFE 
solutions with single pJ/bit energy-efficiency have yet been demonstrated at data 
rates >40Gb/s. 

In order to break this barrier and realize an efficient multi-tap DFE operating at 
such data-rates, in this chapter we will propose techniques to directly close the most 
timing-critical first tap. Utilizing the proposed techniques, we have demonstrated a 3-tap 
closed-loop DFE prototype in a 65nm CMOS technology that operates at up to 66Gb/s 
while consuming only 46mW of power from a 1.2V supply ([25]). 

 

3.1 Multi-tap Design Challenges 
 

3.1.1 Closed-loop DFE Timing Constraints 
 
Dealing with the timing of the very first tap in the DFE typically drives the architecture 
and hence timing constraints of the entire design, and thus we will begin the discussion 
by examining a single tap DFE. As shown in the full-data rate (FDR) 1-tap closed-loop 
DFE (CLDFE) implementation of Figure 3.1(a), the input analog signal is “sliced” by the 
flip-flop (FF) in order to convert into a digital signal, which is then fed-back to cancel its 
the first-tap post-cursor ISI. Therefore, the highlighted path requires the whole operation 
to be completed within: 
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 Tckq  +  Tsetup  +  Tsettle  <  1UI       (3.1) 

where Tckqand Tsetup are the propagation delay and set-up time of the FF while Tsettle 
represents the analog setting time of the summation node.  

As bit-rates approach the limits of the device speed, implementing a full-data rate 
flip-flop (FF) and its associated clocking circuits may not be energy-efficient or practical. 
Double-data rate (DDR) architectures like the one shown in Figure 3.1(b) are therefore 
often adopted to relax the circuits’ throughput requirements. However, as highlighted in 
the same figure, moving to a DDR architecture does not modify the 1st tap timing 
constraint. 

 
Figure 3.1: (a) full-data-rate 1-tap closed-loop DFE and (b) double-data-rate 1-tap closed-

loop DFE architectures 

 

3.1.2 Loop-unrolling Limitations 
 
To relax the stringent 1st-tap timing constraint, the loop-unrolling (LUDFE) architecture 
was introduced in [26] and has been widely adopted in many 1-tap DFE designs ever 
since ([21], [27]–[30]). 

The operation of loop-unrolling can be reviewed with the help of Figure 3.2 for a 
full data-rate 1-tap LUDFE. The operation of loop unrolling behaves quite similar to a 
carry look-ahead adder ([31]). With the assumptions from the previous bit being either 1 
or -1, a static offset with −α or +α  (α is the absolute magnitude of the post-cursor ISI) is 
applied on the incoming analog bits. Thus the outcomes for both cases with ISI 
corrections can be pre-computed. The final outcome is then selected based on the actual 
value of the previous bit. It is worth noting that the name “loop-unrolling” is slightly 
misleading since the feedback loop still exists when choosing which result to select from 
(i.e., the loop is not truly eliminated).  The feedback delay is now moved to the digital 

FF

α

Gm

Gm

CK

FF

Gm FF

α

α

CK

CKX

Vin Dout Vin

De

Do

Vx

Vx

(a) (b)



35 
 
domain and potentially could be faster than the closed loop operation due to the savings 
on the analog setting time. 

 
Figure 3.2: 1-tap loop-unrolled FDR DFE architecture 

Same as the consideration for the closed-loop case, to cut the clock frequency by 
half and thus reduce the clocking path’s burden, the 1-tap loop-unrolled design can be 
modified to support the DDR architecture as shown in Figure 3.3 with the same timing 
constraint; the new loop timing constraint for the 1st tap is: 

Tckq  +  Tsetup  +  Ts,MX  <  1UI       (3.2) 

where Ts,MX is the selection MUX’s digital propagation delay and is presumably smaller 
than the analog settling delay Tsettle in (3.1).  

 

Figure 3.3: 1-tap loop-unrolled DDR DFE architecture 

Gm

CK

MX
D[n-1]

FF

FF

FF

Vin

CK+α

-α

D[n]|D[n-1]=-1

D[n]|D[n-1]=1

Gm

Gm

CK

CKX

CKX

CK

+α

+α

-α

-α

MX

MX

Vin

De

DoFF

FF

FF

FF

FF

FF



36 
 

Although this unrolled architecture can improve the 1st tap timing, it unfortunately 
places additional burden on later non-unrolled taps due to the delay from the extra 
selection MUXes (i.e. the data input delay Td,MX).15 Specifically, as shown in Figure 
3.4(a) for a 1st tap loop unrolled and 2nd tap closed-loop DDR DFE, the timing constraint 
for the 2nd tap is: 
 Tckq  +  Tsetup  +  Tsettle +  Td,MX  <  2UI,       (3.3) 

whereas the 2nd tap timing constraint for the CLDFE design in Figure 3.4(b) is simply: 

Tckq  +  Tsetup  +  Tsettle  <  2UI        (3.4) 

 

Figure 3.4: 2nd tap critical timing path for (a) 1st tap unrolled and 2nd tap closed-loop 
DFE and (b) 2-tap closed-loop DFE 

In order to alleviate their timing constraints as well, one could unroll further taps 
(beyond the 1st tap) in order to remove their analog settling from the timing loop as well 
([22], [23]). However, the exponential growth in required hardware (i.e. slicers, MUXes, 
etc) as the number of unrolled taps is increased will introduce substantial additional 
loading due to the parasitic capacitance of the (long) wires and hence inherently degrade 
the energy-efficiency of the solution.16 

Note that in contrast to loop-unrolling, if one were able to physically close the 
timing critical 1st tap, meeting the timing for the later taps is relatively easy.  This leads 
us to re-examine techniques to directly close the 1st tap. 

 
                                                        
15 The exact value of Td,MX depends on the MUX topology and its loading. However, due to high logical 
effort as well as self-loading, Td,MX typically exceeds 1UI at our target speed. 
16 As discussed in [27], receivers with loop-unrolled DFE may require additional edge samplers to maintain 
a high phase detector update rate, which could further compromise energy-efficiency. 
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3.2 Proposed Closed-Loop DFE 
 
As described in the previous section, meeting the timing needed to achieve closed-loop 
operation at >40Gb/s data-rates appears to be a very daunting task.  However, by 
performing a series of three DFE circuit architecture optimizations described below, we 
can significantly extend the data-rate at which closed-loop DFEs can operate in an 
energy-efficient manner.  

3.2.1 Optimization #1: Merged Summer/Latch 
 
If we examine the operation of the CLDFE shown on the left of Figure 3.5 more closely, 
the FF (composed of a master and a slave latch) first waits for the analog node VX to 
settle, generating the Tsettle term in the timing equations. The master latch amplifies this 
analog signal, and the delay associated with this process contributes to the Tsetup term. 
Finally, when the clock makes the slave latch transparent and places the master latch into 
its regenerative (positive feedback) configuration, after Tckq time the analog signal is 
amplified to a digital level and fed-back to cancel the post-cursor ISI. As implied by this 
description, there is a significant component of delay due to the “settling” and 
“amplification” processes occurring serially instead of concurrently.  

Fortunately, if we merge the forward and backward summer stages with these 
latches (similar to [32]) as shown on the right of Figure 3.5, we allow the “settling” and 
“amplifying” processes to occur simultaneously. With this latched summer design, we 
can improve the timing constraint to: 

 
Tdq <  1UI           (3.5) 
 
where Tdq stands for the propagation delay of the latched summer, which is roughly equal 
to the Tsetup of the master-slave flip-flop in the original configuration.  

 

Figure 3.5: illustration of optimization 1 – merged latch and summer 
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3.2.2 Optimization #2: Reduced Latch Gain 
 
While merging the latch and the summer makes a significant step towards improving the 
DFE timing, pushing the DFE to operate with a UI of <1 fanout-of-four 4 (FO4) inverter 
delay requires further optimization.  In particular, to meet our target of 60+Gb/s, Tdq 
must be at most ~16ps (~0.75 FO4 in this technology), and thus techniques to reduce this 
delay are essential.  

Recall that the purpose of the latch within the merged structure is to convert the 
input analog signal into an output digital level.  However, as with any other amplifier-like 
circuit, there is a direct trade-off between the required latch gain, Alat and its propagation 
delay, Tdq. Thus, if we can reduce the required latch gain, we can also reduce Tdq and 
hence the speed of the DFE. As shown in Figure 3.6, the first step in this optimization is 
to reduce the required digital output level (i.e. the cursor amplitude Vd after the latch).  

To understand the extent to which we can reduce Vd, we need to keep in mind that 
in order for the DFE to function as intended, the input devices of the feedback stage α 
have to interpret the signal produced by the latch  as a digital level. In other words, Vd 
can be lowered to the point that it is just greater than the clipping voltage Vc of the 
feedback stage and so that any noise that was accumulated on the forward path is 
attenuated sufficiently that it does not propagate back to the summation node. 

The feedback stage is typically implemented by a differential pair, and hence Vc is 
directly proportional to the overdrive voltage V∗ of the transistors within this pair.17 
Specifically, when the differential amplitude of the signal fed into the pair exceeds the 
devices’ V∗, the voltage-transfer curve (VTC) of the stage begins to compress.18 

 

Figure 3.6: illustration of optimization 2 step 1 – reducing the required output digital 
level 

                                                        
17 Note that V∗ = 2 Ids gm⁄  as defined in [47]. It stems from [48] and is equal to the overdrive voltage 
Vov = �Vgs − Vth� for square-law devices. 
18 One rule of thumb as derived in [78] for long-channel devices shows Vc ≈ √2V∗.  The relationship 
between V∗ and Vd in terms of noise performance will however be explored further in 3.2.4. 
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By choosing the V∗ of the input pair to be small, we can reduce Vc and thus lower 
the required output digital level. However, lower V∗ results in lower device transition 
frequency fT and inevitably creates larger capacitive loading to the forward stage. 
Therefore, the V∗should typically be lowered only to the point that the net charge (i.e., if 
Cg,tap is the gate capacitance of the feedback pair, the charge is Cg,tapV∗ ∝ V∗/fT) that 
must be delivered by the latch is minimized.  In a typical 65nm technology, this occurs 
for a V∗ of ~200mV, leading to a Vc of ~280mV. To further lower the latch gain 
requirement, as shown in Figure 3.7, we can increase the input analog level (i.e. the 
cursor amplitude Vin). In order to achieve this without compromising the receiver’s 
overall input sensitivity, we can simply add gain stages in front of the latched summer. 
Note that by implementing additional gain outside of the feedback loop, the overall input 
sensitivity can be maintained without compromising the latch delay or DFE timing 
constraint.  

 

Figure 3.7: illustration of optimization 2 step 2 – increasing the input analog level 

In practice, there is however a limit on how much gain can be assigned to this 
additional front-end stage. Since the first-tap ISI is not removed until the latched 
summer’s output, the input pair of the latch should process the signal coming from the 
previous stage linearly. This means that unlike the feedback stage, the maximum signal 
level at the output of GmA should be less than the clipping voltage Vc of the latched 
summer input. To increase the latched summer’s input linear range and therefore allow 
larger front-end gains as well as peak device fT, it is typically desirable to choose as large 
of a V∗ as possible given the available headroom.  In this technology with a 1.2V supply, 
the V∗ of the latched summer input pair is thus set to ~350mV. 

 

3.2.3 Optimization # 3: Dynamic Latch Design 
 
Even after applying the previous two optimizations, as we will describe in further detail 
next, utilizing a traditional CML latch would still limit the operating speed of the DFE to 
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to total output capacitance.  This means that any structures with large inherent self-
loading will either be unable to operate at these speeds or suffer significantly in terms of 
their power consumption.  As analyzed in detail in Appendix B, the regeneration pair of a 
traditional current-mode-logic (CML) latch design creates substantial self-loading to the 
circuit.  In fact, the bandwidth of such a latch is limited to fT/4 even with both the gain 
and electrical fanout (i.e., the ratio of the external load capacitance to the input 
capacitance of the latch) set to 1.  A traditional CML latch is therefore not very well 
suited to our goals for the latched summer.  

 

Figure 3.8: closed-loop 1st tap with dynamic latch 

 
Fortunately, we can leverage the earlier optimization of making the latch gain 

relatively low and instead utilize a dynamic latch design similar to [33] for the latched 
summer.  Figure 3.8 illustrates both the latch and its use in this context, while Figure 3.9 
shows representative operating waveforms that highlight how the input data is recovered 
by this latched summer. When CK=1 (CK=0), both the PMOS triode loads and the 
NMOS tail current source are enabled so that the latched summer in the even (odd) path 
is in its transparent phase that amplifies the input signal. Meanwhile, the latched summer 
in the odd (even) channel has both the PMOS load devices and the NMOS tail device 
turned off so that it is in its opaque phase, and its held output data is fed-back to the 
correction pair of the even (odd) path to generate the 1st tap current pulse Iα,o→e. This 
correction pulse therefore cancels the 1st-tap ISI on the input signal at the same time as 
the input is being amplified by the latch.  
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Figure 3.9: 1st tap operation waveforms with an input data pattern of 10010 that is 
distorted by a single tap of post-cursor ISI 

In order to further quantify the advantages of such a dynamic-latch based design 
over the conventional CML latch-based implementation shown in Figure 3.10. Figure 
3.11 compares their optimal power consumption vs. data-rate tradeoffs.  Note that the 
dynamic latch based design includes front-end gain stages, whereas the CML-based 
design can in principle always achieve sufficient gain during its regeneration phase. The 
details of the analysis and optimization used to compare the two topologies are provided 
in Appendix B. Intuitively, since positive feedback effectively “re-uses” the bias current 
of a single stage to achieve the equivalent of multiple stages of gain, positive feedback 
only provides substantial power benefits when the overall gain is high. Thus, for low to 
moderate gain designs, the dynamic latch-based design is always lower power than the 
CML based design (independent of speed) due to the dynamic design’s reduced self-
loading and the fact that each dynamic latch consumes power during only half of the 
clock period. This case is shown in Figure 3.11 when the overall gain is 4 for both 
topologies; for this gain the dynamic-latch based design can operate ~1.6X faster than a 
CML implementation.19 In contrast, when the required overall gain is 50, the CML based 
design will be more energy-efficient at lower speeds, as also shown in Figure 3.11. 

                                                        
19 Note that with a capacitive fanout of 1 and assuming roughly comparable gate and drain capacitance per 
micron of device width, the dynamic latch itself should ideally be able to operate at 2X higher speed than a 
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Figure 3.10: close-loop 1st tap with CML latch 

 

Figure 3.11: power vs. data rate for both CML and dynamic latch-based designs for 
various total gain requirements 

                                                                                                                                                                     
CML latch.  In this technology, some of this potential speed benefit is lost due to the increased parasitic 
capacitance of a PMOS triode-based load (for the dynamic latch) relative to a polysilicon resistor (for the 
CML latch). 
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3.2.4 Noise Analysis and Implications 
 
As described earlier, reducing the gain of the latch is a key enabler in improving the 
speed of the DFE.  Conceptually, it is appealing to state that one would reduce the gain to 
the level that the latch’s output voltage due to the incoming data signal is just enough to 
clip the differential pair within the feedback tap (i.e. make Vd = Vc). However, if one was 
to do precisely this, any noise that reduces the magnitude of the latch’s output would 
push the signal back in to the “linear” (or at least more linear) region of the feedback 
pair’s response, and would thus potentially eliminate the noise enhancement advantage 
from an ideal DFE. Therefore, in order to appropriately set the gain of the latch, we must 
understand and quantify how the choice of gain impacts the overall noise performance of 
the link.  

Before proceeding to describe this analysis, it is important to note that all DFE 
implementations must deal with this tradeoff between slicer/latch gain and noise 
enhancement.20 The typical approach with positive feedback-based latch designs is 
simply to increase the gain such that the feedback remains digital even under noise events 
at the target error probability. While this clearly results in excess latch gain, we believe 
that this issue has so far not received significant attention because at lower data-rates and 
with positive feedback this margining perhaps did not result in a dramatic 
power/performance penalty. 

 

Figure 3.12: illustration of noise shaping and propagation in the DFE feedback loop 

In order to simplify the analysis we will assume that all of the errors in the system can be 
modeled by additive white Gaussian noise (AWGN), but the same basic analysis 
approach can be extended to include colored noise as well as bounded (deterministic) 
and/or non-Gaussian error sources.21 As shown in Figure 3.12, the first step in the 
analysis is to understand how the added noise (which we will define as Vni) would 

                                                        
20 Note also that during the initial operation of the link, the DFE may be operating on input samples much 
smaller than in steady-state operation (i.e., after the CDR has locked). Fortunately the BER requirements 
for CDR locking are not anywhere near as stringent as for steady-state operation, and architectures similar 
to [79] with separate clock recovery paths can be used to desensitize the CDR locking to any potential 
noise enhancement within the DFE (which would be on the data path). 
21 The impact of transmitter and receiver clock jitter can also be evaluated in this framework by converting 
them into voltage noise sources with the methodologies shown in [39][80]. 
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propagate through the feedback tap pair.  Focusing on one side of the signal (e.g., +1), 
this can be achieved by shifting the probability density function (PDF) of the noise by 
Vo,L (i.e., the nominal latch output level) and then finding the new PDF (Vno) created by 
the VTC of the feedback tap pair. We then simply shift the mean of this PDF to remove 
the effect of the nominal DFE correction signal (i.e., so that Vno′  is zero mean).  If Vno is 
still white (i.e., the circuit bandwidth is high enough, which typically requires ~3τ of 
settling time ([34]), Vno′  will be uncorrelated with the input AWGN. The PDF of the total 
noise (Vntot) will thus simply be the convolution of the PDFs of Vniand Vno′ .   

The next step in the analysis is to realize that due to the feedback nature of the 
DFE, 𝑉𝑛𝑡𝑜𝑡 will then be passed through the VTC of the feedback pair and convolved with 
AWGN once again.  In fact, this process of Vntot being passed through the feedback pair 
VTC and then being added back to Vni would repeat infinitely. This process will 
eventually converge to a new, final PDF representing the overall effective noise of the 
DFE, and the variance of this noise will be larger than that of the original AWGN.   

 

Figure 3.13: two examples of noise propagation – S1: the latch output signal level lands 
within the high-gain region of the feedback pair’s VTC, and S2: the latch output level 

lands within the clipping region 

As stated originally and illustrated in Figure 3.13, the degree to which the total 
noise of the DFE is larger than the original input noise depends on the relationships 
between the nominal signal level, the clipping voltage of the feedback pair, and the 
variance of the input noise.  As an example of these interactions, we have defined two 
cases in Figure 3.13.  In case S1, the nominal output level of the latch is relatively small 
and lands within the high-gain (linear) of the feedback pair’s VTC, while in case S2 the 
latch output level lands in the low-gain (clipped) region of the curve.   

As shown in Figure 3.14, in case S1 the DFE’s total noise variance increases 
substantially after only a few iterations through the loop, while in case S2 the increase in 
noise is relatively mild. To further clarify this effect, Figure 3.15 shows the “noise gain” 
vs. number of propagations through the DFE loop.  In this context, the noise gain is 
defined as σeq,DFE/σvi, where σvi is the standard deviation of the input noise Vni, and 
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σeq,DFE is the standard deviation of Gaussian noise that would result in the same BER as 
the DFE operating with the converged noise distribution Vntot. As shown in the plot, 
pushing the feedback pair to nominally operate deeper in its clipped regime reduces both 
the noise gain and the number of iterations through the loop needed for this noise gain to 
converge.  

 

Figure 3.14: noise PDF after 1 and 10 iterations for the two examples in Figure 3.13 

 

 

Figure 3.15: noise gain vs. number of propagations with input SNR (i.e.VO,L/ σvni) = 8 

Both the qualitative behavior and the specific numerical values predicted by the 
above analysis were confirmed to match closely with a time domain behavioral 
simulation of the DFE. Having verified the analysis through these simulations, we next 
proceeded to utilize this analysis to decide on the required output swing level (and hence 
gain) for our dynamic latch design.  As shown in Figure 3.16 and using the earlier 
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definition of noise gain, with our chosen Vd of ~350mV, the total noise from the DFE 
will be increased by ~10% over the input noise, representing a relatively modest penalty.  
It is important to further note that the actual thermal noise of the DFE circuits will likely 
be very small (typically in the range of single mV’s) and that other, typically bounded 
(including residual ISI and offsets, power supply and common-mode fluctuations, etc.) 
error sources often dominate the BER of the overall link.  Thus, in practice the choice of 
Vd should be based upon including all of these effects; in the simplest case, one would 
essentially increase Vd by the magnitude of the bounded error sources at the target error 
rate.  

 

Figure 3.16: noise enhancement vs. latch output signal level under various input SNRs 

 

3.3 Complete 3-Tap DFE Circuit Design 
 
 
Having motivated and analyzed the proposed DFE at an architectural level, in this section 
we will now address some of the key associated circuit design issues and techniques.  In 
particular, the dynamic latch must be carefully optimized to avoid practical issues related 
to leakage and sampling aperture, we have so far discussed only how the first-tap loop is 
closed (and not a complete multi-tap DFE), and clock distribution must be carefully 
managed to realize the various phases/DC biases required by the design.   
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3.3.1 Dynamic Latch Circuit and Practical Issues 
 
To ensure high-speed operation while retaining energy-efficiency, the dynamic latches 
rely purely on parasitic capacitors to hold their output voltage during the opaque phase. 
Since we want to ensure that the output amplitude remains sufficiently large to hard steer 
the feedback pair, droop in the output voltage due to leakage from the nominally off 
devices must be considered.  

Since the output of the dynamic latch is refreshed every clock cycle, consecutive 
identical data (CID) will not cause any issues. However, as the data-rate (and hence the 
frequency of the clock applied to the latches) is decreased, the leakage-induced droop 
during hold mode will increase. Fortunately, as shown by the simulated amplitude droop 
vs. clock frequency data (which is half of the baud-rate) in Figure 3.17, even under the 
worst-case leakage conditions (FF corner and high temperature), operating at >30Gb/s 
will result in negligible amplitude droop. If the same DFE structure must be utilized for 
data rates lower than this, high-impedance positive feedback “keepers”  could be added to 
eliminate the output voltage droop. 

 

Figure 3.17: amplitude droop due to dynamic latch leakage vs. clock frequency 

Another important issue associated issue with the dynamic latch design is its 
sampling aperture. As shown in Figure 3.18(a), the input pair is not immediately disabled 
when we turn off the tail device since the tail node requires some time to be charged up to 
a voltage high enough to shut off the input pair. During this period of time, any variations 
on the input signal will be (at least partially) propagated through the latch, potentially 
causing the effective output amplitude to drop (similar to a hold-time violation in 
standard digital circuits). To solve this issue, as shown in Figure 3.18(b), we can add a 
reset switch (similar to [35]) to help quickly charge the tail node when the latch enters its 
opaque phase. Note that we chose to use an NMOS transistor for this pre-charge not 
because of its fT advantage over a PMOS pull-up, but also because pre-charging the tail 
node all the way to Vdd would slow down the turn-on transition (i.e., entering the 
transparent phase). 
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Figure 3.18: (a) dynamic latch without tail node reset and (b) with tail reset device to 
improve the latch’s aperture 

Finally, as shown in Figure 3.19(a), to enable adjustment of the 1st tap coefficient, 
we used a voltage digital-to-analog converter (DAC) to control the gate voltage of the 
feedback stage’s tail device. Changing this DC bias voltage directly adjusts the DFE 
correction current injected into the summation node during the transparent phase. 
Although the mapping between this gate voltage and the correction current is not linear – 
as shown in Figure 3.19(b) – as long as this relationship is monotonic, a closed-loop 
equalizer adaptation will converge to the optimum coefficient. 

 

Figure 3.19: (a) adjusting the 1st tap correction current Icor by changing the DC gate-bias 
VG, and (b) Icor vs. VG 
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3.3.2 Overall 3-Tap DFE Architecture 
 
Now that we are able to close the most timing-critical 1st post-cursor tap without 
introducing extra delay to the later taps, it is relatively easy to close the 2nd and 3rd tap. As 
shown in Figure 3.20, in order to avoid serialization within the digital feedback path, two 
separate continuous –time summers (CTS) are used before the 1st tap latched summer to 
cancel the 2nd and 3rd tap ISI. These linear summation nodes are also convenient locations 
to independently cancel the overall offset voltage on each path.  

In order to enable external measurements of the “analog’ (i.e., pre-clipping) eye-
diagram after equalization, we added a probe buffer (b2) at the output of the 1st latched 
summer.22  This additional capacitive loading along with the capacitive loading from the 
feedback pair, delay latches, and wiring resulted in a relatively high fanout (~4) for the 
latched summer, which would compromise the overall delay and efficiency. We therefore 
inserted a buffer (b1) at the output of the dynamic latch to help reduce the dynamic 
latch’s fanout to ~1.4 and therefore improve its speed.  
Although the overall gain target for our design was ~4, we chose a gain of only ~1.3 the 
linear summer since it is loaded by feedback taps 2 and 3 as well as the offset 
cancellation. The latched summer and buffer gains are set to ~1.8 and ~1.7 to achieve the 
optimal loop delay.  

 

Figure 3.20: complete proposed 3-tap DFE design 

                                                        
22 This also mimics loading from the clock recovery, adaptation, and/or eye monitoring circuits that would 
be present in a complete transceiver. 
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Figure 3.21: simulated post-layout eye-diagrams in the TT corner at each node of the 3-
tap DFE 

Figure 3.21 shows the simulated eye diagrams in the TT corner at each node of 
the DFE when it is fed by 90mV differential amplitude input data that has been filtered 
by a (1 + 0.8𝑍−1 + 0.6𝑍−2 + 0.3𝑍−3) channel. 

 

Figure 3.22: simulated post-layout eye-diagrams in the SS and FF corners at the latched 
buffer (b1) output 
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Due to the fact that the both the gate bias voltage of the tail NMOS device and 
PMOS triode load can be adjusted independently as shown in the next section, process 
corner shifts can be compensated by calibrating these voltages, resulting in good eye 
margin at the buffer output in both SS and FF corners as shown in Figure 3.22. Both good 
timing and voltage margins are achieved, verifying the effectiveness of the DFE.  In fact, 
as shown in Figure 3.23, the simulated delay to reach the desired output digital swing 
level in different corners after calibration is ~15ps, more than sufficient for the target 
66Gb/s operation.  

 

Figure 3.23: simulated post-layout pulse response at the output of the buffer 

 

3.3.3 Clock Distribution 
 
Although an on-chip clock generator was not included in our initial prototype DFE 
design in order to simplify testing, circuits to create the differential clocks with various 
DC bias points required by the dynamic latch/summer are necessary.  First, an on-chip 
balun was used to convert an external single-ended clock into the differential clocks 
needed for DDR operation.  The differential clocks are then further distributed to each 
stage as shown in Figure 3.24; note that a similar network could be utilized if the clock 
was generated on-chip as well. Since the required gate bias voltage for the PMOS load 
and NMOS tail devices of the dynamic latches are different, we used the balun’s 
secondary center tap to provide the bias voltages for the PMOS devices, but use voltage 
DACs + AC coupling capacitors to change the gate bias of the NMOS devices. These AC 
coupling capacitors were implemented with standard MOM capacitors, and as a 
compromise between signal amplitude loss and area, the capacitors were sized to be 
~10X larger than the total gate capacitance they needed to drive. Even with this small 
loss from AC coupling, all versions of the clock signals retain 1V of single-ended peak-
to-peak swing. With a DC gate bias voltage of 0.5V for the dynamic latch NMOS, 
<0.75V for the 1st-tap feedback NMOS, and 0.7V for the dynamic latch PMOS, none of 
the devices experience a magnitude of more than 1.25V of gate-source voltage stress, 
thus ensuring device reliability. 
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Figure 3.24: DFE clock distribution network 

 

3.4 Complete test-chip and Measurement  

 

Figure 3.25: complete 65nm GP test-chip including the proposed DFE and on-chip 
transmitter with channel emulation 
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In order to experimentally verify the proposed 3-tap DFE design, we taped-out and 
measured a complete test-chip in TSMC’s 65nm G+ technology (Figure 3.25). To enable 
accurate testing and characterization of the design, both the input to the DFE and the 
output of the merged latch/1st-tap summer within the DFE can be monitored externally. 

 

3.4.1 On-chip Testing Structures and Test Setup 
 
The input data to the DFE is generated by an on-chip DDR PRBS-7 generator (similar to 
[36]) followed by a mixed-signal low pass filter (LPF) with controllable coefficient 
values and signal amplitude. The use of PRBS-7 is sufficient to emulate an 8B/10B 
encoded data-stream; it will also create all the 16 possible combinations of the cursor + 3 
post-cursor ISI profile. Higher order PRBS sequences can also be supported with the 
same architecture, but would require additional latches and introduce unnecessary 
complexity for our purposes.   

As shown in Figure 3.26, the LPF filter is implemented with a conventional CML 
transmitter equalization architecture (e.g. [37]), but with all of the post-cursor coefficients 
set to be positive. Since the goal of this transmitter is to emulate data that has been 
filtered by a low-pass channel response, the bandwidth of the transmitter was set 
relatively low. Specifically, we intentionally allowed the transmitter to introduce a single 
tap of intrinsic ISI.  This allowed us to implement only 3 FIR coefficients (i.e. to add 2 
post-cursor ISI) in the TX while still resulting in an overall 4-tap response (1 cursor + 3 
post-cursors).  

Since we require no gain from the latches and the throughput on each path is half 
of the target data rate, and since energy-efficiency was not a concern for this test circuit, 
CML logic was used to implement the delay latches and XORs. This choice reduces the 
complexity of the TX clock distribution network since the clocks drive only NMOS tail 
devices and hence require only a single DC bias point.  This DC bias for both phases of 
the clock is conveniently provided by biasing the center tap of the secondary within the 
balun.  

To enable bit-error rate checking of our receiver, StrongArm comparators ([18]) 
were added to the design to sub-sample the half-rate digital data (i.e. >300mV amplitude). 
The clocks driving these comparators are generated externally, but are passed through 
skewed buffers on the die to sharpen their edges and improve the comparator’s aperture. 
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Figure 3.26: transmitter design with DDR PRBS-7 generator and low-pass channel 
emulation 
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3.4.2 Measurement Results 
 

A die photo of the complete test-chip is shown in Figure 3.27. The chip is wire-bonded 
on the top side; these wire bonds are used to connect the power supplies, read in digital 
control bits, receive the sub-sampling clock, and send out the sub-sampled data. Out of 
the 1.2mm X 1.2mm chip, the DFE occupies only ~30um X 55um; this compactness is 
crucial to reducing the parasitics (both capacitive and resistive) in the feedback path.  

 

Figure 3.27: test-chip die photo 

Probes are used on the other three open sides of the chip to provide the TX (left) 
and RX (right) clocks as well as monitor the eye diagrams (bottom) before and after DFE 
(one at a time). Two 40GHz signal generators (Agilent E8257D-540) are frequency 
locked with an adjustable phase difference to provide TX and RX clocks. An Agilent 
E8267D was also locked to the two 40GHz signal generators in order to provide the sub-
sampling clock. The sub-sampled data is then fed to an Agilent 86130A to conduct bit-
error-rate tests. The high-speed signals before and after the DFE were measured through 
Agilent 86118A 70GHz sampling heads connected to the Agilent 86100C sampling scope. 

Figure 3.28 and Figure 3.29 shows the measured signals before and after the 3-tap 
DFE. The transmitter was configured to send 66Gb/s PRBS-7 data with the LPF set to 
emulate a (1+0.85Z-1+0.6Z-2+0.2Z-3) channel. The ISI associated with this channel 
completely closes the eye-diagram at the input of the DFE, as shown in Figure 3.28(a). 
Note that the PRBS-7 pattern and the precise coefficients of the emulated channel were 
verified/measured by post-processing the pattern-locked TX waveform shown in Figure 
3.29(a). This is achieved by finding the last bit’s amplitude for 4 different data patterns 

1.
2m

m

1.2mm

DFE Core
(30umX55um)
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(e.g. 1100, 1010, 0000, and 0001). Since the measured amplitudes can be expressed as a 
data pattern dependent linear combination of the cursor and 3 post-cursor ISI coefficients 
(i.e. the 4 unknowns), the 4 data-patterns can be used to construct 4 equations that can 
then be solved to extract the ISI coefficients. 

 

Figure 3.28: (a) 66Gb/s PRBS-7 single-ended eye-diagram before DFE, (b) 33Gb/s 
PRBS-7 single-ended eye-diagram after DFE 

At the output of the DFE’s odd-channel merged latch-summer, the half-rate eye is 
now open and data is equalized, as shown in Figure 3.28(b) and Figure 3.29(b). Note that 
the eye diagrams/pattern locked waveforms are single-ended and that their amplitudes do 
not reflect the real on-chip signal amplitude because the 50Ω buffer (i.e. b2 in Figure 
3.20) was designed to have a gain <1/2 in order to reduce its loading. 

 

Figure 3.29: (a) 66Gb/s single-ended data waveform before DFE, and (b) 33Gb/s single-
ended data waveform after DFE 

(a) (b)

(a) (b)
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In order to verify that the feedback correction can indeed be performed in a digital 
manner, using the circuit configuration shown in Figure 3.30, we next characterized the 
input signal amplitude required to clip the feedback pair.  Since the feedback pair by 
design has the smallest V* and the largest input swing (in this configuration), its non-
linearity will set the overall non-linearity of the entire chain. In other words, as we 
increase the input signal amplitude and measure the output amplitude, we will observe a 
roughly linear increase until we hit the non-linear regime of the feedback pair.   

 

Figure 3.30: circuit configuration used to characterize the feedback pair’s clipping 
voltage 

 

Figure 3.31: measured overall VTC 
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This measurement therefore allows us to characterize the VTC of the pair, which is 
shown in Figure 3.31.  As implied by the figure, the input cursor amplitude must at the 
minimum be greater than 70mV to clip the feedback pair.  It is worth noting that even if 
the input signal is less than 70mV, the circuit would still function as an equalizer, albeit 
as a “soft-decision” equalizer (similar to [38]) – i.e., approaching an analog infinite 
impulse response (IIR) filter.  However, as analyzed in 3.2.4, noise propagation could 
substantially degrade the BER in this case. 

As a final verification of the DFE’s functionality, we once again provided the DFE 
with a 66Gb/s, 90mV*(1+0.85Z-1+0.6Z-2+0.2Z-3) PRBS-7 input stream. By changing the 
RX clock phase from the signal generator and measuring the BER of the sub-sampled 
2.0625Gb/s data (i.e. a subsampling rate of 32),23 we constructed the bathtub curve 
shown in Figure 3.32.  The design achieves ~0.6UI margin for 1e12 error-free bits; the 
center of the bathtub was further verified to remain error-free over 1e13 bits. 

 

Figure 3.32: measured bathtub curve with a 90mV differential amplitude input signal 

The total power consumption of the proposed DFE design is ~46mW from a 1.2V 
supply; a breakdown of the power consumed by the various sub-blocks is shown in 
Figure 3.33. As expected due to its stringent timing constraint, the dominant source of 
power consumption is the 1st tap stage consisting of the dynamic latched summer and 

                                                        
23 If we label the bits in a PRBS-7 data sequence as 1,2,3,4,5,6,7,8,…127, the down-sampled by 2 sequence 
will be 1, 3, 5, 7, 9, 11, 13, 15, etc. Given the polynomial y=x^7+x^6+1 we used to generate the original 
sequence, note that the 8th bit in the sub-sampled sequence is 15.  In the original sequence, 15 is generated 
by 8 ⨁ 9, which once again applying the polynomial is equal to (1 ⨁ 2) ⨁ (2 ⨁ 3) = 1 ⨁ 3. Bits 1 and 3 
appear seven and six entries before bit 15 in the sub-sampled sequence.  This means that the sub-sampled 
sequence obeys the same polynomial as the original (full-rate) PRBS-7 sequence, and hence can also be 
checked with this same polynomial; this property holds for all sub-sampling rates that are a power of 2.  
This also implies that all possible bits (i.e., data-patterns) and hence total ISI contained within the original 
PRBS-7 sequence will appear in the sub-sampled sequence. 

66Gb/s 90mV Input Swing

Even Path
Odd Path

Bi
t-

Er
ro

r R
at

e

RX CLK Phase Offset [UI]



59 
 
buffer. It is worth pointing out that the RX clock power required at the input of our chip 
was measured to be ~9.1mW. However, as shown in Figure 3.24, we added an explicit 
resistor (RX Term) in parallel with the balun in order to lower its input impedance from 
~200 Ω to 50Ω in order to simplify matching and testing. If generated on-chip, the DFE 
would thus require only ~2.3mW of clock power. 

 

Figure 3.33: DFE power breakdown 

In order to further place these results into context, Table 3.1 compares our work 
with the state-of-the-art 20+Gb/s DFE designs. The design compares especially favorable 
against the DFE designs in same technology node; the proposed DFE achieves the 
highest data rate while cancelling a total ISI amplitude of ~1.7X times the cursor and 
maintaining <1pJ/bit efficiency. 

Table 3.1: comparison to state-of-the-art 20+Gb/s DFE designs 

Reference [22] [32] [24] Our Work 
Process Technology 32nm SOI 65nm GP 65nm GP 65nm GP 
Supply Voltage 1.15 1.2 1.2 1.2 
Data Rate (Gb/s) 30 21 40 66 
# of DFE Taps 15 1 1 3 
(Cancelled ISI)/Vcursor N/A 0.33* <0.63** 1.65 
Power (mW) 92*** 19 45 46 
Efficiency (pJ/bit) 3.1 0.9 1.13 0.7 

* Calculated using Nyquist EQ boost = (1+α)/(1-α), with EQ boost = 6dB as specified in 
the paper. 

** Estimated using the same method as above and assuming complete equalization of the 
13dB Nyquist channel loss given in the paper. 

*** Includes CTLE and clock distribution power. 
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3.5 Conclusion  
 
As I/O bandwidth requirements continue to scaling, equalizers – and especially multi-tap 
DFEs – must continue to increase their operating speeds. As discussed in this chapter, the 
popular loop-unrolled architecture relaxes the 1st tap timing constraint, but degrades the 
timing of later non-unrolled taps.  Since unrolling more taps leads to exponential growth 
in hardware complexity, solving this issue by further unrolling can result in significantly 
degraded energy-efficiency. 

In order to enable high-speed multi-tap DFEs operating the edge of the 
technology’s capabilities while retaining energy-efficiency, in this chapter we proposed 
to re-examine closed-loop architectures.  In order to solve the critical 1st tap closed-loop 
timing constraint, we proposed the combination of three optimization techniques.  First, 
merging the 1st-tap summer and the latch ([32]) relaxes the timing constraint by 
overlapping (in time) the settling of the summer with that of the latch.  Second, reducing 
the gain required by the latch to the minimum required to clip the feedback pair (and 
hence achieve nearly noise-free feedback) directly increases the latch’s achievable speed.  
Note that this can be realized without sacrificing input sensitivity by placing additional 
gain stages in front of the latch, but outside the DFE feedback loop.  Finally, leveraging 
the fact that the latch itself does necessarily need to achieve high gain, a dynamic latch 
implementation similar to [33] was proposed to overcome the self-loading bottleneck of 
traditional CML latch implementations.    

Since the crux of the latter two optimizations is minimizing the overall gain of the 
signal chain, and in particular, reducing the gain of the latch itself, we further proposed a 
methodology to quantify the tradeoff between latch output swing and noise enhancement.  
The analysis shows that for practically relevant values of latch output swing and feedback 
pair clipping voltage, the increase in noise can be kept to less than ~10%. 

A 3-tap DFE utilizing the proposed architecture and optimization techniques was 
designed, taped-out, and measured in TSMC’s 65nm G+ process.  The prototype operates 
at up to 66Gb/s while achieving 0.7pJ/bit energy-efficiency.  These results highlight that 
with appropriate optimization and circuit architecture, multi-tap DFE designs can 
continue to be scaled to efficiently operate at even sub-FO4 bit-times, and thus such 
DFEs show great promise in meeting the needs of future high-speed I/Os. 
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Chapter 4  
A Holistic Link Evaluation Platform  
 

While various techniques can be utilized to build efficient building blocks, finding the 
optimal combination of them (e.g. # of equalizer taps, coefficient values, etc) to achieve 
the best overall energy-efficiency still remains challenging. Conventionally, the choice of 
link architecture/building blocks was driven only by system or signal-integrity (SI) 
considerations at the early phases of the design. As there is no knowledge of the circuit 
power or noise due to the lack of circuit model and device technology information, such a 
methodology may result in sub-optimal architecture decisions as the circuit may end up 
being impractical (i.e. transistors not fast enough) or not meeting BER or power budget. 

Fortunately, by leveraging the modeling techniques introduced in the previous 
chapters, we are able to build a holistic evaluation platform that integrates the necessary 
information all the way from SI level to circuit and device level to help us find the 
optimum choice of equalization architectures in a given device technology node. For this 
purpose, this chapter will introduce the methodologies and practical considerations to 
build such a framework. With this framework, an example of evaluating a 64Gb/s 
wireline link in a cable link environment with a 65nm CMOS process node will be shown 
to prove the effectiveness of this concept. It should be noted that this framework is not 
intended to replace any circuit design simulators, but rather it serves as an estimator 
before running extensive simulations to help make better early decisions. 

 

4.1 Holistic Evaluation with Circuit Modeling and 
Device Constraints 
 
As mentioned earlier, the conventional method of specifying link architecture mostly 
relies on signaling analysis. In such analyses, given a certain channel condition, advanced 
techniques such as statistical analysis ([39]–[42]) are often adopted to estimate the 
signaling impairments from channel ISI and timing/voltage noise. However, what are not 
captured in such analyses are the power and noise contributions of the underlying 
building blocks. To be more specific, with a particular circuit topology, circuit-level non-
idealities such as finite transistor transition frequency, offset, and device generated noise 
will impact the highest achievable operating speed, power consumption and the overall 
signal-to-noise ratio.  As these circuit-level non-idealities are device dependent, different 
technology processes will result in different power/BER estimates even with the same 
circuit architecture. Therefore, with only system-level link budgeting, we can never 
estimate the true performance for the particular link architecture. 

There had been several publications aiming to bridge this gap between the circuit 
and system modeling. One example ([43]) used analytical circuit models + convex 



62 
 
optimizations to iterate between circuit parameters and system requirements. However, 
due to the need to enforce convexity, this method was limited to capture a fairly narrow 
set of circuits (e.g. no DFE modeling). 

Another method (e.g. [44]) attempts to optimize the overall system based only on 
circuit parameters, which can be regarded as a purely circuit-driven approach. To be 
more specific, in this methodology the amplifier’s load resistance is used as a turning 
parameter for optimizations. While it is a powerful knob to find the circuit level power 
trade-off, it would contaminate the system-level parameters as it couples to both the gain 
and bandwidth of the amplifier. In other words, every time a resistor value is changed, a 
whole complete system level of signaling conditions needs to be re-calculated due to the 
change of gain/bandwidth. As we include more and more such parameters (e.g. loading 
capacitances), the complexity of such a framework will grow unbounded, making itself 
untraceable and inefficient. 

Therefore, an ideal framework should give an accurate circuit prediction with all 
the technology limitations while taking the system-level parameters as the input. In other 
words, all the circuit related parameters should be derived from these technology and 
system parameters. Luckily, with the circuit modeling method summarized below, such a 
goal can be easily achieved. 

 

4.1.1 Circuit Component Modeling 
 
While accurate analog circuit modeling methodologies have been introduced before ([45], 
[46]), here we will provide a systematic introduction on this method with examples from 
some of the mostly used building blocks in a link.  

A. Pre-amp modeling 

 

Figure 4.1: a pre-amplifier example 

As shown in Figure 4.1, for a pre-amp with a gain of Apre and a single pole of 
ωp,pre, its transfer function can be expressed simply as: 

Hpre(s) = Apre
1+s ωp,pre⁄            (4.1) 
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This transfer function only contains the generalized system-level parameters  Apre and 
ωp,pre and therefore can be directly used in the SI level of optimizations without 
introducing any circuit details. To link these system level parameters with circuit and 
technology details, we can express the gain-bandwidth product of the amplifier assuming 
a load cap CL: 

Apreωp,pre = gm
CL,tot

           (4.2) 

Where gm is the target transconductance (i.e. a circuit design parameter) of the pre-
amplifier, CL,tot = CL + Cdd includes not only the loading cap CL but also the total 
parasitic drain cap Cdd from the device itself. We can further express Cdd in terms of 
circuit design parameters and technology parameters as: 

Cdd = γCgg = γ gm
ωT

         (4.3) 

Where Cgg is the total gate cap of the device, 𝛾 is the drain-to-gate cap ratio and ωT is the 
transition frequency (in rad/s) for a given technology and bias condition.  
Combining (4.2) and (4.3) and solving for gm would then give us the following simple 
expression: 
gm = Apreωp,preCL

1−γ
Apreωp,pre

ωT

         (4.4) 

As can be directly observed, the circuit design parameter is now expressed in 
terms of both the system-level and the technology-related parameters. In other words, the 
circuit parameters can be calculated after the system parameters have been specified to 
determine the devices’ impact on the system performance. As an example, if the required 
gain or the bandwidth of the amplifier is too large such that the gain-bandwidth product 
exceeds ωT, the denominator in (4.4) would become negative, indicating an unrealistic 
circuit implementation in the specific technology with current system-level parameter 
choices. Similarly the other design parameter RL could then be readily derived: 

RL = Apre
gm

�1 + Apre
Av0

�          (4.5) 

where Av0 = gmro is again a technology related parameter that could be characterized 
and stored ahead of time.  

We can then further leverage the V* (or gm/ID) ([47], [48]) model along with (4.4) 
to get the power of the pre-amplifier: 
 Ppre = IBVdd = gmV∗Vdd = Apreωp,preCLV∗Vdd

1−γ
Apreωp,pre

ωT

      (4.6) 

Notice that 𝑉∗ is a design-by-choice parameter which is often limited by headroom (i.e. 
make sure the V* is small enough such that with a given Vdd the devices are still in 
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saturation) and/or linearity constraint (i.e. make sure the V* is large enough such that the 
max input amplitude won’t clip the amplifier).24  

To figure out the total noise contribution at the output, we can decompose the 
noise into two parts: 1) noise transfer from the input and 2) noise generation by the 
transistors. The electrical noise transfer function of this pre-amp is identical to its signal 
transfer function: 

 �Hn,tr(s)�
2

= � Apre
1+s ωp,pre⁄ �

2
         (4.7) 

While the input-referred white noise PSD generated from this circuit is also easy to be 
expressed only in system parameters and device parameters (with 𝛼 as the transistor noise 
coefficient – again it is technology related): 

�Vn,i,int(s)�
2

= 8kT
CL

1−γ
Apreωp,pre

ωT
Apreωp,pre

�α + 1
Apre

− 1
Av0

�      (4.8) 

With (4.7), (4.8) and with the output noise spectrum transferred from the previous stage 
we can then easily get the total output noise spectrum for the amplifier: 

�Vn,o,tot(s)�
2

= ��Vn,i,ext(s)�
2

+ �Vn,i,int(s)�
2
� �Hn,tr(s)�

2
     (4.9) 

Note that since we can express both power and noise in the form of system level 
parameters and loading cap CL, we can then easily separate the system and circuit level 
evaluation. As will be discussed more later in the chapter, unlike [44] where 
optimizations are directly done through circuit parameters (e.g. RL) and hence making it 
hard to observe the optimum design point due to the strong coupling between the gain 
and bandwidth with these circuit parameters, this separation allows us to optimize the 
link more efficiently.  

B. Continuous-time-liner-equalizer (CTLE) modeling 
 

 
Figure 4.2: a source-degenerated CTLE example 

                                                        
24 There can be other guidelines on choosing V*, e.g. speed or noise requirements 
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A single-stage CTLE example shown in Figure 4.2 is usually designed to have its two 
poles located in the same location ωp,CTLE to maximize the effective gain-bandwidth. 
With a peak gain (i.e. the gain at the pole location) of Apk,CTLE and a zero location of 
ωz,CTLE , the transfer function in terms of system-level parameters can be expressed as 
([13]): 
HCTLE(s) ≈ ωz,CTLE

ωp,CTLE
Apk,CTLE

1+s ωz,CTLE⁄

�1+s ωp,CTLE⁄ �2
       (4.10) 

It can be derived that the gm/power estimation of a CTLE is no different than that of a 
pre-amp except we replace 𝐴𝑝𝑟𝑒 and 𝜔𝑝,𝑝𝑟𝑒 with 𝐴𝑝𝑘,𝐶𝑇𝐿𝐸 and 𝜔𝑝,𝐶𝑇𝐿𝐸: 

gmCTLE = Apk,CTLEωp,CTLECL

1−γ
Apk,CTLEωp,CTLE

ωT

        (4.11) 

PCTLE = Apk,CTLEωp,CTLECLV∗Vdd

1−γ
Apk,CTLEωp,CTLE

ωT

        (4.12) 

Similarly the noise contribution can be found using the standard noise calculation 
as shown before and summarized in [13]. Again, up to this point, all the power, noise and 
circuit parameter gm can be expressed with system level and device technology 
information. Other circuit design parameters can also be easily derived with the following 
system to circuit parameter relation: 

 Apk,CTLE = gmCTLERD
Apk,CTLE

Av0
+1

         (4.13) 

ωz,CTLE = 1
RsCs

         (4.14) 

SS

ScTLEm,
CTLEP, CR

Rg1
ω

+
=         (4.15) 

C. Decision feedback equalizer (DFE) modeling 
 
More complicated building blocks can be modeled in the same way as described before to 
directly link the system level parameters with technology information. For DFE in 
particular, the summer stage which is the dominant power consuming block can be 
modeled using the pre-amp alike approach with some additional system level information 
on ISI profiles. Examples on such modeling result can be found in [46], [49], [50] and 
Appendix B. 
 
 

4.1.2 Building Block Interactions 
 
With the models from each individual blocks, we can connect them together to construct 
the full data path. As shown before, since we are able to completely isolate the system-
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level parameters from the circuit parameters, we can optimize the system-level signal 
transfers independently before we dive into any circuit details.  

To be more specific, when we hook up the blocks, we can first run system-level 
only evaluations by playing with different system parameters (e.g. gain, pole/zero 
locations, # of taps). After we confine the design space, circuit modeling could then be 
turned on to find the required circuit parameters. This step could take longer as it needs to 
consider the interactions between each block from the offset iterations/ loading changes 
and noise propagations, etc. 

To give an example, shown in Figure 4.3 is a RX front-end consisting of a CTLE 
and a 1-tap DFE, both of which can be modeled using the previously introduced 
methodology. As shown in (4.6), (4.8), (4.11) and (4.12), since the power and noise 
parameters for different blocks are also a function of their loading capacitance, when 
cascading these blocks together, we have to consider how to instantiate them such that 
the loading and sizing change of one block won’t affect the overall signal/noise flow. 

 

 

Figure 4.3: a RX with CTLE + DFE example 

In the case without considering transistor offsets (i.e. ignore the offset trimming 
DACs for now), the signal/noise flow is very straightforward. Since the loading cap of a 
stage comes from the input cap of its next stage, as long as we initiate the blocks 
reversely from the end to the beginning, the framework would capture the signal and 
noise propagations properly. To be more specific, as shown in Figure 4.4 for the same 
RX example without considering the offset trimming, we should first compute the circuit 
parameters of the “last” stage DFE. The power /noise generation from the DFE summers 
can be estimated and after getting its input pair’s sizing and thus input gate capacitance, 
we can put it as the loading parameter to the CTLE and kick off the CTLE’s power and 
noise estimation. Then this CTLE noise generation along with its input noise transfer 
altogether can be transferred back to the DFE to compute the total noise at the input of 
the slicer that locates inside of the DFE.   
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Figure 4.4: block interactions without offset cancellation 

On the other hand, when we include the static offset cancellation on the DFE 
summer node to cancel the overall offset of the amplifier chain, the interactions become 
more involved. The total offset DAC loading depends on the total accumulated offset to 
be cancelled and thus relies on the blocks before and after the summer. To fully capture 
this loading effect from the offset trimming DAC, we need a loop to iteratively update the 
total offset value when the sizes of the devices are changed.25 

To be more specific, as shown in Figure 4.5, we can first make an estimate of the 
total offset value that will put an initial offset DAC loading on the DFE summer. With 
this loading we can then compute the sizing (and power/noise generation of course) of the 
DFE and then export this value as the loading to the CTLE to find the CTLE’s sizing. 
With their respective sizing updated we can then find the total offset value at the offset 
trimming node. If this computed offset value is not within a certain error tolerance (e.g. 
1%) of our previously estimated value, we update our estimation to be the newly 
computed one. This iteration continues until we converge the error to be within the error 
tolerance range we specify. Then with the converged sizing for both CTLE and DFE, we 

                                                        
25 It is also possible to get a closed-form expression for the static offset calibration sizing if we lump all the 
blocks together and write an overall flattened model. However, this complicates the modeling process and 
reduces the flexibility of trying out different building blocks. 
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pass the total noise at the output of the CTE to DFE to get the overall noise – i.e. same as 
we did in Figure 4.4. 

 

 

Figure 4.5: block interactions with offset cancellation 

 

4.2 Complete Link Framework and Examples 
 

4.2.1 Signal Flow and Type Conversion 
 
The previous sections have focused on the circuit modeling methodology and interactions 
between different blocks. However, since usually both linear and non-linear blocks 
coexist in a complete link, care must be taken when choosing which domain each block 
should be evaluated in order to maximize the evaluation efficiency.  

To be more specific, blocks such as the channel and amplifiers/CTLE are desired 
to be linear26 and thus simply multiplying their signal/noise transfer functions would be 
the easiest and fastest way of evaluating their cascaded response. Moreover, these blocks 
only need to carry frequency-domain transfer functions, making the data storage efficient 
and evaluation fast. On the other hand, blocks such as DFE, FFE and CDR require time-
domain responses to find their best coefficients and settings. For this reason, the 
framework needs to handle time-domain signal processing as well. 

Therefore, to maximize the efficiency of the evaluation framework, the signal 
processing types should be maintained at frequency domain as long as possible. This 
                                                        
26 While undesired, amplifiers/CTLE could go non-linear. This can be checked and alerted in the circuit 
modeling within each block. Once this is constrained, we can then simply treat them as linear blocks. 
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concept is illustrated in Figure 4.6, where an example chain of building blocks for the 
link is presented. As can be identified, the frequency to time conversion only happens at 
the FFE block. Before this FFE, all the blocks are supposed to be linear and thus only 
frequency-domain information needs to be carried and passed by transfer functions. On 
the contrary, after the FFE, as DFE and CDR are non-linear blocks, time-domain 
processing is required. By doing the domain conversion only at the boundary blocks, we 
can limit the required # of time-domain convolutions to a small set and thus 
improving/saving the overall evaluation speed/memory. It is also worth noting that while 
blocks such as DFE is usually thought of as nonlinear, some of its components such as 
summer stages should still remain linear. To capture this, as shown in Figure 4.6, the 
linear part of the DFE can also be moved into the frequency domain to take its bandwidth 
limitation into account and thus getting a more accurate estimation. 

 

 

Figure 4.6: signal flow and type conversion example 

  

4.2.2 Complete Framework 
 
The overall link framework is shown in Figure 4.7. Testbenches on the top level define 
what channels and technologies need to be used. They also set the system level 
parameters for different building blocks and choose what signaling analysis to conduct at 
each output node of the blocks. Turning on/off circuit modeling and outputting design 
parameters is also set at this level. In addition, iterations on different system parameters 
should also be looped at this level and along with the probing results at the output of each 
building block to achieve both system and circuit level optimizations.   
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A channel database is essential in the framework as well as it constitutes the basic 
signal integrity constraints that the link system modeling relies on. The mostly common-
used channel sources are s-parameters from either EM simulation or lab measurement. To 
construct the overall loss effect resulting from the raw channel + packaging losses and 
any on-chip ESD/bandwidth enhancement elements, the s-parameters for each of these 
sections should be converted to ABCD matrices ([51]) such that cascading them becomes 
a simple matrix chain multiplication. The overall voltage transfer function can then be 
found as the inverse of the cascaded overall A parameter. The resulting overall channel 
response can then be packed in either frequency domain by directly taking the transfer 
function or converted to time-domain with inverse Fourier transform to generate the 
impulse response. Such response will then be used, as explained in the previous sections, 
in the system modeling of the link to figure out the best signaling strategy. 
 

 

Figure 4.7: overall framework organization 

On the other hand, to enable circuit level of optimization for power and noise, 
technology database is required to store the device parameters that are used in the block 
circuit modeling. As a reference, this database should contain similar parameters as listed 
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in Table 4.1 for both analog and digital block evaluations.27 Device channel length and 
bias condition should be swept for analog parameters as most of them are bias dependent. 
Moreover, to capture layout dependent effects such as parasitic caps or well-proximity 
effect, post-layout reference devices should be used in the characterization testbenches to 
generate these look-up-tables (LUT). Notice since none of the parameters are unique to a 
specific technology node, databases for different technology nodes with the exactly same 
set of parameters can be generated and stored together, making the exploration of 
technology scaling impact on the same architecture much easier.  

Table 4.1: reference item list of the technology LUT 

 
 

Since the building block modules need to interact with the technology and 
channel database, a well-structured code organization is needed for the system and circuit 
designers to follow. A source degenerated CTLE example written in Matlab with an 
object-oriented programming style (OOP) can be found in Figure 4.8, where only 4 
Matlab functions are needed to complete the module. The srcDegenCTLE.m serves as the 
initialization function where both system and circuit engineers should access and modify 
to send their parameters of interests into the design (e.g. pole, zero location/gain of the 
CTLE from the system designer, V*, headroom from the circuit designer). getUpdate.m 
is the interface function to pass these parameters into system/circuit models and get 

                                                        
27 For completeness, the table lists all the required parameters for modeling. But some of them can be 
derived from the other ones so only a small set of characterization testbenches is needed. 
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corresponding output update. Every time the designer changes parameters during his or 
her trials, this function needs to be called to update the modeling results. For system 
designers, getSystemModel.m is their major playground. Signal/noise flows in either 
frequency or time-domain before/after the building block will need to be modeled here 
without touching any technology database. Circuit designers, on the other hand, should 
focus on the getCircuitModel.m. This function encapsulates the circuit modeling 
methodology as described in section 4.1.1. With some pre-defined utilities, technology 
parameters could easily be accessed within this function as well. 

 

 

Figure 4.8: matlab code organization for the CTLE block 

Finally, in addition to accessing technology database, tools for time /frequency-
domain signaling analysis are also included in the utilities module to ease the code 
management. Example signaling functions include Fourier/inverse-Fourier transforms, 
pulse-response based ISI analysis, statistical BER calculator, bode plot, eye diagram plot, 
equalizer coefficients adaptation algorithms, etc. Any user-defined functions can be 
simply added into this pool as plug-ins for additional analysis without breaking the flow. 

 

4.2.3 Example: Signaling Platform for 2025 
 
As mentioned before, the power of this framework lies in its ability to give an early 
assessment of link architectures under certain channel and technology constraints. With 
realistic device extraction parameters to provide additional information on circuit 
generated noise and power, it helps the system and circuit designer make appropriate 
architecture choices even before building any circuits and running extensive simulations. 
To validate these ideas, in this section we apply this framework to a platform that is 
targeted for 60+Gb/s electrical wireline communications. 

As shown in Figure 4.9, the signaling platform targeting for 60+Gb/s 
communications is based on a previously proposed cable environment ([52], [53]). 
However, in addition to providing physical support, an active transceiver chip is inserted 
into the connector to separate the loss dominated cable channel environment from the 
reflection dominated packaging channel environment. With such an active connector, we 
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could send several low-speed parallel data over the reflective environment first before 
serializing them up to a 60+Gb/s data stream to deal with the loss dominated environment. 
Without compromising the overall bandwidth density, each type of link can then be 
optimized to achieve their maximum energy efficiency. 
 

 

Figure 4.9: Signaling Platform for 2025 (from Intel) 

 

Figure 4.10: a 1-m cable channel for the 64Gb/s link 

Focusing on the high-speed portion of the platform, the overall differential 
channel response including the cable + estimated package parasitics can be constructed 
with the model in Figure 4.10. With the previously mentioned channel response 
construction method, both the frequency domain transfer function and time-domain pulse 
response can be derived and plotted in Figure 4.11. This pulse response shows a 
substantial amount of ISI that need to be equalized before achieving any useful BER.  

To equalize this channel response in a given technology, several architectures 
could be tested. Figure 4.12 shows an example of using only DFE as the equalizer to 
equalize the channel pulse response from Figure 4.11(b). As found from both the 
equalized channel pulse response and the residual ISI distribution, with only DFE, a 
substantial amount of pre-cursor ISI still remain to be cancelled. Furthermore, with a 
65nm post-layout extracted technology database and turning on the circuit modeling for 
both TX and DFE (based on the model used in [54] for TX and [46] for DFE), we can get 
both the power and circuit noise estimation. While the TX consumes ~48mW power for 
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sending the 250mV differential amplitude over the terminated channel, the DFE, due to 
the large self-loading from the many taps, consumes about ~307.7mW. The generated 
circuit noise, however, isn’t very large due to this large power consumption (i.e. large 
loading capacitances) and thus contributes σVn ≈ 1.27mV. But since the link is heavily 
ISI dominated, the calculated BER is around 0.106, indicating a failure of the link for 
robust data communications. 
 

 

Figure 4.11: (a) frequency response of the overall channel and (b) 64Gb/s pulse response 
with 250mV differential amplitude 

 

 

Figure 4.12: channel equalization using 10-tap DFE only - (a) equalized pulse response 
and (b) residual ISI distribution 

As another attempt, realizing the high-loss channel could potentially filter out far-
end cross talk form the TX and we have pre-cursor ISI to cancel, we can intentionally 
lower the TX termination impedance to increase effective transmitter swing while 
incorporating FFE into the link to cancel pre-cursor ISI. With a link configuration of 30Ω 
TX single-ended termination resistance + 4-tap FFE (2 pre-tap + 1 post-tap with the zero-
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forcing algorithm) + a 2-stage pre-amplifier + a 2-tap DFE, we can get the pulse response 
and residual ISI distribution as shown in Figure 4.13. 

 

 

Figure 4.13: link architecture example with unterminated TX driver + 4-tap FFE + 2-
stage pre-amp + 2-tap DFE – (a) equalized pulse response and (b) residual ISI 

distribution 

The power consumption for this configuration requires ~81mW from the TX due 
to its lowered impedance but only requires ~7.7mW from the pre-amplifier and ~18.6mW 
from the DFE. The calculated overall circuit noise is around σVn = 14.4mV due to the 
substantially lowered RX power consumption. With such residual ISI and noise profile, 
the BER is found to be ~4.9e-22, proving that this is a useful configuration for 64Gb/s 
data transmission. As can be seen, with a proper choice of the link architecture, both BER 
and overall power consumption can be improved. 
 

4.3 Conclusion 
 
When we keep on pushing the data-rate limit, the conventional SI-driven evaluation 
method tends to result in inaccurate or infeasible link architecture choices. This issue 
arises because no circuit or device technology information is taken into account in the 
selection of link architecture and equalization parameters. As the data-rate requirement 
approaches the device speed limitation, both the power and noise contribution from the 
circuits become more sensitive to variations on the system parameters. Thus, to make 
better architecture decisions, it is highly desirable to be able to estimate the circuit 
building block’s power and noise at the very early stage of the design cycle. For this 
purpose, this chapter proposed a holistic evaluation link framework that integrates all the 
information from channel, circuit and device technology to give accurate power and 
performance estimations for various link architectures. 
 The core of this framework relies on the compact analytical circuit modeling 
methodology that was introduced and applied to various building blocks. With this 
method, the system level parameters are used as the constraint and along with the 
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extracted device technology database, power and performance of the circuits for each 
individual blocks can be evaluated.  With some extra care on dealing with the interactions 
and signal/noise flows when putting different building together, a complete framework 
can thus be constructed. Applying such a framework to a cable-based link platform that 
was designed for future 60+Gb/s wireline communication, the pros/cons of various link 
architectures were clearly identified. Furthermore, an energy-efficient combination of 
building blocks was found to meet the BER requirement even in a relatively “old” 
process node, proving the framework’s effectiveness in helping the designers make quick 
architecture decisions.    

Finally, although not yet included in this framework, an optimization engine 
could be integrated into this framework as well to automate the design-space exploration. 
With the desired characteristic of decoupled system and circuit parameters from this 
framework, separate optimization loops could be applied to the system and circuit level 
of evaluation respectively, making the exploration fast and efficient. 
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Chapter 5  
Conclusions 
 

5.1 Thesis Summary 
While the throughput requirement of wireline I/Os is predicted to increase at a steady 
state in the future, the total power budget for these links unfortunately stays pretty flat, 
making it extremely critical to find ways to build high-speed and more energy-efficient 
wireline links. At higher speeds, equalization circuits need to cancel more ISI while 
needing a wide bandwidth, making themselves very power hungry. Therefore building 
low-power equalization circuits is the key to achieving energy-efficient wireline links. 

Voltage-mode signaling is widely used in transmitters due its signaling power 
advantages over analog signaling. However, to deal with different channel losses while 
still maintaining good signal integrity, multiple functionalities such as finite-impulse-
response feedforward equalizer, signal amplitude control and impedance calibration need 
to be included. While previous publications ([10]–[12]) showed various approaches to 
incorporate these functions into a voltage-mode driver, achieving simultaneous digital 
and signaling efficiency still remains challenging. Fortunately, by combing the 
techniques of shunt-branch based pre-emphasis ([10]), simplified decoder structure for 
equalization strength control and automatic analog impedance calibration ([11], [15]), 
this thesis proposed a TX FFE architecture that can drastically reduce the high-speed 
parasitic loading on the full-swing digital data path and therefore achieves both excellent 
signaling and digital power efficiency. A 2-tap 10Gb/s prototype fabricated in a low-
power Fujitsu 65nm CMOS process shows an overall ~1pJ/bit energy efficiency that 
is >2.5x better than previous designs, verifying the effectiveness of these techniques. 

As the target data rates go beyond 40Gb/s, closing the feedback loop timing in a 
decision-feedback equalizer becomes even more difficult. While DFE architectures such 
as loop-unrolling ([28], [30]) could be adopted to relax the 1st tap timing, it would make 
closing later tap’s timing more challenging and/or consume more power ([22], [23]). In 
order to build a low-power DFE, this thesis thus proposed techniques to improve the 
speed of multi-tap closed-loop architectures instead. With the combined efforts on 
merged summer/latch design ([32]), reduced latch gain and dynamic latch design ([33]), a 
3-tap DFE prototype fabricated in a general purpose TSMC 65nm CMOS process was 
measured to be able to operate at 66Gb/s, cancelling a total of about 1.65X of the cursor 
amplitude ISI while consuming only ~46mW from a 1.2V supply. Comparing to state-of-
the-art 20+Gb/s designs, the proposed architecture achieved both the highest speed and 
lowest power consumption. 

From an overall link budget standpoint of view, as the data rate approaches 
transistor’s speed limit, a better tool is required to be able to capture the circuit 
characteristics at an early stage. With such a tool, both power and noise generated by the 
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circuit as a function of the device technology parameter and system or signal-integrity 
constraint can be estimated. As compared to the conventional system-level only driven 
evaluation tool ([39]–[42]), this will help designers make wiser early decisions to build 
more efficient links. With this goal in mind, by utilizing the device-technology LUT 
based circuit modeling techniques ([45], [46], [50]), this thesis proposed a holistic 
framework to be able to encapsulate all the circuit power and noise details into the system 
evaluation phase. Applying this framework to a cable-based link platform engineered for 
60+Gb/s applications showed clear trade-offs and effectiveness of different equalization 
architectures. 

 

5.2 Future Directions 
To continue data rate scaling in the future, various efforts had been shown to use 
alternative signal carriers other electrical channels to reduce signal losses. For example, 
plastic waveguides ([55], [56]) have been investigated to help extend the maximum 
achievable bandwidth of a channel at a relatively low cost. Optical links ([57]–[59]), on 
the other hand, could achieve even better energy efficiency due to the channel’s superior 
loss characteristics, but reducing their cost still remains a challenge at this moment. 
Regardless of which type of channel to be used for wireline communications, the 
evaluation framework presented in this thesis can always be used to determine the 
optimal link architecture once the channel model is updated. Circuit techniques 
introduced in this thesis can also be adopted when building equalization circuits for these 
links such that their channel capacities could be fully utilized.  

While this thesis focuses on FFE and DFE for binary links, other equalization 
architectures such as the Tomlinson-Harashima precoder ([60], [61]) and model-
predictive control equalizer ([62]) have been published and benchmarked to show 
alternative solutions to equalize channel dispersions. Passive equalization schemes ([63], 
[64]) have been proposed to take the advantage of reduced bit time at high-data rates such 
that smaller LC delay lines could be used to save area. Furthermore, time-domain 
signaling processing techniques such as pulse-width modulation ([65]) have also been 
proposed to explore alternatives to conventional voltage-domain equalization method. To 
deal with extreme channels, modulation schemes such as 4-PAM, duo-binary signaling 
([27], [61], [66]) are potential candidates to achieve robust communications. Even though 
these architectures are somewhat different than the topologies discussed in the thesis, the 
underlying circuit implementation could face similar issues such as gain/latency trade-off 
and digital power overhead. By adopting and modifying circuit techniques introduced in 
this thesis, these challenges can be addressed that will lead to new opportunities in 
achieving energy-efficient high-speed links.  
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Appendix A 
Analysis of PEVM Transmitters 
 

 

 

Figure A.1: Thevenin equivalent circuit for driver analysis 

All of the voltage-mode drivers can be analyzed using the same Thevenin equivalent 
circuit shown in Figure A.1. The differential output swing can be expressed as: 
𝑉𝑜𝑢𝑡 = 𝑉𝑠𝑟𝑐

𝐺𝑠𝑟𝑐
𝐺𝑠𝑟𝑐+𝐺𝑙𝑑

          (A.1) 
Where 𝑉𝑠𝑟𝑐  and 𝐺𝑠𝑟𝑐 are the equivalent source voltage and source conductance from the 
Thevenin equivalent circuit, and 𝐺𝑙𝑑 is the load conductance. With the aid of (A.1), we 
can now analyze all of the drivers discussed in the chapter. 
 
 
A.1 CVPEVM 
 

Assuming the channel as a load and using Figure 2.3(b), the Thevenin equivalent 𝑉𝑠𝑟𝑐 is: 
𝑉𝑠𝑟𝑐 = 𝐺𝑠𝑖𝑔−𝐺𝑘𝑖𝑙𝑙

𝐺𝑠𝑖𝑔+𝐺𝑘𝑖𝑙𝑙
𝑉𝑑𝑟𝑣 = 𝐺𝑠𝑖𝑔−𝐺𝑘𝑖𝑙𝑙

𝐺𝑇
𝑉𝑑𝑟𝑣       (A.2) 

The last equity is valid because the driver is terminated to the channel so that 𝐺𝑠𝑖𝑔 +
𝐺𝑘𝑖𝑙𝑙 = 𝐺𝑇. Similarly, the Thevenin equivalent 𝐺𝑠𝑟𝑐 is: 
𝐺𝑠𝑟𝑐 = 𝐺𝑠𝑖𝑔+𝐺𝑘𝑖𝑙𝑙

2
= 𝐺𝑇

2
          (A.3) 

with 𝐺𝑙𝑑 = 𝐺𝑇 2⁄ , 𝑉𝑜𝑢𝑡is therefore: 
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𝑉𝑜𝑢𝑡 = 𝑉𝑠𝑟𝑐
𝐺𝑠𝑟𝑐

𝐺𝑠𝑟𝑐+𝐺𝑙𝑑
= 𝐺𝑠𝑖𝑔−𝐺𝑘𝑖𝑙𝑙

𝐺𝑇
𝑉𝑑𝑟𝑣 ×

𝐺𝑇
2

𝐺𝑇
2 +

𝐺𝑇
2

= 𝐺𝑠𝑖𝑔−𝐺𝑘𝑖𝑙𝑙
2𝐺𝑇

𝑉𝑑𝑟𝑣 = 2𝐺𝑠𝑖𝑔−𝐺𝑇
2𝐺𝑇

𝑉𝑑𝑟𝑣 (A.4) 

Re-ordering Equation (A.4) above and applying the output termination condition results 
in Equation (2.9). Applying 𝐺𝑠𝑖𝑔 + 𝐺𝑘𝑖𝑙𝑙 = 𝐺𝑇 to Equation (2.9) results in Equation (2.10). 
Since the output common-mode of the driver is fixed at 𝑉𝑑𝑟𝑣 2⁄ , 𝐼𝑠𝑖𝑔 can be found from 
Figure 2.3(b): 
𝐼𝑠𝑖𝑔 = 𝐺𝑠𝑖𝑔(𝑉𝑑𝑟𝑣 − 𝑉𝑜𝑢𝑡+) + 𝐺𝑘𝑖𝑙𝑙(𝑉𝑑𝑟𝑣 − 𝑉𝑜𝑢𝑡−) 
= 𝐺𝑠𝑖𝑔[𝑉𝑑𝑟𝑣 − (𝑉𝑑𝑟𝑣 2⁄ + 𝑉𝑜𝑢𝑡 2⁄ )] + 𝐺𝑘𝑖𝑙𝑙[𝑉𝑑𝑟𝑣 − (𝑉𝑑𝑟𝑣 2⁄ − 𝑉𝑜𝑢𝑡 2⁄ )]   (A.5) 
Simplifying (A.5) by plugging in (A.4) then results in Equation (2.6) 
 
 
A.2 CIPEVM 
 

Using Figure 2.4(b), we can once again identify the Thevenin equivalent 𝑉𝑠𝑟𝑐 and 𝐺𝑠𝑟𝑐: 
𝑉𝑠𝑟𝑐 = 𝐺𝑠𝑖𝑔−𝐺𝑘𝑖𝑙𝑙

𝐺𝑠𝑖𝑔+𝐺𝑘𝑖𝑙𝑙
𝑉𝑑𝑟𝑣          (A.6) 

𝐺𝑠𝑟𝑐 = 𝐺𝑠𝑖𝑔+𝐺𝑘𝑖𝑙𝑙
2

          (A.7) 
Since the load conductance is (𝐺𝑠ℎ𝑛𝑡 + 𝐺𝑇) 2⁄  from Figure 2.4(b) and 𝐺𝑠𝑖𝑔 + 𝐺𝑘𝑖𝑙𝑙 +
𝐺𝑠ℎ𝑛𝑡 = 𝐺𝑇 to maintain output termination, we can derive that: 

𝑉𝑜𝑢𝑡 = 𝑉𝑠𝑟𝑐
𝐺𝑠𝑟𝑐

𝐺𝑠𝑟𝑐+𝐺𝑙𝑑
= 𝐺𝑠𝑖𝑔−𝐺𝑘𝑖𝑙𝑙

𝐺𝑠𝑖𝑔+𝐺𝑘𝑖𝑙𝑙
𝑉𝑑𝑟𝑣 ×

𝐺𝑠𝑖𝑔+𝐺𝑘𝑖𝑙𝑙
2

𝐺𝑠𝑖𝑔+𝐺𝑘𝑖𝑙𝑙
2 +

𝐺𝑠ℎ𝑛𝑡+𝐺𝑇
2

= 𝐺𝑠𝑖𝑔−𝐺𝑘𝑖𝑙𝑙
2𝐺𝑇

𝑉𝑑𝑟𝑣   (A.8) 

Similar to the analysis of CVPEVM, the total signal current for CIPEVM can be 
expressed as: 
𝐼𝑠𝑖𝑔 = 𝐺𝑠𝑖𝑔[𝑉𝑑𝑟𝑣 − (𝑉𝑑𝑟𝑣 2⁄ + 𝑉𝑜𝑢𝑡 2⁄ )] + 𝐺𝑘𝑖𝑙𝑙[𝑉𝑑𝑟𝑣 − (𝑉𝑑𝑟𝑣 2⁄ − 𝑉𝑜𝑢𝑡 2⁄ )] (A.9) 
Plugging in (A.8), we can express 𝐼𝑠𝑖𝑔 in terms of 𝐺𝑠𝑖𝑔 as follows: 

𝐼𝑠𝑖𝑔 = 𝐺𝑠𝑖𝑔𝑉𝑑𝑟𝑣 − 𝐺𝑇𝑉𝑠𝑤 − 𝐺𝑇
𝑉𝑠𝑤2

𝑉𝑑𝑟𝑣
        (A.10) 

Since 𝐼𝑠𝑖𝑔 = 𝐺𝑇𝑉𝑑𝑟𝑣
4

 is intended to be constant over all 𝑉𝑜𝑢𝑡 values for this architecture, 

applying 𝑑𝐼𝑠𝑖𝑔
𝑑𝑉𝑜𝑢𝑡

= 0 to (A.10) results in: 
𝑑𝐺𝑠𝑖𝑔
𝑑𝑉𝑜𝑢𝑡

= �2 𝑉𝑜𝑢𝑡
𝑉𝑑𝑟𝑣

+ 1� 𝐺𝑇
𝑉𝑑𝑟𝑣

          (A.11) 
Integrating Equation (A.11) and utilizing the known solution 𝐺𝑠𝑖𝑔(𝑉𝑜𝑢𝑡 = 𝑉𝑑𝑟𝑣 2⁄ ) = 𝐺𝑇, 
results in the 𝐺𝑠𝑖𝑔(𝑉𝑜𝑢𝑡) relationship shown in (2.13). 𝐺𝑘𝑖𝑙𝑙(𝑉𝑜𝑢𝑡) in Equation (2.14) and 
𝐺𝑠ℎ𝑛𝑡(𝑉𝑜𝑢𝑡) in Equation (2.15) can then be easily derived using Equation (A.8) and the 
𝐺𝑠𝑖𝑔 + 𝐺𝑘𝑖𝑙𝑙 + 𝐺𝑠ℎ𝑛𝑡 = 𝐺𝑇 constraint.  
 
 
A.3 IMPEVM 
 

From Figure 2.5(b), we can directly derive 𝑉𝑜𝑢𝑡 as a function of 𝐺𝑠𝑖𝑔: 
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𝑉𝑜𝑢𝑡 = 𝑉𝑠𝑟𝑐
𝐺𝑠𝑟𝑐

𝐺𝑠𝑟𝑐+𝐺𝑙𝑑
= 𝑉𝑑𝑟𝑣 ×

𝐺𝑠𝑖𝑔
2

𝐺𝑠𝑖𝑔
2 +𝐺𝑇2

= 𝐺𝑠𝑖𝑔
𝐺𝑠𝑖𝑔+𝐺𝑇

𝑉𝑑𝑟𝑣     (A.12) 

A simple re-ordering of (A.12) results in (13). Similarly, the signaling current for this 
driver is: 

𝐼𝑠𝑖𝑔 = 𝑉𝑑𝑟𝑣 �
𝐺𝑇
2
𝐺𝑠𝑖𝑔
2

𝐺𝑇
2 +

𝐺𝑠𝑖𝑔
2

� = 1
2
𝐺𝑇 �

𝐺𝑠𝑖𝑔
𝐺𝑇+𝐺𝑠𝑖𝑔

� 𝑉𝑑𝑟𝑣       (A.13) 

Substituting (A.12) into (A.13) results in Equation (2.8). 
 
 
A.4 Proposed PEVM 
 

With the aid of Figure 2.10 and the termination constraint 𝐺𝑠𝑖𝑔 + 𝐺𝑠ℎ𝑛𝑡 = 𝐺𝑇, 𝑉𝑜𝑢𝑡is 
simply: 

𝑉𝑜𝑢𝑡 = 𝑉𝑠𝑟𝑐
𝐺𝑠𝑟𝑐

𝐺𝑠𝑟𝑐+𝐺𝑙𝑑
= 𝑉𝑑𝑟𝑣 ×

𝐺𝑠𝑖𝑔
2

𝐺𝑠𝑖𝑔
2 +

𝐺𝑠ℎ𝑛𝑡+𝐺𝑇
2

= 𝐺𝑠𝑖𝑔
2𝐺𝑇

𝑉𝑑𝑟𝑣      (A.14) 

which results in (2.22). 
The total signaling current can be found in a similar way as the IMPEVM: 

𝐼𝑠𝑖𝑔 = 𝑉𝑑𝑟𝑣 �
𝐺𝑠𝑖𝑔
2  

𝐺𝑇+𝐺𝑠ℎ𝑛𝑡
2

𝐺𝑠𝑖𝑔
2 +

𝐺𝑇+𝐺𝑠ℎ𝑛𝑡
2

� = 𝑉𝑑𝑟𝑣 �
𝐺𝑠𝑖𝑔
2  

2𝐺𝑇−𝐺𝑠𝑖𝑔
2

𝐺𝑠𝑖𝑔
2 +

𝐺𝑇+𝐺𝑠ℎ𝑛𝑡
2

� = 𝑉𝑑𝑟𝑣𝐺𝑠𝑖𝑔
2

�1 − 𝐺𝑠𝑖𝑔
2𝐺𝑇

�    (A.15) 

which becomes Equation (2.24) after plugging in (A.14). 
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Appendix B 
Comparison of Dynamic Latch and CML Latch 
Implementations 
 

The dynamic and CML latch implementations we analyze in this section are shown in 
Figure 3.8 and Figure 3.10, respectively. The definitions listed below will be utilized 
throughout the rest of the analyses in this Appendix. 
 
Shared Terms for Both Topologies: 
𝐶𝐿  - External output load capacitance 
𝐴𝑡𝑜𝑡  - Total required gain  
𝑉𝐷𝐷  - Supply voltage 
𝑉𝑐𝑢𝑟  - Input cursor amplitude 
𝑉𝑑  - Required latch “digital” output amplitude 
𝑁𝜏  - Required setting time within 1UI  
𝑇𝑡1  - Coefficient of the 1st post-cursor ISI tap normalized by the cursor amplitude 

𝛾  - The ratio of drain to gate capacitance for the transistors;for simplicity, we have 
assumed this to be a constant regardless of device type and bias 

Dynamic Latch Topology: 
𝐴𝑑𝑦𝑛, 𝐴𝑔 – Gain of the dynamic latch and the gain stages (𝐴𝑡𝑜𝑡 = 𝐴𝑑𝑦𝑛 ∙ 𝐴𝑔) 
𝐴0,𝑝,𝑙𝑖𝑛    - Intrinsic gain of the triode PMOS load, which is usually less than one 
𝑔𝑚,𝑑𝑦𝑛  - Transconductance of the latch’s input pair 28 
𝑉𝑑𝑦𝑛∗ ,𝑉𝑡𝑝∗ ,𝑉𝑔∗ -the  𝑉∗’s of the dynamic latch input pair, tap input pair, and gain stage 
input pair 
𝜔𝑇,𝑑𝑦𝑛, 𝜔𝑇,𝑝,𝑙𝑖𝑛,  𝜔𝑇,𝑡𝑝,𝜔𝑇,𝑔 – the 𝜔𝑇’s of the dynamic latch input pair, triode PMOS 
load, tap input pair, and gain stage input pair  

CML Latch Topology: 
𝐴𝑝𝑟𝑒  - Pre-amplification gain of the CML latch (i.e., gain in the pre-amplification phase) 
𝑔𝑚,𝐶𝑀𝐿 - Transconductance of the CML latch input pair 
𝑉𝐶𝑀𝐿∗   - 𝑉∗ of the CML latch input pair 
𝜔𝑇,𝐶𝑀𝐿 - the 𝜔𝑇 of the CML latch input pair 
With these definitions and using the same approach as [45], we first find the intrinsic 
delay of the dynamic latch due to its self-loading: 29 

                                                        
28 𝑔𝑚,𝑑𝑦𝑛 should be interpreted as the average 𝑔𝑚 of the input pair given the finite clock edge rate. The 
analysis in [2] can be used to calculate the required peak 𝑔𝑚. 
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𝜏𝑜,𝑑𝑦𝑛,𝑠𝑙𝑓 = 𝛾 𝐴𝑑𝑦𝑛

𝜔𝑇,𝑑𝑦𝑛
+ 𝛾 𝐴0,𝑝,𝑙𝑖𝑛

𝜔𝑇,𝑝,𝑙𝑖𝑛
+ (𝛾 + 1)𝑇𝑡1

𝑉𝑑
𝑉𝑡𝑝∗

1
𝜔𝑇,𝑡𝑝

    (B.1)  

We can then express the time-constant at the output of the dynamic latch as:  
𝜏𝑜,𝑑𝑦𝑛 = 𝜏𝑜,𝑑𝑦𝑛,𝑠𝑙𝑓 + 𝐴𝑑𝑦𝑛

𝐶𝐿
𝑔𝑚,𝑑𝑦𝑛

,            (B.2) 

which, in order to meet the timing constraint, needs to satisfy: 
𝑇𝑑𝑞 = 𝑁𝜏𝜏𝑜,𝑑𝑦𝑛 = 1𝑈𝐼 = 1/𝑓𝑏𝑖𝑡       (B.3) 

With (B.2) and (B.3), the bias current for the dynamic latch during its transparent 
phase and the associated tap correction current can be found: 

𝐼𝑑𝑦𝑛 = 𝑔𝑚,𝑑𝑦𝑛𝑉𝑑𝑦𝑛∗ =
𝐴𝑑𝑦𝑛𝑁𝜏𝑓𝑏𝑖𝑡𝐶𝐿𝑉𝑑𝑦𝑛

∗

1−𝑁𝜏𝑓𝑏𝑖𝑡𝜏𝑜,𝑑𝑦𝑛,𝑠𝑙𝑓
       (B.4) 

𝐼𝑡1,𝑑𝑦𝑛 = 𝑇𝑡1𝑉𝑐𝑢𝑟𝑔𝑚,𝑑𝑦𝑛 = 𝑇𝑡1
𝑉𝑑
𝐴𝑑𝑦𝑛

𝑔𝑚,𝑑𝑦𝑛 = 𝑇𝑡1
𝐴𝑑𝑦𝑛

𝑉𝑑
𝑉𝑑𝑦𝑛
∗ 𝐼𝑑𝑦𝑛     (B.5) 

Knowing the bias current of the dynamic latch, we can find the capacitance driven 
by the gain stages in front of the latch (i.e., the input capacitance of the latch): 
𝐶𝑔𝑔,𝑑𝑦𝑛 = 𝑔𝑚,𝑑𝑦𝑛

𝜔𝑇,𝑑𝑦𝑛
= 𝐼𝑑𝑦𝑛

𝑉𝑑𝑦𝑛
∗

1
𝜔𝑇,𝑑𝑦𝑛

        (B.6) 

The resulting bias current of this gain stage is thus:30 
𝐼𝑔 = 𝐴𝑔𝑁𝜏𝑓𝑏𝑖𝑡𝐶𝑔𝑔,𝑑𝑦𝑛𝑉𝑔∗

1−𝑁𝜏𝑓𝑏𝑖𝑡𝜏𝑜,𝑑𝑦𝑛,𝑠𝑙𝑓
= 𝐴𝑡𝑜𝑡

𝐴𝑑𝑦𝑛

𝑉𝑔∗

𝑉𝑑𝑦𝑛
∗

𝑁𝜏𝑓𝑏𝑖𝑡
1−𝑁𝜏𝑓𝑏𝑖𝑡𝜏𝑜,𝑔,𝑠𝑙𝑓

1
𝜔𝑇,𝑑𝑦𝑛

𝐼𝑑𝑦𝑛     (B.7) 

where 𝜏𝑜,𝑔,𝑠𝑙𝑓 is the intrinsic delay of the gain stage, which for simplicity we assume is a 
resistively loaded topology and further ignore any parasitic capacitances from the load 
resistors. 𝜏𝑜,𝑔,𝑠𝑙𝑓 can then be expressed as:  
 𝜏𝑜,𝑔,𝑠𝑙𝑓 = 𝛾 𝐴𝑔

𝜔𝑇,𝑔
= 𝛾 𝐴𝑡𝑜𝑡

𝐴𝑑𝑦𝑛

1
𝜔𝑇,𝑔

         (B.8) 

With the expressions for the bias current of each stage, it is straightforward to find 
the average power per cycle for the amplifier + dynamic latch architecture: 
𝑃𝑡𝑜𝑡,𝑑𝑦𝑛 = 𝑃𝑎𝑣𝑔,𝑑𝑦𝑛 + 𝑃𝑎𝑣𝑔,𝑡1 + 𝑃𝑎𝑣𝑔,𝑔 = 𝑉𝐷𝐷 �

1
2
�𝐼𝑑𝑦𝑛 + 𝐼𝑡1,𝑑𝑦𝑛� + 𝐼𝑔�   (B.9) 

Note that the ½ factor is applied to the bias current of the dynamic latch input pair and 
feedback tap since both are active for only half of the clock cycle. After substituting (B.4), 
(B.5), and (B.7) into (B.9), the total power becomes: 

 𝑃𝑡𝑜𝑡,𝑑𝑦𝑛 = �1
2
�1 + 𝑇𝑡1

𝐴𝑑𝑦𝑛

𝑉𝑑
𝑉𝑑𝑦𝑛
∗ � + 𝐴𝑡𝑜𝑡

𝐴𝑑𝑦𝑛

𝑉𝑔∗

𝑉𝑑𝑦𝑛
∗

𝑁𝜏𝑓𝑏𝑖𝑡
1−𝑁𝜏𝑓𝑏𝑖𝑡𝜏𝑜,𝑔,𝑠𝑙𝑓

1
𝜔𝑇,𝑑𝑦𝑛

�
𝐴𝑑𝑦𝑛𝑁𝜏𝑓𝑏𝑖𝑡𝐶𝐿𝑉𝑑𝑦𝑛

∗ 𝑉𝐷𝐷
1−𝑁𝜏𝑓𝑏𝑖𝑡𝜏𝑜,𝑑𝑦𝑛,𝑠𝑙𝑓

 (B.10) 

Note that since 𝜏𝑜,𝑑𝑦𝑛,𝑠𝑙𝑓 is usually larger than 𝜏𝑜,𝑔,𝑠𝑙𝑓, the highest data rate we 
can operate is determined by 𝑓𝑏𝑖𝑡 < 1 (𝑁𝜏𝜏𝑜,𝑑𝑦𝑛,𝑠𝑙𝑓)⁄  (i.e. 𝑃𝑡𝑜𝑡,𝑑𝑦𝑛 > 0).  

We can now move on to compute the power consumed by the CML latch.  The 
time constant of the latch during its transparent phase can be expressed as: 
𝜏𝑜,𝑝𝑟𝑒 = 𝜏𝑜,𝐶𝑀𝐿,𝑠𝑙𝑓 + 𝐴𝑝𝑟𝑒

𝐶𝐿
𝑔𝑚,𝐶𝑀𝐿

,         (B.11) 

                                                                                                                                                                     
29 The finite settling time effects can be included by scaling both 𝐴𝑑𝑦𝑛and 𝑇𝑡1 by ~1 (1 − 𝑒−𝑁𝜏)⁄ . The finite 

𝑟0 effect simply scales 𝐴0,𝑝,𝑙𝑖𝑛 by a factor of �1 − 𝐴𝑑𝑦𝑛
𝐴0,𝑁

�, where 𝐴0,𝑁 is the intrinsic gain of an NMOS in 
saturation. 
30 In this appendix we will consider only a single gain stage. A multi-stage amplifier (to provide higher gain) 
can also be integrated in this analysis by adopting the method shown in [81]. It is used to generate the 
gain=50 case Figure 3.10. 
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where 𝜏𝑜,𝐶𝑀𝐿,𝑠𝑙𝑓 is the intrinsic delay, which is equal to: 
𝜏𝑜,𝐶𝑀𝐿,𝑠𝑙𝑓 = (1 + 2𝛾) 𝐴𝑝𝑟𝑒

𝜔𝑇,𝐶𝑀𝐿
+ (1 + 𝛾)𝑇𝑡1

𝐴𝑝𝑟𝑒𝑉𝑑
𝐴𝑡𝑜𝑡𝑉𝑡𝑝∗

1
𝜔𝑇,𝑡𝑝

,     (B.12) 

Note that due to the self-loading from the regenerative pair (i.e., the additional 
gate and drain parasitic capacitance of the regenerative pair, there is an additional 
(1 + 𝛾)  𝐴𝑝𝑟𝑒

𝜔𝑇,𝐶𝑀𝐿
  added to 𝛾 𝐴𝑝𝑟𝑒

𝜔𝑇,𝐶𝑀𝐿
 (i.e. the drain parasitics of the input pair), which 

substantially increases 𝜏𝑜,𝐶𝑀𝐿,𝑠𝑙𝑓 . For simplicity, we also ignored here any parasitic 
capacitots from the load resistors, which when taken into account would further increase 
𝜏𝑜,𝐶𝑀𝐿,𝑠𝑙𝑓. 

The total 𝑇𝑑𝑞for a CML latch is composed of two terms – one from settling during 
the transparent (pre-amplification) phase, and the other from regeneration during the 
opaque phase. We can therefore derive the following constraint: 

𝑇𝑑𝑞 = 𝑁𝜏𝜏𝑜,𝑝𝑟𝑒 + ln �𝐴𝑡𝑜𝑡
𝐴𝑝𝑟𝑒

� �𝜏𝑜,𝑟𝑒𝑔� = 1
𝑓𝑏𝑖𝑡

       (B.13) 

Since the regeneration time constant �𝜏𝑜,𝑟𝑒𝑔� = 𝜏𝑜,𝑝𝑟𝑒

𝐴𝑝𝑟𝑒−1
 (as shown in [67]), we can now 

find an expression for the required CML latch bias current and tap correction current: 

𝐼𝐶𝑀𝐿 =
𝐴𝑝𝑟𝑒�𝑁𝜏+ln�

𝐴𝑡𝑜𝑡
𝐴𝑝𝑟𝑒

� 1
𝐴𝑝𝑟𝑒−1

�𝑓𝑏𝑖𝑡𝐶𝐿𝑉𝐶𝑀𝐿
∗

1−�𝑁𝜏+ln�
𝐴𝑡𝑜𝑡
𝐴𝑝𝑟𝑒

� 1
𝐴𝑝𝑟𝑒−1

�𝑓𝑏𝑖𝑡𝜏𝑜,𝐶𝑀𝐿,𝑠𝑙𝑓
      (B.14) 

𝐼𝑡1,𝐶𝑀𝐿 = 𝑇𝑡1𝑉𝑐𝑢𝑟𝑔𝑚,𝐶𝑀𝐿 = 𝑇𝑡1
𝑉𝑑
𝐴𝑡𝑜𝑡

𝑔𝑚,𝐶𝑀𝐿 = 𝑇𝑡1
𝐴𝑡𝑜𝑡

𝑉𝑑
𝑉𝐶𝑀𝐿
∗ 𝐼𝐶𝑀𝐿    (B.15) 

The total average power for the CML latch is therefore: 
𝑃𝑡𝑜𝑡,𝐶𝑀𝐿 = 𝑉𝐷𝐷 �

1
2
𝐼𝑡1,𝐶𝑀𝐿 + 𝐼𝐶𝑀𝐿�       (B.16a) 

                = �1
2
𝑇𝑡1
𝐴𝑡𝑜𝑡

𝑉𝑑
𝑉𝐶𝑀𝐿
∗ + 1�

𝐴𝑝𝑟𝑒�𝑁𝜏+ln�
𝐴𝑡𝑜𝑡
𝐴𝑝𝑟𝑒

� 1
𝐴𝑝𝑟𝑒−1

�𝑓𝑏𝑖𝑡𝐶𝐿𝑉𝐶𝑀𝐿
∗ 𝑉𝐷𝐷

1−�𝑁𝜏+ln�
𝐴𝑡𝑜𝑡
𝐴𝑝𝑟𝑒

� 1
𝐴𝑝𝑟𝑒−1

�𝑓𝑏𝑖𝑡𝜏𝑜,𝐶𝑀𝐿,𝑠𝑙𝑓
    (B.16b) 

Comparing (B.16b) with (B.10) emphasizes an observation made earlier in the 
chapter.  Specifically, in high-speed but mild gain applications (i.e. our targets in this 
particular DFE design), the delay for a CML latch is mostly dominated by its transparent 

phase setting time (since the total gain is low, ln �𝐴𝑡𝑜𝑡
𝐴𝑝𝑟𝑒

� 1
𝐴𝑝𝑟𝑒−1

≪ 𝑁𝜏 ).  Thus, since 

𝜏𝑜,𝑑𝑦𝑛,𝑠𝑙𝑓 is ~2X smaller than 𝜏𝑜,𝐶𝑀𝐿,𝑠𝑙𝑓, we are able to achieve higher-speed (or better 
energy-efficiency for the same achievable speed) using the dynamic latch-based design. 
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Appendix C 
DFE Error Propagation Analysis 
 
This appendix summarizes some previous published papers on the analysis of DFE error 
propagation ([9], [68]–[70]). It is found that for low BER or high SNR applications, 
including error propagation will only have a minor increase on the steady-state BER as 
compared to the case without error propagations.  
 Since the complexity of the analysis grows with the number of DFE taps (i.e. # of 
channel post-cursor ISI), to help convey the core methodology that is behind the analysis, 
we will start with a 1-tap DFE example. After that, some model reduction techniques to 
deal with multiple taps will be briefly summarized in order to introduce interested readers 
to the provided references for further study. 
 

C.1 Error Propagation Analysis for 1-tap DFE 
 

 

Figure C.1: 1-tap DFE model 

A simplified 1-tap DFE model is shown in Figure C.1, where Dtx and Drx are the 
transmitted (desired) and received (“estimated”) digital data respectively. Vi represents 
the analog signal (i.e. transmitted signal amplitude ± ISI amplitude) seen at the DFE input. 
It is summed with the noise voltage Vn and feedback correction voltage Vc (=±d1 
depending on the polarity of Drx) to generate the input voltage to the slicer Vo. To 
express their relationship in a more formal way with the assumption that the DFE has 
already been properly adapted to cancel the 1-tap channel induced ISI (i.e. d1=α) : 

⎩
⎨

⎧
𝑉𝑜[𝑘] = 𝑉𝑖[𝑘] − 𝑉𝑐[𝑘] + 𝑉𝑛[𝑘]
𝑉𝑖[𝑘] = 𝐷𝑡𝑥[𝑘] + 𝛼𝐷𝑡𝑥[𝑘 − 1]

𝐷𝑟𝑥[𝑘] = 𝑠𝑔𝑛(𝑉𝑜[𝑘])
𝑉𝑐[𝑘] = 𝛼𝐷𝑟𝑥[𝑘 − 1]

       (C.1) 

d1

Vi DrxVo
Slicer

Dtx
Channel

1-tap DFE

Vc

1
α

Vn

-
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In other words,  
𝑉𝑜[𝑘] = 𝐷𝑡𝑥[𝑘] + 𝛼{𝐷𝑡𝑥[𝑘 − 1] − 𝐷𝑟𝑥[𝑘 − 1]} + 𝑉𝑛[𝑘]    (C.2) 
We can further define the error between the transmitted and received bit as 𝑒[𝑘] =
𝐷𝑡𝑥[𝑘] − 𝐷𝑟𝑥[𝑘]. This error has 3 possible values: 1) 0 when receiver makes the right 
decision; 2) +2 when transmitted bit is -1 but receiver makes a +1 decision and 3) -2 
when transmitted bit is +1 but receiver makes a -1 decision. With this definition, (C.2) 
can be modified: 
𝑉𝑜[𝑘] = 𝐷𝑡𝑥[𝑘] + 𝛼𝑒[𝑘 − 1] + 𝑉𝑛[𝑘]       (C.3) 

Now 𝐷𝑟𝑥[𝑘] can be derived which gives an updated 𝑒[𝑘]. In other words,  𝑒[𝑘] 
will be completely determined by the previous error 𝑒[𝑘 − 1] and the current transmitter 
bit 𝐷𝑡𝑥[𝑘] along with current noise sample 𝑉𝑛[𝑘]. Assuming the transmitted digital bits 
and the noise are statistically independent, we can then construct a 1st order discrete 
Markov chain model for the error states as shown in Figure C.2 ([9]). 
 

 

Figure C.2: 1st-order discrete Markov chain model for the error state transitions 

Since there are 3 possible error outcomes, 3 distinct states are assigned to them 
(S0->e=0, S1->e=+2 and S2->e=-2) and we will have 3 transition probabilities for each 
states which will result in a transition matrix with a total dimension of 3X3=9: 

𝑃� = �
𝑝0,0 𝑝1,0 𝑝2,0
𝑝0,1 𝑝1,1 𝑝2,1
𝑝0,2 𝑝1,2 𝑝2,2

�        (C.4) 

To find out each transition probability, we need to figure out how each transition 
happens. As an example, for a transition from S0 to S1, it really means the receiver slicer 
make a -1 decision when transmitter sends a +1 and the correction is perfect (i.e. no 
decision error for the previous bit). We can thus express the probability of this transition 
as: 

𝑝1,0 = 𝑃𝑟[𝑒[𝑘] = +2|𝑒[𝑘 − 1] = 0,𝐷𝑡𝑥[𝑘] = +1]
= 𝑃𝑟[𝐷𝑟𝑥[𝑘] = −1|𝑒[𝑘 − 1] = 0,𝐷𝑡𝑥[𝑘] = +1]      (C.5) 
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Assuming the transmitter sends equal number of +1 and -1, we can then simply (C.5) to: 

𝑝1,0 = 1
2
𝑃𝑟[𝐷𝑟𝑥[𝑘] = −1|𝑒[𝑘 − 1] = 0]

= 1
2
𝑃𝑟[(𝐷𝑡𝑥[𝑘] + 𝑉𝑛[𝑘]) < 0]

= 1
2

× 1
2
�1 + 𝑒𝑟𝑓 �−𝑉𝑐𝑢𝑟

√2𝜎𝑛
�� = 1

4
�1 + 𝑒𝑟𝑓 �−𝑆𝑁𝑅

√2
��

     (C.6) 

where the last equivalence is reached by assuming the transmitted cursor voltage is 𝑉𝑐𝑢𝑟 
and the noise has a Gaussian distribution with a rms noise voltage of 𝜎𝑛. The signal-to-
noise ratio SNR is defined in voltage ratio as 𝑉𝑐𝑢𝑟 𝜎𝑛⁄  . Similarly, we can easily compute 
the probability of transition from S0 to S2: 

𝑝2,0 = 𝑃𝑟[𝐷𝑟𝑥[𝑘] = +1|𝑒[𝑘 − 1] = 0,𝐷𝑡𝑥[𝑘] = −1]

= 1
2
𝑃𝑟[𝐷𝑟𝑥[𝑘] = +1|𝑒[𝑘 − 1] = 0]

= 1
2
𝑃𝑟[(−𝐷𝑡𝑥[𝑘] + 𝑉𝑛[𝑘]) > 0]

= 1
4
�1 − 𝑒𝑟𝑓 �𝑆𝑁𝑅

√2
�� = 1

4
�1 + 𝑒𝑟𝑓 �−𝑆𝑁𝑅

√2
�� = 𝑝1,0

    (C.7) 

Notice the last equivalence is valid because 𝑒𝑟𝑓 function is an odd function. The 
equivalence of 𝑝2,0 and 𝑝1,0 also makes intuitive sense as the conditions of reaching S1 
and S2 from S0 are exactly symmetric in a binary system with only 1-tap of DFE. with 
𝑝1,0 and 𝑝2,0 in hand, 𝑝0,0 can be easily derived: 

𝑝0,0 = 1 − 𝑝1,0 − 𝑝2,0         (C.8) 

To consider the transition probability from other states other than S0, the 
approaches is exactly the same except now the signal amplitude will be modified due to 
incomplete ISI cancellation (i.e. SNR will be different). For S1: 

𝑝1,1 = 𝑃𝑟[𝑒[𝑘] = +2|𝑒[𝑘 − 1] = +2,𝐷𝑡𝑥[𝑘] = +1]

= 1
2
𝑃𝑟[𝐷𝑟𝑥[𝑘] = −1|𝑒[𝑘 − 1] = +2]

= 1
2
𝑃𝑟[(𝐷𝑡𝑥[𝑘] + 2𝛼 + 𝑉𝑛[𝑘]) < 0]

= 1
4
�1 + 𝑒𝑟𝑓 �−𝑆𝑁𝑅(1+2𝛼)

√2
��

     (C.9) 

𝑝2,1 = 1
2
𝑃𝑟[𝐷𝑟𝑥[𝑘] = +1|𝑒[𝑘 − 1] = +2]

= 1
2
𝑃𝑟[(−𝐷𝑡𝑥[𝑘] − 2𝛼 + 𝑉𝑛[𝑘]) > 0] = 𝑝1,1

     (C.10) 

𝑝0,1 = 1 − 𝑝1,1 − 𝑝2,1         (C.11) 

Again, the 𝑝2,1 = 𝑝1,1 stems from the fact that it is a binary link with 1-tap DFE 
correction so the transitions to a +2 or -2 decision error from the same state are 
symmetric. Finally, 𝑝1,2, 𝑝2,2 and 𝑝0,2 are easily found by simply changing the polarities 
in the ISI correction term: 
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𝑝2,2 = 𝑝1,2 = 1

4
�1 + 𝑒𝑟𝑓 �−𝑆𝑁𝑅(1−2𝛼)

√2
��      (C.12) 

𝑝0,2 = 1 − 𝑝1,2 − 𝑝2,2         (C.13) 

Intuitively, comparing to state 1, the transition starting at state 2 should result in 
smaller probability going back to the healthy state 0 (i.e. 𝑝0,2 < 𝑝0,1) due the fact that the 
incorrect correction from the tap closes the eye in state 2 rather than boosting it in state 1 
and thus has much poorer SNR. Such a behavior can also be observed by comparing 
(C.12) and (C.9). 

Putting (C.5)-(C.13) into (C.4) we can therefore get the transition matrix. With 
little efforts, the steady-state probability for each state can be found: 
Π� = lim𝑛→∞(𝑃�)𝑛         (C.14) 

Since the 𝜋0,0entry in Π� is ultimately the steady-state zero error probability, BER can 
then easily be derived: 

𝐵𝐸𝑅 = 1 − 𝜋0,0         (C.15) 

With some math, we can get the steady-state BER vs. input SNR in Figure C.3. It 
can be immediately found that the penalty on error propagation in a DFE is really 
negligible, especially at low BER region. As an example, for 1e-12 BER target, the 
required SNR for the ISI free case (i.e. no error propagation) is ~7.03 vs. ~7.07 and 7.13 
for ISI=0.5 and 1 respectively. In other words, for a target BER of1e-12, the required 
SNR improvement is only ~1.4% for a 1-tap channel that causes a complete eye closure 
when taking the DFE error propagation into account. 

 

Figure C.3: steady-state BER vs input SNR wi/wo error propagation 
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Another interesting characteristic we can consider is the time a DFE requires to 
recover to an “error-free” state once a decision error is made. To study such a behavior, 
Figure C.4 plots the BER vs. # of decisions (i.e. # of transitions) for the 1-tap DFE 
example. Here the “error-free” criterion is decided by entering the steady-state target 
BER. We ran the simulation with an input SNR of 7 assuming the DFE suddenly entering 
one of the 3 different states mentioned before. Not surprisingly, the worst state is always 
state 2 where the incorrect ISI cancellation tends to close the eye and thus results in very 
poor initial BER. It can also be noted that the larger the channel ISI the longer it requires 
to recover from the bad state.  

 

Figure C.4: BER vs. time with different initial states 

 

C.2 A Brief Summary for Multi-Tap DFE 
 
As shown before, the required number of states and transition matrix size to completely 
capture the error-propagation behavior is 3N and 3X3N, respectively, where N represents 
# of DFE taps. As an example, Figure C.5 shows a 2-tap DFE that requires 32 =9 states 
with 3X32=27 transitions and a 3-tap example can also be found in [68]. While it is 
possible to write programs to automatically figure out the state transition diagram and 

5 10 15 20 25 30 35 40 45 50
10-12

10-10

10-8

10-6

10-4

10-2

100

Time [# of decisions]

BE
R

 

 
Initial state = 0 [ISI = 0]
Initial state = 1 [ISI = 0]
initial state = 2 [ISI = 0]
Initial state = 0 [ISI = 0.5]
Initial state = 1 [ISI = 0.5]
initial state = 2 [ISI = 0.5]
Initial state = 0 [ISI = 1]
Initial state = 1 [ISI = l]
initial state = 2 [ISI = 1]



98 
 
probabilities, the # of states and transitions still grows exponentially with # of taps 
resulting in a large computational resource requirement. 

 

Figure C.5: 1st-order discreate Markov chain model for a 2-tap DFE 

 Since often times a higher/lower bound number of the error propagation 
probability would be sufficient to estimate its impact to the system, people have come up 
with different model reduction methods to simplify the STD ([68], [69]). Probably the 
most straight-forward model reduction is to just differentiate between error and non-error 
states. Called 1st-order reduction ([68]), this technique unifies e=±2 states into one state 
such that the requires states and # of transitions can be reduced to 2N and 2X2N 
respectively. Taking again the 1-tap case as an example, the new states X0 and X1 
corresponding to without and with decision errors are shown in Figure C.6, where only 2 
states and 4 transition probabilities are needed ([9]).  
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Figure C.6: 1st-order reduction of STD for the 1-tap DFE example 

The new transition probabilities are essentially the weighted sum of the different 
branches in the old STD: 

𝑞1,0 = 𝑝1,0 + 𝑝2,0 = 2𝑝1,0        (C.16) 

𝑞0,0 = 1 − 𝑞1,0         (C.17) 

𝑞1,1 = 1
2
�𝑝1,1 + 𝑝1,2� + 1

2
�𝑝2,1 + 𝑝2,2� = 𝑝1,1 + 𝑝2,2     (C.18) 

𝑞0,1 = 1 − 𝑞1,1         (C.19) 

with the new transition matrix expressed as: 

𝑄 = �
𝑞0,0 𝑞1,0
𝑞0,1 𝑞0,0

�         (C.20) 

While this reduction substantially reduces the size of the transition matrix to 
potentially save computational resources, the exact probabilities still need to be computed 
to fully capture the error propagation behaviors.  
 Since knowing an upper bound of the error propagation problem would be enough 
most of the time, the probabilities for only the worst-/best-case paths can be computed to 
reduce the evaluation time. As an example in [68] - which aligns the observations we 
found in the previous section -  the worst-case probabilities for each state can be 
identified as the ISI cancelation values to give the minimum eye-opening. With such a 
simplification, the transition probabilities for each state no longer needs to be calculated 
as the weighted sum of probabilities with different error vectors as shown before. It is 
sufficient to use only the probability from the error vector that results in the minimum 
eye-opening.  
 Further STD reduction is also achievable given other constraints. As another 
example, in [69], a 2nd-order reduction is introduced to further reduce the STD to only 
(N+1) states. The criterion used for state definition in this method is to consider the states 
as the required number of consecutive correct decisions to return to the error-free state. 
Again, as for finding error bounds, the transition probability for each state should be 
calculated with the worst-/best-case identification to save time and efforts. 
 While there have been numerous other publications on finding the upper bound 
for DFE error propagations with similar model reduction techniques ([70]–[72]), the 
conclusions always end up stating that with enough SNR budget, the steady-state BER 



100 
 
won’t be affected by taking DFE’s error propagation effect into account. Of course the 
tighter the bound we can find the better estimation on the SNR requirement we can get. 
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