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Abstract 

Ultra-Low Power Inductively-Coupled Wireless Transcranial Links 

by 

Wen Li 

Doctor of Philosophy in Engineering – Electrical Engineering and Computer Sciences 

University of California, Berkeley 

Professor Jan M. Rabaey, Chair 

Recent advancement in brain-machine-interface (BMI) technology has made tremendous impact 

on both clinical treatment and neuroscience research.  It enables neural scientists to record and 

study signals fired by an individual neuron.  To decode simple actions such as open and close a 

hand or rudimentary movements of an arm, signals from close to a hundred neurons must be 

examined [Hochberg06].  The large amount of collected neural data must be transmitted out of the 

skull to an external processer to translate into action or to be analyzed.  To minimize the risk of 

infection to the patients, wireless data transmission is the preferred option. A next-generation 

1024-channel implanted neural recorder that uses 20KS/s 8b Analog-to-Digital Converter (ADC) 

to capture neural signals can generate up to 164Mb/s data, which imposes a stringent requirement 

on the communication throughput of the implanted wireless transmitter (TX).  In addition, TX 

power consumption must be kept as low as possible for longer battery life or safe wireless power 

delivery, while the power consumption of the external receiver (RX) chip outside the skull can be 

relaxed.  The current state-of-the-art implantable transmitters that use backscattering, pulse 

harmonic modulation (PHM), or ultra-wide-band (UWB) communication suffer either from 

limited throughput or low TX energy efficiency.  Although other techniques such as ultrasound 

have the potential to achieve ultra-low power, they suffer from low data-rate (tens to hundreds of 

Kb/s) and severe loss through the skull bone.  To overcome these issues, inductive coupling 

technique is adopted in this work.  The proposed transmitter only consists of an inductor driver, 

which significantly simplifies the TX architecture and lowers power.  Inter-symbol-interference 

(ISI) caused by the ringing of the coupled inductors is alleviated by series de-Q resistors.  To 

further reduce power, the entire TX uses a single 0.5V supply.  To generate low jitter TX clock 

under such low supply and stringent power requirement, injection locked phase-locked loop (PLL) 

with fully-digital background frequency tracking and spur suppression is utilized.  To demonstrate 

the proposed architecture, a 200Mb/s transceiver is implemented in 65nm CMOS process.  The 

10mmX10mm coupled inductors are fabricated on standard 2-layer FR-4 PCBs, on which the chips 

are directly bonded.  The prototype achieves 5e-11 bit-error-rate (BER) over 11mm-thick scalp 

and skull bone of an 8-week primordial piglet and less than 1e-12 BER over 11mm air gap.  The 

TX PLL rms jitter is 59ps.  Including PLL, the entire TX chip consumes 300uW, achieving 1.5pJ/b 

energy efficiency.  The power consumption of the external RX chip is 37.2mW.  To the author’s 

best knowledge, the prototype achieves the highest data-rate and lowest BER among all cm-range 

wireless transceivers for biomedical implant applications. 
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Chapter 1  Introduction 

Brain Machine Interface (BMI) system serves as the bridge between neurons and 

computers.  It provides tools for neural scientist to understand and decode the human brain.  Many 

applications are enabled by BMI technology (Figure 1.1).  For example, to restore sensory-motor 

functions to paralyzed patients, electrodes are placed on the brain to record signals fired by the 

specific neurons, and a robotic arm can be directly controlled through the patients’ thoughts 

[Hochberg06, Collinger13, Ajiboye17].  Other applications include pre-surgical mapping to find 

seizure locations prior to surgical treatment for drug-resistant epilepsy [Kuruvilla03], returning 

sense of touch to person with long-term spinal cord injury [Flesher16], discovering organization 

of cortex with multiple speech articulators [Bouchard13], and performing deep brain stimulation 

(DBS) for brain disorders such as Parkinson’s disease [Rodriguez-Oroz05].  In most BMI 

applications, the large amount of data generated by the neural readout circuits needs to be 

transmitted outside the skull to an external processor to be decoded.  Currently, one of the major 

obstacles for implanted neural recorder is the wires that connect neuron readout channels to the 

external devices outside the skull.  To reduce the risk of infection caused by these wires, wireless 

transmission is needed.  However, the large amount of information generated by hundreds and 

thousands of neurons demands high throughput, imposing stringent requirement on the transcranial 

link bandwidth.  In addition, the implanted transmitter (TX) is not accessible from outside world, 

so its power consumption must be kept as low as possible to prolong the recorder battery life or to 

allow safe wireless power delivery.  For implantable neural recorder to be a viable clinical solution, 

the challenges of throughput and energy efficiency of the implant TX must be addressed. 

 

Figure 1.1 Applications for BMI (from left to right: pre-surgical mapping [Doerner10], motor 

prosthetics [Ajiboye17], and mapping brain activity [Viventi11]). 

Many neural recorder works in the past have the capability of over-the-air wireless 

telemetry [Gao12, Borton13, Yin14, Fernandez-Leon15], but efficient wireless transmission of the 

neuron data over the skull remains a challenge.  The current state-of-the-art implantable TX for 

biomedical applications either have limited data-rate or unattractive power efficiency (Table 1.1).  

These approaches include backscattering, impulse-radio ultra-wide-band communication (IR-
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UWB), pulse harmonic modulation (PHM), and even ultrasound.  In the backscattering approach 

[Muller14, Biederman13], an external interrogator sends electromagnetic waves to the implanted 

TX, and the TX transmits binary encoded data by reflecting the incoming energy back to the 

interrogator.  Since the reflected energy is a small fraction of the energy sent out by the 

interrogator, its received signal strength is very small under safe radiation limit, which limits its 

bit-error-rate (BER).  In addition, backscattering is narrowband wireless transmission in which the 

data is modulated on a carrier frequency, so its bandwidth is only a small fraction of its carrier 

frequency.  The carrier frequency in wireless transcranial links is usually in the order of hundreds 

of mega-hertz for minimum channel loss.  This usually limits the data-rate of backscatter systems 

to a couple mega-hertz.  The IR-UWB approach [Chae08, Abdelhalim13], on the other hand, is a 

broadband wireless communication technique.  Many IR-UWB transmitter sends unmodulated 

short pulses as data to the antenna, so its transmitter design can be quite simple.  An IR-UWB 

transmitter usually consists of only a Manchester-encoder and a pulse-shaping block to satisfy 

FCC required spectral mask.  However, the power efficiency of IR-UWB transmitter might not be 

sufficiently low for BMI applications because its output impedance needs to match the antenna, 

which is usually designed to be around 50Ω.  This requires a large output stage for IR-UWB 

transmitter, and extra power is spent to charge and discharge the parasitic caps of its large driver.  

The recently proposed PHM approach [Inanlou11] takes advantages of inductive-coupling, which 

does not require impedance matching.  However, it relies on self-resonance of high-Q inductor, 

and transmit data through on-off keying (OOK).  The received OOK waveform is modulated by 

the inductor ringing, so its data-rate is limited to a small fraction of inductor self-resonance, 

hundreds of mega-hertz to a gig-hertz depending on the inductor size.  In addition, envelope 

detection is usually used in PHM due to the uncertainty in the inductor resonance, which can limit 

the BER of the system at high data-rates.  Other techniques such as ultrasound [Chang17, Seo16] 

has great potential for ultra-low power communication inside bio-tissue because sound 

propagation has lower loss than electromagnetics in media with high water content.  However, 

their data-rate is usually limits to tens to hundreds of kilo-bits-per-second because of the high-Q 

of common piezoelectric materials, not to mention the significant loss it suffers when penetrating 

the skull bone.  

 

Table 1.1 mm to cm range state-of-the-art bio-telemetries. 
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As the data generated by neural recorders increases, there is a demand for high speed 

implantable TX.  For example, a next-generation 1024 channel neural recorder can generate around 

200Mb/s uncompressed data stream [Ballini13, Ha13].  New architecture is needed to satisfy the 

stringent requirements on both the speed and power.  In this work, current pulses modulated by 

binary phase shift keying (BPSK) is directly transmitted to the external RX by inductive coupling 

to achieve high speed transcranial communication.  The inter-symbol-interference (ISI) caused by 

the inductor ringing is mitigated by adding de-Q resistors.  To alleviate BER degradation by TX 

jitter, an injection locked PLL is used to generate the TX clock.  The issue of limited frequency 

locking range and large deterministic jitter caused by the injection spur are mitigated by a fully 

digital frequency tracking and spur suppression loop.  The prototype transceiver is fabricated in 

silicon, and the proposed architecture is verified through measurements in samples of piglet 

carcasses that mimic the human head. 

 

1.1 Thesis Organization 

Chapter 2 of this thesis starts the discussion from inductive coupling in the context of 

wireless transcranial links.  The cranium channel models are investigated, and inductor designs are 

discussed.  Then basic inductive-coupled signaling is introduced, and design equations are 

presented.  After an in-depth investigation on inductor non-idealities such as ringing and ISI, the 

de-Q’ing technique that mitigates these non-idealities is discussed.  At the end of the chapter, a 

system analysis method to predict the performance of inductive coupled transcranial links is 

developed.  Chapter 3 focuses on the clocking generation for the implanted TX.  It starts from the 

design challenges of conventional PLL approach, then injection locked clock generation is 

introduced to overcome these challenges.  The issues of injection locking is discussed in details, 

and solution to these issues are investigated.   Chapter 4 discusses circuit implementation of the 

200Mb/s prototype transceiver.  After a description of the transceiver architecture, the chapter 

continues with detailed discussion on TX inductor driver and injection locked PLL.  On the 

receiver (RX) side, it focuses on the front-end amplifiers, clock distribution circuits, and phase 

alignment circuits.  Chapter 5 presents the measurement results and discusses the implications.  

Finally, Chapter 6 concludes the thesis. 
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Chapter 2  Inductive-coupling for wireless 

transcranial communication 

This Chapter focuses on theories and system architecture of inductively coupled 

transcranial links.  Section 2.1 develops electromagnetic models of the human cranium channel 

for inductive-coupled data communication.  Section 2.2 discusses the architecture and signaling 

technique for the inductive-coupled transcranial transceiver.  Inductor non-idealities and their 

mitigation techniques are investigated.  A study on the specific absorption rate (SAR) of the link 

is also included in this section.  Lastly, a system BER analysis method for inductive-coupled 

transcranial links are developed in section 2.3. 

2.1 Channel model for inductively-coupled transcranial links 

 

Figure 2.1 Overview of BMI integrated system. 

A/D

TX

LNA

RX

7mm skull 
bone

2mm fat
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 The conceptual system diagram for a wireless transcranial link is shown in Figure 2.1.  

Inside the implanted neural recorder chip, the analog signals emitted by neurons are amplified and 

quantized by analog-to-digital converters (ADCs).  The quantized bits are transmitted over the 

cranium channel by a transmitter (TX) on the same chip to an external receiver (RX).  The cranium 

channel is usually 11mm-thick on average for adult humans.  From the top to bottom, it consists 

of a 2mm-thick layer of skin, a 2mm-thick layer of fat underneath, and a 7mm-thick layer of the 

skull bone [Mark10a, Mark10b, Mark11a, Mark11b].  In addition, the TX is completely covered 

by dura and brain tissues underneath.  Although the communication distance is extremely short, 

the channel exhibits severe loss.  This is because most biological tissues, including skin, fat, and 

even bones, have high water content, and therefore conducts electrical current.  The non-zero 

conductivity of the scalp and skull bones (Figure 2.2a) causes severe attenuation on the received 

signal power.  In addition, relative permittivity of these tissue is much larger than air (Figure 2.2b), 

which can significantly increase the parasitic capacitance associated with the inductors and lowers 

its resonant frequency. The electrical properties of tissues are from [Andreuccetti97, Gabriel96a, 

Gabriel96b].   

 

(a) 

 

(b) 

Figure 2.2 Various tissue model (a) Conductivity; (b) Relative permittivity.  
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(b)  

Figure 2.3 (a) HFSS coils and tissue model setup; (b) coils dimension.  

 To obtain properties of coupled-coils through the cranium channel model for 

electromagnetic transmission, Maxwell’s equations are solved numerically.  A 10mm×10mm two-

turn coil shown in Figure 2.3 is used as the TX inductor, and a 10mm×10mm single-turn coil is 

used as the RX inductor.  200um wide and 18um thick traces are used for both TX and RX coils.  
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The turn-to-turn spacing in the TX coil is 200um.  For unmodulated binary random signals at the 

target 𝑓𝑏=200Mb/s, most of the signal energy are limited within the 200MHz band.  The maximum 

wavelength of the frequency components that contain most of electromagnetic energy is 𝜆𝑚𝑎𝑥 =
𝐶

√𝜀𝑟𝑓𝑏
, where c is the speed of light in free space and 𝜀𝑟  is the relative permittivity of the 

surrounding brain tissue, which can be as large as 100 from Figure 2.2b.  With this information, 

the minimum wavelength, 𝜆𝑚𝑖𝑛, is estimated to be 15cm, which is still much greater than the 

communication distance, 11mm.  Therefore, the coupled inductors operate in near-field region 

[Balanis16], and both TX and RX inductors as well as the surrounding environment needs to be 

carefully included for analysis.  As shown in Figure 2.3a, the TX copper coil is placed on brain 

tissue.  7mm-thick of bone tissues are added on top of the TX.  2mm-thick fat tissues and 2mm-

thick skin tissues are stacked on top of the bone, accordingly.  Finally, the RX copper coil is placed 

on top of the skin.  This structure is simulated in Ansoft HFSS electromagnetic field simulator, 

and 2 port scattering-parameters (S-parameters) of the structure are obtained.  From the S-

parameters, both TX and RX self-inductances, as well as the mutual inductance can be calculated.  

The result is shown in Figure 2.4.  The RX self-inductance is roughly 30nH.  On the other hand, 

the TX self-inductance (91nH) is much larger than that of RX because of the extra turn in the TX 

coil.  The mutual inductance at low frequency is around 1nH, indicating weak coupling.  The TX 

resonance frequency is about 312MHz, which is because of its larger inductance and the 

surrounding tissues with high electrical permittivity.  The RX inductor resonance (2.4GHz), on the 

other hand, is much higher.  With the electromagnetic model of the coupled inductors, the next 

section will discuss signaling strategy of inductively-coupled transcranial links. 

 

 

(a)                                                                       (b) 

Figure 2.4 Self (a) and mutual inductance (b) of the 10mmX10mm coupled inductor with 2-turn 

TX coil and 1-turn RX coil. 

  

fTX=312MHz

fRX=2.4GHz
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2.2 Data transmission 

This section discusses the data transmission in inductive-coupled transcranial link in 

details.  It starts from a brief review of basic equations for coupled-inductor and its design trade-

offs.  Then, inductively-coupled data transmission in the context of transcranial links is described.  

The section later introduces the issues of coupled-inductor parasitic.  A method to alleviate the 

issues caused by parasitic is provided. 

2.2.1 Basics of inductive-coupled data transmission 

 
(a) 

iTX

vRX

ck

data
out

Bit-1 Bit-0

1 0

 
(b) 

Figure 2.5 (a) Data transmission of ideal coupled inductors; (b) waveforms. 

For an ideal coupled-inductor shown in Figure 2.5a, it can be shown that in s-domain, 

voltages at the TX/RX port are related to the currents flowing into the 2 ports as [Niknejad07]:  

LTX LRX
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[
𝑉𝑅𝑋
𝑉𝑇𝑋

] = [
𝑠𝐿𝑅𝑋 𝑠𝑀
𝑠𝑀 𝑠𝐿𝑇𝑋

] [
𝐼𝑅𝑋
𝐼𝑇𝑋

]           (2. 1) 

where 𝐿𝑅𝑋 is the inductance seen from the RX port, 𝐿𝑇𝑋 is the inductance seen from the TX port, 

and 𝑀 is the mutual inductance between 𝐿𝑇𝑋 and 𝐿𝑅𝑋.  Since the load of RX inductor is infinite, 

𝐼𝑇𝑋 = 0.  Eq. 2.1 can be simplified as: 

 

𝑉𝑅𝑋 = 𝑠𝑀𝐼𝑇𝑋                                      (2. 2) 

 

In time-domain, Eq. 2.2 becomes: 

 

𝑣𝑅𝑋(𝑡) = 𝑀
𝑑

𝑑𝑡
𝑖𝑇𝑋(𝑡)           (2. 3) 

 

Eq. 2.3 suggests the received voltage waveform, 𝑣𝑅𝑋, is simply the derivative of the transmitted 

current waveform, 𝑖𝑅𝑋.  If 𝑖𝑇𝑋 is binary coded return-to-zero signal as shown in Figure 2.5, then 

𝑣𝑅𝑋 would be a sequence of positive and negative pulses.  Since every 𝑖𝑇𝑋 pulse have 2 transitions, 

the derivative of 𝑖𝑇𝑋 would have 2 pulses in the same period.  For example, when a bit-1 is sent to 

the coupled inductor, the 𝑣𝑅𝑋 waveform would be a positive pulse that corresponds to the rising 

edge of the 𝑖𝑇𝑋 pulse followed by a negative pulse that corresponds to the falling edge of 𝑖𝑇𝑋 

(Figure 2.5b).  The pulse width of 𝑣𝑅𝑋 is roughly equal to the rise/fall time of 𝑖𝑇𝑋, and its peak 

amplitude is proportional to the maximum slope of 𝑖𝑇𝑋.  On the contrary, if a bit-0 is transmitted, 

𝑣𝑅𝑋 would be a negative pulse followed by a positive pulse.  To make a functional link of a coupled 

inductor pair, one can simply use a current driver to send return-to-zero current pulses to the TX 

coil.  The received bit can be detected by strobing a voltage comparator at the either peak of the 2 

𝑣𝑅𝑋 pulses.  Since the first 𝑣𝑅𝑋 pulse carries the same sign as the 𝑖𝑇𝑋, it alone can determine the 

transmitted bit.  The 2nd  𝑣𝑅𝑋 pulse carries redundant information.  Although the 2nd 𝑣𝑅𝑋 pulses 

can be used to increase signal-to-noise ratio (SNR) of the transceiver, they are discarded in this 

work to simplify RX design.  As shown in Figure 2.5b, the comparator is triggered only at the peak 

of first 𝑣𝑅𝑋 pulse. 
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2.2.2 Mitigating inter-symbol-interference (ISI) 

 

Figure 2.6 Data transmission with real coupled inductors. 

The ideal coupled-inductor model described in previous section is an over simplification.  

In reality, several non-idealities affect signal response of coupled inductors.  First, the inductor 

coil has associated self-capacitance, which can be modeled as a lumped capacitor in parallel with 

the inductor.  This parasitic self-capacitance (𝐶) together with the inductor (𝐿) form a resonance 

tank, and its resonance frequency is, 𝑓0 =
1

2𝜋√𝐿𝐶
.  Usually, the inductor can only be used within its 

self-resonance frequency because above it, the inductor behaves like a capacitor due to parasitic 

capacitance (Figure 2.4a).  In addition, the parasitic resistance of metal coils acts as a resistor in 

series with the inductor.  It is characterized by the quality factor of the inductance, which is defined 

as 𝑄 =
2𝜋𝑓0𝐿

𝑅
, where R is the series resistance, L is the inductance, and 𝑓0 is the self-resonance 

frequency.  For an off-chip inductor, Q can easily be greater than 10.  In this work, 10mmX10mm 

coupled inductors are used.  As described in section 2.1, the resonant frequency of the RX inductor 

used in this design is 2.4GHz.  On the other hand the resonant frequency of the TX inductor is as 

low as 312MHz because 2-turn TX coil is used. 

 As shown in Figure 2.6, the practical coupled-inductor pair model consists of ideal coupled 

inductors with added parasitic resistors and capacitors.  Using Kirchhoff’s current law, voltages of 

TX and RX port can be related to their current as: 

 

[
𝑉𝑅𝑋 − (𝐼𝑅𝑋 − 𝑠𝐶𝑅𝑋𝑉𝑅𝑋)𝑅𝑅𝑋
𝑉𝑇𝑋 − (𝐼𝑇𝑋 − 𝑠𝐶𝑇𝑋𝑉𝑇𝑋)𝑅𝑇𝑋

] = [
𝑠𝐿𝑅𝑋 𝑠𝑀
𝑠𝑀 𝑠𝐿𝑇𝑋

] [
𝐼𝑅𝑋 − 𝑠𝐶𝑅𝑋𝑉𝑅𝑋
𝐼𝑇𝑋 − 𝑠𝐶𝑇𝑋𝑉𝑇𝑋

]             (2. 4) 

 

Assuming 𝐼𝑅𝑋 is 0, Eq. 2.4 can be solved, and 𝑉𝑅𝑋 can be rewritten in terms of 𝐼𝑇𝑋: 

𝑉𝑅𝑋 =
𝑠𝑀

(1 + 𝑠𝑅𝑇𝑋𝐶𝑇𝑋 + 𝐿𝑇𝑋𝐶𝑇𝑋𝑠2)(1 + 𝑠𝑅𝑅𝑋𝐶𝑅𝑋 + 𝐿𝑅𝑋𝐶𝑅𝑋𝑠2) − 𝑠4𝑀2𝐶𝑇𝑋𝐶𝑅𝑋
∙ 𝐼𝑇𝑋    (2. 5)  
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In application of transcranial links, the coupling factor of the coupled inductors, k, is very small 

because of the relatively large gap between them.  Therefore, it can be assumed that: 

𝑘 =
𝑀

√𝐿𝑇𝑋𝐿𝑅𝑋
≪ 1    ⟹     𝑀2 ≪ 𝐿𝑇𝑋𝐿𝑅𝑋                 (2. 6) 

With this assumption, the 2nd term in the denominator of Eq. 2.5 can be neglected comparing to 

the 1st term.  Eq. 2.5 can be written as: 

 

𝑉𝑅𝑋 =
𝑠𝑀

(1 + 𝑠𝑅𝑇𝑋𝐶𝑇𝑋 + 𝐿𝑇𝑋𝐶𝑇𝑋𝑠2)(1 + 𝑠𝑅𝑅𝑋𝐶𝑅𝑋 + 𝐿𝑅𝑋𝐶𝑅𝑋𝑠2)
 ∙ 𝐼𝑇𝑋          (2. 7)     

 

Using the definition of resonance frequency and quality factor, Eq. 2.7 can be rewritten as:  

 

𝑉𝑅𝑋 =
𝑠𝑀

[1 +
𝑠

2𝜋𝑄𝑇𝑋𝑓𝑇𝑋
+ (

𝑠
2𝜋𝑓𝑇𝑋

)
2

] [1 +
𝑠

2𝜋𝑄𝑅𝑋𝑓𝑅𝑋
+ (

𝑠
2𝜋𝑓𝑅𝑋

)
2

]

 ∙ 𝐼𝑇𝑋         (2. 8)     

 

where 𝑓𝑇𝑋 =
1

2𝜋√𝐿𝑇𝑋𝐶𝑇𝑋
, 𝑓𝑅𝑋 =

1

2𝜋√𝐿𝑅𝑋𝐶𝑅𝑋
, 𝑄𝑇𝑋 =

2𝜋𝑓𝑇𝑋𝐿𝑇𝑋

𝑅𝑇𝑋
, and 𝑄𝑅𝑋 =

2𝜋𝑓𝑅𝑋𝐿𝑅𝑋

𝑅𝑅𝑋
.  The numerator 

of Eq. 2.8 represents the derivative of TX current, and the denominators are 2 classic 2nd order 

systems.  The overall response of the actual coupled-inductor can be thought of as a differentiator 

followed by a cascade of two 2nd order systems.  As mentioned before, both 𝑄𝑇𝑋 and 𝑄𝑅𝑋 are quite 

large, so both TX and RX coils are under-damped, resulting in 2 pairs of complex conjugate poles 

in the overall system.  This leads to ringing in the pulse response (the received voltage waveform 

when only bit-1 is transmitted once).  As shown in Figure 2.7, the 2 𝑣𝑅𝑋 pulses of an otherwise 

ideal coupled inductors are heavily distorted by this ringing.  The large amplitude, low frequency 

ringing is caused by the TX coil, and the higher frequency, smaller amplitude ringing is caused by 

the RX coil.  For a data-rate of 200Mb/s, the bit-time is only 5ns, and 𝑖𝑇𝑋 pulse width is roughly 

2.5ns to allow sufficient time for return-to-zero operation.  The low frequency TX inductor ringing 

can cause the received voltage pulse (𝑣𝑅𝑋) span much longer than one bit-time.  As shown in 

Figure 2.7, the amplitude of ringing after 5ns is as large as the signal amplitude and lasts until 

~20ns.  Since the inductively coupled channel is a linear time invariant (LTI) system, for an actual 

data stream, this ringing will add to the subsequent 𝑣𝑅𝑋 pulses and thus will cause severe BER 

degradation.  This issue is well known as ISI.  In the presence of this ringing-induced ISI, one must 

wait until the ringing dies down to transmit the next bit, which significantly lowers the date-rate. 



12 

 

 

Figure 2.7 Waveforms for non-ideal coupled inductors. (a) TX current pulse; (b) ISI in received 

voltage; (c) reduced ISI in received voltage with help of de-Q resistor.  

 The issue of ISI has been well studied in the field of wireline data communication, and 

there are many proven methods to mitigate its effects.  The common approaches include linear 

equalization and decision feed-back equalization (DFE).  Linear equalization commonly uses a 

filter in the RX to invert the frequency response of the channel, making the overall frequency 

response of the link an all pass filter that is free of ISI.  This linear equalization filter can be easily 

implemented if the channel has a low pass characteristic as in most backplanes, because a simple 

high-pass filter is sufficient.  In the context of inductive coupling, however, the equalization filter 

is not practical.  To filter out ringing, the equalization filter needs to have a high-Q notch at the 

exact ringing frequency.  This ringing frequency depends on inductor resonance and it is very 

sensitive to electrical properties of surrounding biological tissues, PCB trace variations, bond wire 

length, and even on-chip parasitic capacitance like electrostatic discharge diode (ESD) capacitance.  

The uncertainties in the value of the resonance makes linear equalization extremely difficult to 
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implement.  On the other hand, DFE cancels ISI in time-domain.  It calculates the amplitude of 

ISI’s at the detection instance (post-cursors) based on the current received bit, and subtracts them 

from subsequent bits.  The DFE approach is effective in ideal situation.  However, the implanted 

TX can introduce large amount of random jitter, causing the received 𝑣𝑅𝑋 pulses to randomly shift 

in time.  Since TX ringing frequency is comparable to data-rate, post-cursor amplitude is very 

sensitive to timing error of the sampling instance.  Because of TX random jitter, post-cursor 

amplitude varies wildly from bit to bit, which makes DFE not practical in this context. 

To mitigate the issue of ringing induced ISI, this work adds series de-Q resistors to lower 

the quality factor of the TX inductor and to make its response critically damped.  From Eq. 2.8, 

the low frequency ringing is caused by a pair of complex conjugate poles from the 2nd order RLC 

response of TX inductor. If 𝑄𝑇𝑋 =
1

2
, Eq. 2.8 becomes: 

𝑉𝑅𝑋 =
𝑠𝑀

(1 +
𝑠

2𝜋𝑓𝑇𝑋
)
2

[1 +
𝑠

2𝜋𝑄𝑅𝑋𝑓𝑅𝑋
+ (

𝑠
2𝜋𝑓𝑅𝑋

)
2

]

 ∙ 𝐼𝑇𝑋        (2. 9)    

In this way, the pair of complex conjugate poles from Eq. 2.8 are removed, and the two 

real poles in Eq. 2.9 at 2𝜋𝑓𝑇𝑋 give a low-pass response.  Since TX inductor resonant frequency, 

𝑓𝑇𝑋 = 312𝑀𝐻𝑧, is much greater than the data-rate (200MHz), the newly formed low-pass filter 

does not disperse the pulse wide enough to give additional ISI.  This is verified by the pulse 

response of coupled inductors with de-Q’ed TX coil shown in Figure 2.7c.  In the new pulse 

response, the positive and negative 𝑣𝑅𝑋 pulses that corresponds to the rising and falling edge of 

𝑖𝑇𝑋 are clearly visible, and the pulse response remains flat around 0 after 5ns.  The small amplitude 

ringing around 2.4GHz caused by RX inductor is still present, but does not have significant 

negative effect on BER.  An additional low pass filter in RX front-end circuit can completely 

remove this high frequency ringing.  To find the required de-Q resistor value, the definition of 

quality factor can be used: 

𝑄𝑇𝑋 =
2𝜋𝑓𝑇𝑋′𝐿𝑇𝑋

𝑅𝑇𝑋
=
1

2
                                         (2. 10)    

where 𝑓𝑇𝑋′ is the effective resonance frequency, which is not necessarily equal to inductor self-

resonance, 𝑓𝑇𝑋 .  To find 𝑓𝑇𝑋′ , the effect of ESD diode capacitance and TX driver output 

capacitance on the inductor resonance must be considered.  The actual resonance with these 

additional parasitic capacitors is: 

2𝜋𝑓𝑇𝑋′ = √
1

𝐿𝑇𝑋(𝐶𝑇𝑋 + 𝐶𝑝)
                                  (2. 11)  

where 𝐶𝑝 is the lump sum of ESD diode capacitance and TX driver output capacitance.  In 65nm 

CMOS process, 1.2pF is a good estimate for 𝐶𝑝 .  From Figure 2.4, 𝐿𝑇𝑋 = 91𝑛𝐻 , and 𝑓𝑇𝑋 =
1

2𝜋√𝐿𝑇𝑋𝐶𝑇𝑋
= 312𝑀𝐻𝑧, and 𝐶𝑇𝑋 is 2.86pF.  With these parameters, the actual TX resonance, 𝑓𝑇𝑋′, 
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becomes 261MHz.  Using Eq. 2.10, TX resistance, 𝑅𝑇𝑋, must be 300Ω.  Since TX coil resistance 

is negligibly small, 300Ω de-Q resistance must be added to the coil. 

 

 

Figure 2.8 (a) TX; (b) RX coils on PCB. 

As shown in Figure 2.8, the coupled inductors are fabricated in standard 2-layer FR-4 PCBs.  

As described in Section 2.1, the dimensions of both TX and RX coils are 10mm×10mm.  200um 

wide copper traces are used.  TX inductor is implemented with a 2-turn coil to increase signal 

strength coupled to the RX coil.  Unfortunately, the 2-turn TX structure with the surrounding brain 

tissue lowers its self-resonance to 312MHz.  Thanks to de-Q technique, the ISI effect can be 

mitigated.  Since the self-resonance of the inductor is actually caused by distributed LC network, 

the series de-Q resistor should be distributed along the coil to maximize its effect.  To accomplish 

this, the 300Ω series de-Q resistance is split into seven identical surface-mount (SMT) resistors 

evenly distributed on the TX coil.  Instead of using SMT resistors with nominal 42Ω resistance, a 

slightly smaller value (36.5Ω) is used due to the availability of the SMT resistors of the right size 

and value.  

SMT de-Q
resistor

36.5Ω

TX coil

RX coil

10mmX10mm

10m
m

X
10m

m

(a)

(b)
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2.2.3 Modeling for specific absorption rate (SAR) 

 

Figure 2.9 Specific absorption rate (SAR) averaged over 1 gram of tissue at the brain surface for 

165uW of TX power at 200MHz. 

 The strength of electromagnetic waves inside human tissue must be under the safety limit 

for health concerns.  This limit is commonly measured in specific absorption rate (SAR), which is 

defined as the electromagnetic power per unit weight averaged over 1 gram of tissue within the 

frequency range of 100kHz to 10GHz.  The federal communication committee (FCC) specifies the 

SAR limit to be 1.6W/kg [FCC13].  In the proposed return-to-zero inductive coupling scheme, 

power spectral density of the TX current is roughly a sinc function with main lope width of 

400MHz.  Since the generate magnetic field in the tissue is the derivative of the TX current, its 

frequency content is 0 at DC and gradually increases with frequency.  It peaks around 200MHz 

before returning to 0 at 400MHz.  This frequency range is well within the coverage of FCC SAR 

regulation.  Therefore, careful investigation is needed to verify that the proposed inductive 

coupling technique satisfies the SAR limit.  Since calculating SAR within the tissue requires 

numerically solving Maxwell’s equations for the proposed inductor structure, the electromagnetic 

simulation tool, Ansoft HFSS, is used.  In the electromagnetic simulation, sinusoidal TX signal is 

used instead of the real data waveform for simplicity.  So a 200MHz TX signal is injected into the 

de-Q’ed TX inductor to approximate the power spectral density of real binary data stream.  The 

same tissue dielectric models described in section 2.1 are used.  To guarantee SAR of the design 

is well below the safety limit, an extremely pessimistic TX power level of 165uW is used in the 

simulation.  Chapter 5 will show that 165uW is equal to the measured power consumption of the 

TX inductor driver, which is much higher than the actual transmitted power.  Figure 2.9 shows the 

simulated average SAR over 1 gram of tissue at the surface of the brain, where the radiation is the 
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strongest.  The maximum SAR slightly below the center of the TX coil is around 0.02W/kg, which 

is around 80 times lower than the FCC’s limit.  This result shows the SAR limit can be easily 

satisfied using inductively coupled transcranial communication techniques. 

2.3 Link budget and bit-error-rate (BER) analysis 

In any communication links, signal-to-noise ratio (SNR) needs to be above a certain limit 

to achieve the required BER.  If BER is too high, the link cannot operate reliably.  In most wireless 

systems, the calculation of the required SNR to satisfy the BER limit can be quite complicated.  It 

depends on modulation scheme, channel variation, as well as interference and blocker signal levels.  

Thanks to the simplicity of the inductively coupled transceiver architecture, its budget analysis is 

straightforward.  In this section, a simple and effective method to find statistical eye diagram and 

to directly calculate BER from pulse response is developed.  The method takes advantages of 

numerical analysis tools like Matlab to calculate BER of the overall link with the effect of all the 

present error sources.  

 

Figure 2.10 Inductively-coupled transceiver model to calculate BER. 

We start from the simple transceiver model shown in Figure 2.10.  The transmitter is 

modeled by a simple current driver that sends return-to-zero pulses to the coupled inductor.  Since 

the amplitude of this TX current pulses is quite large compared to any current noise, any amplitude 

noise of 𝐼𝑇𝑋  is ignored.  However, the TX clock can be noisy due to stringent TX power 

requirement.  As a result, the TX clock jitter is modeled as a random shift in time of the transmitted 

𝐼𝑇𝑋 pulses with variance of 𝑡𝑗,𝑟𝑚𝑠
2.  The RX front-end is modeled as a gain block with gain of 𝐴𝑣 

followed by a low-pass filter that models the frequency response of the amplifier as well as any 

added filter to reject RX inductor ringing.  Any thermal and flicker noise in the RX circuit can be 

lumped into one random variable, 𝑉𝑛,𝑟𝑚𝑠, and is added to the output amplitude of the RX. 
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Figure 2.11 PDF of received voltage sampled at t0. 

Since the overall system from 𝑖𝑇𝑋 to 𝑣𝑅𝑋 is linear-time-invariant (LTI), 𝑣𝑅𝑋 waveform can 

be calculated by convolving the pulse response of the overall system with the transmitted bit 

sequence.  In fact, one can directly plot statistical eye diagram from pulse response alone with the 

assumption that the data bits are stationary with equal probability of being 0 and 1 [Stojanović04].  

This method is best explained through an example.  Suppose the pulse response, 𝑝(𝑡), of the link 

is the same as the one shown in Figure 2.11.  Assume the bit time is 𝑇 (T=1 in the example of 

Figure 2.11), and ignore all the noise and jitter.  If the sampling instance starts at 𝑡0, then there are 

3 cursors, with ℎ0 = 𝑝(𝑡0) as the main cursor that carries the bit information.  Post cursors ℎ1 =

𝑝(𝑇 + 𝑡0) and ℎ2 = 𝑝(2𝑇 + 𝑡0) cause ISI and corrupt main cursor.  Let 𝑣𝑅𝑋(𝑡) be the received 

signal waveform at the output of the RX amplifier chain when a binary random sequence of equally 

probable values is transmitted.  Let 𝑢(𝑛, 𝜏) denote the received binary signal amplitude at instance 

𝑛, and sampling phase 𝜏, such that 𝜏 = 𝑚𝑜𝑑(𝑡, 𝑇).  Then, 𝑥(𝑛, 𝜏) = 𝑣𝑅𝑋(𝑛𝑇 + 𝜏) and 𝜏 ∈ [0, 𝑇].  

In this example, 𝜏 = 𝑡0, and only 3 non-zero cursors are present, so the value of each 𝑢(𝑛, 𝜏) is 

affected by 2 previous samples. 

𝑣𝑅𝑋(𝑡) = 𝑥(𝑛, 𝑡0) = ℎ0𝑑(𝑛) + ℎ1𝑑(𝑛 − 1) + ℎ2𝑑(𝑛 − 2)    (2. 12) 
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where 𝑑(𝑛) = {−1，+ 1} is the transmitted binary data sequence.  Assuming samples 𝑑(𝑛) is 

uncorrelated, the probability density function (PDF) of the 3 terms in Eq. 2.12 can be written as: 

 

{

𝑃𝐷𝐹ℎ0(𝑥) = 0.5𝛿(𝑥 − ℎ0) + 0.5𝛿(𝑥 + ℎ0)                             

𝑃𝐷𝐹ℎ1(𝑥) = 0.5𝛿(𝑥 − ℎ1) + 0.5𝛿(𝑥 + ℎ1)                             

𝑃𝐷𝐹ℎ2(𝑥) = 0.5𝛿(𝑥 − ℎ2) + 0.5𝛿(𝑥 + ℎ2)                             

(2. 13) 

 

Then the PDF of the received amplitude at sampling phase 𝑡0 is simply the convolution of the PDF 

of the 3 cursors: 

 

𝑃𝐷𝐹(𝑥, 𝑡0) = 𝑃𝐷𝐹ℎ0 𝑃𝐷𝐹ℎ1 𝑃𝐷𝐹ℎ2 

                         𝑃𝐷𝐹(𝑥, 𝑡0) =∑0.125 ∙ 𝛿(𝑥 ± ℎ0 ± ℎ1 ± ℎ2)        (2. 14) 

 

The resulting PDF of Eq. 2.14 is plotted in Figure 2.11.  Statistical eye diagram is a visualization 

of the PDF as a function of 𝑥 and 𝑡.  To plot eye diagram, we need to calculate the 𝑃𝐷𝐹(𝑥) of 

received amplitude for every sampling phase 𝑡 ∈ [0, 𝑇]: 

 

𝑃𝐷𝐹(𝑥, 𝜏) =∑0.5𝛿{𝑥 ± 𝑝[−𝑁𝑇 + 𝑡]} ∑0.5𝛿{𝑥 ± 𝑝[(−𝑁 + 1)𝑇 + 𝑡]}  …  ∑0.5𝛿{𝑥

± 𝑝[(𝑁 − 1)𝑇 + 𝑡]}   ∑0.5𝛿{𝑥 ± 𝑝[𝑁𝑇 + 𝑡]}                          (2. 15) 

 

With Eq. 2.15, the statistical eye diagram for the inductively coupled transcranial link can be 

plotted using the simulated pulse response shown in Figure 2.7c.  The RX front-end has a gain of 

59dB, the single-pole low-pass filter has a bandwidth of 330MHz, and amplitude noise and jitter 

are ignored.  The eye diagram is shown in Figure 2.12.  Each color of each pixel in the plot 

represents the probability of receiving a signal at amplitude 𝑥 and sampling phase 𝜏.  The 2 eye 

openings correspond to the 2 𝑣𝑅𝑋 pulses in the pulse response.  
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Figure 2.12 Statistical eye-diagram with ISI from pulse response. 

 Amplitude noise in the system can be modeled as random variable with a zero-mean 

Gaussian PDF function and a standard deviation 𝑉𝑛,𝑟𝑚𝑠.  Its effect on the system is another additive 

term to Eq. 2.15.  Therefore, 𝑃𝐷𝐹𝑉𝑛, the PDF with the effect of both pulse response and amplitude 

noise is the convolution of the previous noiseless PDF and the PDF of the amplitude noise in 𝑥 

dimension: 

𝑃𝐷𝐹𝑉𝑛(𝑥, 𝜏) = 𝑃𝐷𝐹(𝑥, 𝜏) ⊗𝑥
1

√2𝜋𝑉𝑛,𝑟𝑚𝑠

𝑒
− 

𝑥2

2𝑉𝑛,𝑟𝑚𝑠
2
            (2. 16) 

where the symbol ⊗𝑥 denotes convolution in 𝑥.  With RX simulated 𝑉𝑛,𝑟𝑚𝑠 = 20𝑚𝑉 as shown in 

section 4.3.1, the resulting eye diagram is plotted in Figure 2.13.  Note the outlines of the eye are 

spread wider by amplitude noise.  The minimum eye height and width are significantly reduced. 
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Figure 2.13 Statistical eye-diagram with ISI from pulse response and RX amplitude noise. 

 Random jitter affects the eye diagram in a similar way as amplitude noise, but the 

convolution is in phase domain (𝑡) instead of amplitude domain (𝑥).  Assuming TX random jitter 

also has zero-mean Gaussian PDF with standard deviation of 𝑡𝑗,𝑟𝑚𝑠, then the PDF of received 

signal with the effect of pulse response, amplitude noise and jitter is: 

 

𝑃𝐷𝐹𝑉𝑛,𝑡𝑗(𝑥, 𝜏) = 𝑃𝐷𝐹𝑉𝑛(𝑥, 𝜏) ⊗
𝜏

1

√2𝜋𝑡𝑗,𝑟𝑚𝑠

𝑒
− 

𝜏2

2𝑡𝑗,𝑟𝑚𝑠
2
            (2. 17) 

 

where the symbol ⊗𝜏 denotes convolution in 𝑡.   
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Figure 2.14 Statistical eye-diagram with ISI from pulse response, RX amplitude noise, and TX 

jitter. 

 

The resulting eye diagram with the effect of pulse response, amplitude noise and jitter is shown in 

Figure 2.14, with pessimistic assumption that 𝑡𝑗,𝑟𝑚𝑠 = 60𝑝𝑠.  The simulated eye width and height 

are further reduced.  From the eye diagram, the BER versus sampling phase plot (bathtub curve) 

can be obtained.  As shown in Figure 2.15, less than 1e-15 BER is achievable within a sampling 

window of 1.5ns. 
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Figure 2.15 Simulated BER vs. sampling phase. 

 

 In summary, this chapter presents the electromagnetic model of human cranium channel.  

The design and layout of a 10mm×10mm coupled inductors for transcranial wireless data 

communication are discussed in details.  To obtain a concrete analytical model, the coupled 

inductor structure inside the environment of the human skull is simulated in electromagnetic 

simulator, Ansoft HFSS.  With the help of the coupled inductor model, the channel effects and 

pulse response are investigated in the proposed 200Mb/s return-to-zero modulation scheme.  Inter-

symbol-interference caused by inductor ringing severely limits achievable communication 

throughput.  A simple and straightforward inductor de-Q technique is proposed to address this 

issue.  Using the simulated pulse response of the coupled inductors along with TX clock jitter, RX 

amplifier noise and gain, the transceiver eye diagram and BER can be obtained through a simple 

statistical analysis method developed in this chapter. 
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Chapter 3  Ultra-low power clock generation 

for implantable transmitter 

3.1 Design challenges 

As shown in section 2.3, TX jitter has the single biggest impact on the BER of the link.  

Thus, TX clock generation is the most critical component of the transceiver circuit design.  The 

200MHz high frequency TX clock needs to be generated on chip from a low frequency external 

reference.  For most bio-implant applications, this low frequency reference is either provided by 

crystal oscillator on the implant or inductively coupled in from an external clock source.  In either 

case, the random jitter from the reference source is much cleaner than the low power oscillator on 

the TX chip.  A wide range of reference frequency (10MHz~50MHz) can be used.  The selection 

of reference frequency is usually constraint by the availability, cost, and the size of the parts.  In 

this work, 10MHz reference is used because it is widely available in testing; most test equipment 

has a 10MHz output reference port readily available.  The clock generation approach proposed 

here is not limited to only 10MHz reference. 

The most important criteria of TX clock generation are total jitter and power consumption. 

Since the TX chip is to be implanted, the inductor current driver as well as clock generator must 

consume as little power as possible to prolong battery life or to allow safe wireless power delivery.  

In addition, neural recorder circuits demand the TX chip supply to be 0.5V to satisfy stringent 

power constraint, so clock generator must operate under the same low supply voltage.  

Conventional clock generation techniques like phase-locked loop (PLL) have many issues in this 

context.  First, constrains on power consumption come with the sacrifice on oscillator phase noise.  

Ring oscillators can be extremely noisy operating in micro-watt range.  Although low power LC-

oscillator potentially alleviates this problem, the size of the inductor is usually too large to be 

attractive at the required operating frequency of 200MHz.  Oscillator phase noise has a low-pass 

shape, and PLL acts as a high-pass filter to reject oscillator noise.  For conventional PLL, the 

bandwidth of this high-pass noise rejection filter is usually limited to 
1

10
𝑓𝑟𝑒𝑓 for stability reason 

[Cowles10].  As a result, significant amount of oscillator noise passes through to the clock output 

because of the low noise rejection bandwidth.  To make the matter worse, charge pump circuit, 

which is an essential building block of conventional PLL, cannot operate under 0.5V supply.  This 

is because under 0.5V supply, operational amplifiers that is needed to reduce mismatch between 

charging and discharging current does not have sufficient headroom.  Due to these challenges, 

conventional PLL cannot meet stringent requirements for clock generation of implanted TX.  

Fortunately, injection locking comes to rescue.  The next section discusses this technique in details. 
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3.2 Injection locking 

 

 

Figure 3.1 Schematic of a 5-stage injection locked ring oscillator and its clock waveforms. 

 

Injection locking technique, also known as phase realignment, is a well-known method to 

reduce oscillator phase noise [Ye02, Helal08, Lee09, Razavi04].  Its key advantage over 

conventional PLL is its large noise rejection bandwidth with respect to oscillator.  This is best 

understood through an example. For an injection locked ring oscillator illustrated in Figure 3.1, it 

consists of a 5-stage ring oscillator and a pull-down switch.  The incoming injection clock (𝐶𝐾𝑖𝑛𝑗) 

that runs at reference frequency consists of short pulses.  The injection pulses turn on the injection 

switch for a short amount of time every reference cycle and pulls the output clock (𝐶𝐾𝑜𝑢𝑡) to 

ground.  This phase alignment by injection resets any phase error between the oscillator and the 

injection clock.  In between injection pulses, the oscillator runs at its own natural frequency 

undisturbed.  The oscillator errors are accumulated during this period.  This phase error correction 

mechanism is illustrated in Figure 3.2.  The free running oscillator acts as a phase error integrator, 

and its output phase error, ϕ𝑒, grows with time.  This is also the reason why free running oscillator 

cannot be used directly as a clock source.  For an injection locked oscillator, the injection clock 

simply pulls ϕ𝑒, back to 0 periodically.  In between injection pulses, the time domain waveform 

of ϕ𝑒 is the same as free running oscillator. 
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3.2.1 Reducing oscillator noise by injection locking 

t
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Φe,inj(t) 

free running 

oscillator

Injection-locked 

oscillator

+ 
+ 

-

ϕe,osc ϕe,inj 

Tref

CKinj

sampler

(a) (b)
 

Figure 3.2 (a) The waveform of phase error that highlights the difference between free running 

oscillator and injection locked oscillator; (b) the phase error rejection model of injection locking. 

The effect of injection on ϕ𝑒 can be modeled as a feedforward error cancellation circuit 

shown in Figure 3.2b.  For every reference cycle, the oscillator phase error, ϕ𝑒,𝑜𝑠𝑐, is sampled, and 

the held value is subtracted from itself to produce the output phase error, ϕ𝑒,𝑖𝑛𝑗, after injection.  In 

time-domain, the waveform of the output phase error can be written as: 

ϕ𝑒,𝑖𝑛𝑗(𝑡) = ϕ𝑒,𝑜𝑠𝑐(𝑡) − {ϕ𝑒,𝑜𝑠𝑐(𝑡)∑𝛿(𝑡 − 𝑛𝑇𝑟𝑒𝑓)

∞

−∞

} ⊗ 𝑝(𝑡)           (3. 1) 

where 𝑝(𝑡) = {
1     𝑖𝑓  0 ≤ 𝑡 ≤ 𝑇𝑟𝑒𝑓
0          𝑜𝑡ℎ𝑒𝑟𝑤𝑖𝑠𝑒     

 

To find the phase error transfer function from oscillator phase error to the output injection locked 

output, we need to take Fourier transform of Eq. 3.1.  The result is: 

Φ𝑒,𝑖𝑛𝑗(𝑓) = Φ𝑒,𝑜𝑠𝑐(𝑓) −
1

2𝜋
{Φ𝑒,𝑜𝑠𝑐(𝑓) 

2𝜋

𝑇𝑟𝑒𝑓
∑𝛿(𝑓 −

1

𝑇𝑟𝑒𝑓
∙ 𝑛)

∞

−∞

}

∙
sin(𝜋𝑓𝑇𝑟𝑒𝑓) 𝑒

−𝑗𝜋𝑓𝑇𝑟𝑒𝑓

𝜋𝑓
                (3. 2) 
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Note Eq. 3.2 is a periodic function with period of  
1

𝑇𝑟𝑒𝑓
.  The random phase noise of oscillator is 

usually band-limited to very low frequencies, so if Eq. 3.2 is applied to random phase noise, any 

non-zeros terms outside ±
𝜋

𝑇𝑟𝑒𝑓
 can be ignored.  Let Φ𝑛,𝑜𝑠𝑐 be oscillator phase noise, and Φ𝑛,𝑖𝑛𝑗 be 

output phase noise of after injection locking is applied, then: 

Φ𝑛,𝑖𝑛𝑗(𝑓) = |1 −
sin(𝜋𝑓𝑇𝑟𝑒𝑓) 𝑒

−𝑗𝜋𝑓𝑇𝑟𝑒𝑓

𝜋𝑓𝑇𝑟𝑒𝑓
|Φ𝑛,𝑜𝑠𝑐(𝑓)              (3. 3) 

And the phase noise transfer function is: 

𝐻(𝑓) = 1 −
sin(𝜋𝑓𝑇𝑟𝑒𝑓) 𝑒

−𝑗𝜋𝑓𝑇𝑟𝑒𝑓

𝜋𝑓𝑇𝑟𝑒𝑓
                                            (3. 4) 

Similar to conventional PLL, the phase noise transfer function of injection locked oscillator in Eq. 

3.4 is also a high-pass filter.  The low frequency oscillator phase noise is rejected by injection 

locking.  However, the noise rejection bandwidth of injection locked oscillator is much larger than 

that of conventional PLL.  To highlight this difference, the oscillator noise transfer function of a 

conventional critical damping PLL with a bandwidth of  
1

10
𝑓𝑟𝑒𝑓, as well as that of an injection 

locked oscillator are plotted in Figure 3.3.  As shown, the noise rejection ratio (|𝐻(𝑓)|) of the 

injection locked oscillator is significantly better than that of the conventional PLL below 3.5MHz, 

where the oscillator phase noise is most pronounced. 

 

Figure 3.3 Phase noise transfer function of injection locked oscillator and PLL. 
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3.2.2 Frequency tracking 

 

Figure 3.4 Waveform of injection locked oscillator when the oscillator output is locked at × 8, ×
10, and × 6 of reference clock frequency. 

Despite its large noise rejection bandwidth, the injection locked oscillator has several 

drawbacks.  Some of its issues are so severe that it cannot not be directly used as clock generator 

without modification.  One of these issue is limited locking range.  As illustrated in Figure 3.1, the 

only function of injection locking is to align the falling edge of the oscillator output to the rising 

edge of injection clock every reference period, Tref.   It does not keep track of how many oscillator 

cycles have passed from one injection pulse to the next.  As a result, the oscillator can be locked 

to any frequency that satisfies 𝑇𝑟𝑒𝑓 = 𝑁 ∙ 𝑇𝑜𝑠𝑐, where 𝑁 is integer.  The 3 example waveforms in 

Figure 3.4 (𝑇𝑟𝑒𝑓 = 8𝑇𝑜𝑠𝑐, 𝑇𝑟𝑒𝑓 = 10𝑇𝑜𝑠𝑐, 𝑇𝑟𝑒𝑓 = 6𝑇𝑜𝑠𝑐) are all valid after locking.  In reality, the 

locked frequency depends on the natural frequency of the oscillator.  The locking ratio between 

oscillator output frequency and reference frequency, 𝑁, also known as divider ratio in conventional 

PLL’s, is the integer that is closest to the ratio between oscillator natural frequency (𝑓𝑛𝑎𝑡) and 

reference frequency (𝑓𝑟𝑒𝑓).  Thus, the locking range can be calculated as: 

 

1

(𝑁 + 1)𝑓𝑟𝑒𝑓
<

1

𝑓𝑛𝑎𝑡
<

1

(𝑁 − 1)𝑓𝑟𝑒𝑓
               (3. 5) 

 

Eq. 3.5 imposes a stringent requirement on the oscillator natural frequency when 𝑁 is large.  In 

modern CMOS processes, supply, process, or temperature (PVT) variation can easily push the 

oscillator out of this locking range, thus causing locking failure. 
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 To alleviate the issue of limited locking range, the oscillator needs to be first modified to 

enable adjustment of its natural frequency.  One common method is to use a voltage-controlled-

oscillator (VCO) shown in Figure 3.5.  The voltage controlled current sources are added to the 

inverters in the 5-stage ring oscillator shown in Figure 3.5.  The control voltage of the current 

sources, 𝑉𝑐, changes the inverters’ delay by modulating their pull-down strength.  This in turn 

adjusts the natural frequency of the VCO.  In addition, the oscillation frequency is monitored and 

continuously calibrated by a frequency tracking loop.  This calibration loop counts the number of 

oscillation cycles between injection pulses and adjusts 𝑉𝑐 through a digital-to-analog converter 

(DAC).  If the counter is greater than 20 (value of N in this system), the control code to the DAC 

is subtracted by 1 from its previous value to decrease 𝑉𝑐.  On the other hand, the control code is 

incremented by 1 if the count is less than 20.  When the counter is exactly 20, the control code 

remains unchanged. 

 

 

 

Figure 3.5 Injection locked VCO with frequency tracking loop. 
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3.2.3 Suppressing injection spur 
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Figure 3.6 Clock waveform, instantaneous period, and phase error of injection locked oscillator 

when (a) 𝑓𝑛𝑎𝑡 is the same as 𝑁𝑓𝑟𝑒𝑓, (b) 𝑓𝑛𝑎𝑡 is slightly less than 𝑁𝑓𝑟𝑒𝑓, and (c) 𝑓𝑛𝑎𝑡 is slightly 

more than 𝑁𝑓𝑟𝑒𝑓. 

In addition to limited locking range, another issue with the injection locked oscillator is its 

large injection spur [Ye02, Helal08, Lee09].  To understand injection spur, one needs to examine 

the injection locking mechanism more closely.  When the natural frequency of the oscillator, 𝑓𝑛𝑎𝑡, 

is not exactly integer multiples of 𝑓𝑟𝑒𝑓 , the rising edges of injection pulses cannot be aligned 

exactly to the falling edge of the oscillator without disturbing it.  In this case, locking is achieved 

by disrupting instantaneous oscillation cycle at the instance when injection occurs. Figure 3.6b 

illustrates this point.  It also shows if the oscillator is too slow, 𝑁𝑓𝑟𝑒𝑓 > 𝑓𝑛𝑎𝑡, the injection pulse 

reduces instantaneous oscillation period (𝑇𝑁) of the last cycle right at the injection by shorting its 

pulse width.  The amount of reduction in the instantaneous period compensates the accumulated 

excess phase between the injection pulses.  Although under locked condition, the oscillation period 

on average is equal to 𝑁 ∙ 𝑇𝑟𝑒𝑓, its instantaneous period (𝑇𝑖𝑛𝑠𝑡) is not constant.  It remains 
1

𝑓𝑛𝑎𝑡
 for 

𝑁 − 1 cycles in between injection pulses and drops to a lower value (𝑇𝑁) at the cycle when the 
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injection occurs.  Thus, 𝑇𝑖𝑛𝑠𝑡 is a periodic function with period 𝑇𝑟𝑒𝑓.  Since phase error, 𝜙𝑒, is 

proportional to the integral of 𝑇𝑖𝑛𝑠𝑡, it is also a periodic function with period 𝑇𝑟𝑒𝑓.  On contrary, if 

the oscillator is too fast as Figure 3.6c shows, 𝑁𝑓𝑟𝑒𝑓 < 𝑓𝑛𝑎𝑡, the injection pulse forces the average 

oscillation frequency to be equal to 𝑁𝑓𝑟𝑒𝑓 by increasing the instantaneous period ever 𝑁 cycles.  

The resulting phase error is also a periodic function but in the opposite direction.  This periodic 

variation of phase error manifests into spurs at integer multiples of 𝑓𝑟𝑒𝑓 in phase noise.  In time 

domain, these phase errors are translated into deterministic jitter (DJ) that reduces the eye width 

and lowers BER.  If the offset between 𝑓𝑛𝑎𝑡 and 𝑁𝑓𝑟𝑒𝑓 is large, the DJ can easily be hundreds of 

picoseconds for a 200MHz injection locked oscillator using 10MHz reference and causes severe 

BER degradation.  Therefore, spurs must be mitigated for injection locked oscillator to be a viable 

solution. 

To suppress injection spur, the oscillator natural frequency must be tuned to the integer 

multiples of reference frequency.  The frequency adjustment can be accomplished by the same 

VCO proposed in section 3.2.2, so a foreground frequency calibration is sufficient for process and 

supply voltage variation.  However, the natural frequency of the oscillator can be very sensitive to 

temperature, and may drift significantly over time.  Continuous background adjustment of its 

natural frequency to suppress the spur is required for injection locked clock generator.  Many 

works have studied this subject.  One common way to suppress spur in background is to use a PLL 

loop that works in tandem with injection locking [Ye02, Lee09].  However, this approach is not 

feasible in bio-implantable applications because of the high supply voltage (~1V) required for PLL 

to operate, not to mention the potential problem of conflicts of phase error convergence between 

PLL loop and injection locking.  A much more elegant method to deal with this issue is to measure 

the difference in instantaneous period prior to the injection pulse (𝑇𝑁−1 in Figure 3.6) and right at 

the injection instance (𝑇𝑁  in Figure 3.6) [Helal08].  The VCO is adjusted according to this 

difference, and optimal frequency is reached when 𝑇𝑁−1 = 𝑇𝑁 .  Figure 3.7 shows an 

implementation of this approach.  The spur suppression loop uses a counter to generate pulses 

whose pulse widths are equal to 𝑇𝑁−1 and 𝑇𝑁, then the pulse widths are extracted by 2 integrators.  

Comparison result of these 2 pulse width (𝑇𝑁−1 − 𝑇𝑁) is used to adjust the 𝑉𝑐 of the VCO.  If the 

VCO is too slow, meaning 𝑇𝑁−1 > 𝑇𝑁 , 𝑉𝑐  is increased to speed it up; if the VCO is too fast, 

meaning 𝑇𝑁−1 < 𝑇𝑁, 𝑉𝑐 is decreased to slow it down.  The first counter output pulse 𝑇1, instead of 

injection clock (𝐶𝐾𝑖𝑛𝑗), is used as the reset signal of the integrator and as the strobe clock for the 

comparator (“sgn” block) because 𝐶𝐾𝑖𝑛𝑗  pulse is in the middle of integration phase and will 

interrupt pulse width extraction.  Note that there are minimal analog components in the shown spur 

suppression loop.  Section 4.2.2.3 will show that the only mixed-signal components in spur 

suppression loop besides VCO, integrator and comparison circuits, can be easily implemented 

under 0.5V supply.  This feature makes the proposed architecture very amenable to bio-

implantable applications in which lower than normal supply is usually preferred to reduce power. 
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Figure 3.7 Implementation of spur suppression. 

 

 In summary, this chapter studies clock generation strategies for the implanted TX chip.  

Since the conventional PLL has severe limitation on its noise suppression bandwidth, the ultra-

low power VCO used in the TX chip can give rise to large random jitter that severely degrade BER 

of the link.  Injection locking addresses this issue by resetting the accumulated oscillator phase 

noise every reference period.  However, it has limited frequency locking range and introduces 

large injection spur, which causes large deterministic jitter.  The limited locking range can be 

easily addressed by a counter-based frequency tracking loop.  On the other hand, the injection 

spurs occur because the oscillator natural frequency is non-integer-multiple of the reference 

frequency.  Injection pulses force the average oscillation frequency to be integer-multiple of 

reference frequency by changing the instantaneous period of the oscillator at the instance of the 

injection.  Therefore, monitoring instantaneous oscillation period at injection instance and one 

cycle prior provides a way to continuously adjust the VCO and suppress injection spur.  A 

background spur suppression loop is built based on this principle. 
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Chapter 4  Implementation of a 200Mb/s 

inductively-coupled wireless transcranial 

transceiver 

In this chapter, the circuit implementations for the 200Mb/s inductively-coupled 

transcranial transceiver is discussed in details.  It starts with an overview of the transceiver 

architecture, and then detailed implementation of the TX and RX circuits are discussed.  The TX 

discussion focusses on the inductor driver and clock generation circuit.  On the RX side, low noise 

amplifiers, comparator circuits, clock distribution, as well as sampling phase adjustment circuits 

are discussed in sequence.  A discussion of supporting circuitry for phase alignment and bit-

synchronization is also included. 

4.1 System overview 

 

Figure 4.1 Architecture of 200Mb/s inductively-coupled transcranial transceiver. 

 Figure 4.1 shows the architecture of the 200Mb/s transceiver.  Main functional blocks in 

the TX chip consist of an injection locked PLL, an inductor driver, and a pseudo random binary 

sequence (PRBS-7) generator to provide testing data.  The injection locked PLL takes 10MHz as 

reference clock and multiplies its frequency by 20X to generator 200MHz clock.  The 200MHz 

clock is used to time the PRBS-7 generator, which provides differential random bit stream (𝑑𝑎𝑡𝑎 

and 𝑑𝑎𝑡𝑎) at 200Mb/s.  The inductor driver takes both 𝑑𝑎𝑡𝑎 and 𝑑𝑎𝑡𝑎 as input and converts the 

bits into TX output current signal, 𝐼𝑇𝑋.  The 200MHz clock is also used by the inductor driver to 
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produce return-to-zero 𝐼𝑇𝑋 waveform.  The details for the driver circuit are discussed in section 

4.2.1. 

 The binary encoded TX current, 𝐼𝑇𝑋, is coupled to the input of the RX by off-chip coupled 

inductors.  The input signal to the RX chip, 𝑉𝑅𝑋, consists of voltage pulses whose polarity carries 

the transmitted bits.  As mentioned in section 2, 2 𝑉𝑅𝑋 pulses are produced for every bit transmitted.  

The first pulse is used to determine the bit, and the 2nd pulse is ignored for simplicity.  Since the 

received voltage amplitude is very small, a low noise amplifier chain is used to amplify this signal 

to reduce the effect of comparator noise and offset.  The outputs of the amplifiers (𝐴𝑀𝑃𝑝 and 𝐴𝑀𝑃𝑛) 

are fed into a clocked comparator, and the transmitted bit is decided.  To minimize BER, the 

comparator must be triggered at the time when vertical eye opening is the largest.  To accomplish 

this, a phase alignment sampler is enabled when the chip is first started up during phase calibration 

to measure the eye height, and a phase interpolator (PI) is used to adjust the clock phase until the 

maximum eye height is reached.  It requires quadrature 200MHz clock inputs to enable phase 

adjustment over the entire unit interval.  Thus, differential 400MHz inputs are provided to the RX 

chip, and a current-mode-logic (CML) divider is used to generate these quadrature 200MHz input 

clocks to the PI. In addition, a broadband buffer (eye buffer) is added to send the amplifier outputs 

directly off chip to plot RX eye diagram.  The following sections will discuss these circuit 

components in details. 
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4.2 Transmitter design 

4.2.1 Inductor driver circuit 

 

Figure 4.2 Schematic of inductor driver circuit. 

As shown in Figure 4.2a, the output stage of inductor driver consists of a pair of NMOS 

transistor, M1,2, and a pair of PMOS transistors, M3,4 [Yoshida07,Yoshida09, Miura07, Miura08, 

Kawai10].  Either M1,3 or M2,4 can be turned on at a time.  Turning on M1,3 steers the direction of 

inductor current, 𝐼𝑇𝑋, to the left.  On contrary, turning on M2,4 steers 𝐼𝑇𝑋 toward the right.  The 

transmitted bit is encoded in the direction of 𝐼𝑇𝑋.  If positive polarity of 𝐼𝑇𝑋 is defined as the 

direction from the right to the left, a bit 1 is represented by positive 𝐼𝑇𝑋, and bit 0 is represented 

by negative 𝐼𝑇𝑋.  Transistor M5,6,7,8 and M9,10,11,12 are current starved inverters to slow down the 

transition edge of PMOS transistors M3,4.  This would in turn controls the rise and fall time of 𝐼𝑇𝑋.  

To understand this, M3,4 can be assumed to operate in velocity saturation region when turned on.  

During 0 to 1 transition time of the incoming data (𝑋 transitions from high to low), 𝐼𝑇𝑋 is roughly 

to equal 𝐼𝑀3 as the output impedance of the triode NMOS transistor M1 is low.   

𝐼𝑇𝑋 ≈ 𝐾
𝑊

𝐿
[(𝑉𝑑𝑑 − 𝑉𝑋 − 𝑉𝑇𝐻) ∙ 𝑉𝑠𝑎𝑡 − 𝑉𝑠𝑎𝑡

2]   (4. 1) 

where 𝐾 is a process dependent parameter, 𝑊 and 𝐿 are the width and length of M3 respectively, 

𝑉𝑇𝐻 is the threshold voltage, 𝑉𝑠𝑎𝑡 is the velocity saturation voltage, and 𝑉𝑑𝑑 is the supply voltage.  

The slope of 𝐼𝑇𝑋 over time is: 
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𝑑𝐼𝑇𝑋
𝑑𝑡

≈ −𝐾𝑉𝑠𝑎𝑡
𝑊

𝐿
∙
𝑑𝑉𝑋
𝑑𝑡

                            (4. 2) 

 

It is clear from Eq. 4.2 that the slope of inductor current 𝐼𝑇𝑋 is proportional to the slope of gate 

voltage of M3 (𝑉𝑋).  Therefore, by controlling the rise/fall time of 𝑋 and 𝑋, the slope and rise/fall 

time of 𝐼𝑇𝑋  can be adjusted.  Since the voltage pulse coupled to the RX chip (𝑉𝑅𝑋 ) is also 

proportional to 
𝑑𝐼𝑇𝑋

𝑑𝑡
, the current starved inverters essentially set the amplitude and pulse width of 

𝑉𝑅𝑋.  Note that the smaller the rise/fall time of 𝑋 and 𝑋 is, the larger the 
𝑑𝐼𝑇𝑋

𝑑𝑡
 and 𝑉𝑅𝑋 are.  This 

suggests rise/fall time of 𝑋 and 𝑋 should be minimized for larger 𝑉𝑅𝑋 and higher SNR.  However, 

this is not the case in practice.  Making rise/fall time of 𝑋 and 𝑋 shorter decreases 𝑉𝑅𝑋 pulse width 

and makes BER more sensitive to TX jitter.  In addition, the sharp transition of 𝐼𝑇𝑋 invokes larger 

ringing in pulse response resulting in worse ISI.  As mentioned earlier, although TX inductor is 

de-Q’ed to eliminate its ringing, the RX inductor is still underdamped as adding resistors on RX 

coil increases noise and significantly reduces SNR.  Through simulation, the optimal rise/fall time 

in this design is found to be ~1.2ns.  The 200MHz clock signal (𝑐𝑘) is also used in the inductor 

driver circuit.  It is needed to generate return-to-zero 𝐼𝑇𝑋 waveform.  As shown in Figure 4.2b, the 

differential pseudo-random bit sequence coming out of PRBS-7 block, 𝑑𝑎𝑡𝑎  and 𝑑𝑎𝑡𝑎 , are 

synchronized to the rising edge of 𝑐𝑘.  The gate voltages of the PMOS transistors M3,4, 𝑋 and 𝑋, 

are gated by inverted clock, 𝑐𝑘, through an or-gate formed by the CMOS nor gates and the current 

starved inverters.  Therefore, 𝑋 and 𝑋 can only be 0 to allow 𝐼𝑇𝑋 to flow through the inductor 

during the high phase of 𝑐𝑘  (when 𝑐𝑘 is low).  The low phase of 𝑐𝑘 blocks 𝐼𝑇𝑋 flow by shutting 

down M3,4.  As a result, 𝐼𝑇𝑋 pulses last about 50% of bit-time; the other 50% time of return-to-

zeros phase allows inductor current to completely discharge. 
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4.2.2 Injection-locked phase-lock-loop (PLL) with background digital spur 

suppression 
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Figure 4.3 Block diagram of injection locked PLL with fully digital frequency tracking and spur 

suppression. 

 Figure 4.3 shows the block diagram of the entire injection locked PLL with frequency 

tracking and spur suppression loop.  It consists of an injection locked VCO, a thermometer 

combined R-2R resistor DAC to adjust its control voltage, a pulse generator, a shifter register 

counter, a pulse width comparator, a digital accumulator, and arithmetic blocks to perform loop 

updates.  The pulse generator takes the 10MHz reference and produce periodic narrow pulses as 

injection clock,  𝐶𝐾𝑖𝑛𝑗.  The injection locked VCO is a 5-stage ring oscillator.  Clock injection is 

accomplished by pulling node 𝑋 to ground through a NMOS transistor.  The natural frequency of 
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the ring oscillator is inversely proportional to control voltage 𝑉𝑐.  The detailed implementation of 

the injection locked VCO will be discussed in a few paragraphs. 

The output of oscillator (𝐶𝐾𝑜𝑢𝑡) is directly connected to a shift register counter that consists 

of 21 standard CMOS flip-flop registers to implement a division ratio of 20.  The injection pulse 

resets all the flip-flops to 0 except 𝐹𝐹20 and 𝐹𝐹21.  As shown in Figure 4.3, 1 is propagated down 

the flip-flop chain at rising edges of 𝐶𝐾𝑜𝑢𝑡.  Before the next injection pulse arrives, 𝐹𝐹20 is set to 

1 if at least 20 rising edges of 𝐶𝐾𝑜𝑢𝑡 have passed; otherwise, it remains 0.  Similarly, if more than 

21 rising edges of 𝐶𝐾𝑜𝑢𝑡 have passed during this time, 𝐹𝐹21 is set to 1.  The values of 𝐹𝐹20 and 

𝐹𝐹21 are sampled and held by 2 extra flip-flops (𝐹𝐹𝑜,20 and 𝐹𝐹𝑜,21) at the rising edge of the next 

injection pulse so that their values would not be destroyed by the shift register reset.  Their 

combined output, a 2-bit bus 𝑆〈1: 0〉,  is used to indicate whether correct average oscillation 

frequency is reached.  If 𝐹𝐹𝑜,21 = 0 and 𝐹𝐹𝑜,20 = 0, then 𝑆〈1: 0〉 = 0, and it means the VCO is 

too slow.  The accumulator is decremented in this case to decrease 𝑉𝑐  and to speed up the 

oscillation.  If 𝐹𝐹𝑜,21 = 1 and 𝐹𝐹𝑜,20 = 1, then 𝑆〈1: 0〉 = 3.  In this case, the VCO is too fast, and 

the accumulator is incremented to slow down the oscillation.  If 𝐹𝐹𝑜,21 = 0 and 𝐹𝐹𝑜,20 = 1, then 

𝑆〈1: 0〉 = 1.  This suggests the VCO frequency is correct and stays within the range that Eq. 3.5 

provides, so the accumulator does not need to be updated by the frequency tracking loop.  Then 

the input to the accumulator is passed to spur suppression loop.  The scenario that 𝑆〈1: 0〉 = 2 

(𝐹𝐹𝑜,21 = 1 and 𝐹𝐹𝑜,20 = 0) will never happen in the design because 𝐹𝐹𝑜,20 must rise to 1 first 

before 𝐹𝐹𝑜,21 can be set.  Therefore, the multiplexor that is controlled by 𝑆〈1: 0〉 does not need a 

𝑆〈1: 0〉 = 2 selection.  Note that 𝐹𝐹20 is reset by the rising edge of 𝑃1 (or equivalently, the rising 

edge of 𝐹𝐹1 output), instead of 𝐶𝑘𝑖𝑛𝑗.  This is to allow sufficient hold time for 𝐹𝐹𝑜,20.  For the 

same reason, 𝐹𝐹21 is not reset by 𝐶𝑘𝑖𝑛𝑗.  In fact, explicit reset of 𝐹𝐹21 is not required because the 

subsequent 𝐶𝐾𝑜𝑢𝑡 edge forces its value to 0. 

 In addition to frequency tracking loop, spur suppression is needed to reduce this PLL’s 

deterministic jitter.  As mentioned earlier, monitoring the instantaneous period 𝑇19  and 𝑇20 

provides a way to adjust the VCO natural frequency, and injection spur is minimized when 𝑇19 =

𝑇20.  To accomplish this, 2 pulse waveforms as shown in Figure 4.4, 𝑃19 and 𝑃20, whose pulse 

width are equal to 𝑇19 and 𝑇20 are first generated by combining the outputs of 𝐹𝐹19/𝐹𝐹20  and 

𝐹𝐹20/𝐹𝐹1 respectively.  The pulses then, are fed into a pulse width comparator to decide which 

one is longer.  If 𝑇19 > 𝑇20, 𝑉𝑐 is decreased to raise the oscillation frequency; if 𝑇20 > 𝑇19, 𝑉𝑐 is 

increased to lower the oscillation frequency.  The pulse width comparator is triggered by the first 

rising edge of 𝐶𝐾𝑜𝑢𝑡 pulse after 𝑃20 (equivalent to the rising edge of 𝑃1).  The implementation of 

the pulse width comparator will be discussed in section 4.2.2.3.  Note spur suppression loop is 

only enabled after the average frequency is locked in this design.  Therefore, frequency tracking 

and spur suppression can work in tandem to converge the PLL frequency.  Thanks to these 

techniques, the entire PLL can operate under 0.5V while consuming only 130uW. 
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Figure 4.4 Timing diagram of clocks and shift register counter outputs. 

4.2.2.1. Injection locked VCO 

 

 

Figure 4.5 Schematic of injection locked VCO. 

The schematic of injection locked VCO is shown in Figure 4.5.  As mentioned before, the 

injection locked VCO consists of 5 stage CMOS current starved inverters.  The top PMOS and 

NMOS transistors of the current starved inverters, M2 and M3, are small width and minimum 

channel devices (65nm) to reduce power.  Since the bottom current limiting transistor of the current 
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starved inverters, M1, is biased to a constant voltage, 𝑉𝑏, by a current mirror, long channel device 

(400nm) is used to reduce the current mismatch.  A side benefit of using long channel device for 

M1 is its smaller contribution to phase noise.  Note the body voltage of M1 is chosen as VCO 

control voltage.  This is because the quantization error of the DAC that generates the control 

voltage, 𝑉𝑐, causes deterministic jitter in steady state.  The oscillator natural frequency is extremely 

sensitive to the gate voltage of M1 at this low supply (0.5V), so using the gate voltage as control 

knob imposes stringent requirement on the DAC resolution.  On the other hand, 𝑔𝑚𝑏  of the 

transistor is orders of magnitude lower than 𝑔𝑚, so using body terminal instead of gate voltage 

significantly lowers 𝐾𝑉𝐶𝑂 (the sensitivity of VCO frequency to 𝑉𝑐). A simple rail-to-rail 10b R-2R 

DAC suffices in this design.  One potential issue with this approach is the body-to-source voltage 

of M1, 𝑉𝑏𝑠, is greater than 0, so its body-source p-n junction is forward biased.  However, thanks 

to the low supply voltage used, the forward bias body-source current is negligible even when 𝑉𝑐 =

0.5𝑉. 

4.2.2.2. Pulse generator 

 

 

Figure 4.6 Schematic of injection pulse generator. 

 

The narrow pulse of the injection clock is generated using the simple circuits shown in 

Figure 4.6.  It uses an and-gate to combine the reference clock (𝐶𝐾𝑟𝑒𝑓) and a delayed and inverted 

version of the same clock.  The inserted delay determines the pulse width.  A 5-bit delay control 

is added to enable the capability to adjust the pulse width of the injection clock. 
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4.2.2.3. Pulse width comparator 

 

Figure 4.7 Schematic of pulse width comparator. 

 The schematic of pulse width comparator used in spur suppression loop is shown in Figure 

4.7.  The incoming pulses (𝑃19 and 𝑃20 in Figure 4.4) are connected to 𝑉𝑖𝑝 and 𝑉𝑖𝑛 respectively.  

The pulse width (𝑇19 and 𝑇20) is first converted into voltage signals (𝑉𝑖𝑛𝑡𝑝 and 𝑉𝑖𝑛𝑡𝑛) by the front-

end integrator (M1-6).  The current sources M1,2 set the integration current.  The integrator outputs 

are held on a pair of digitally controlled capacitors.  The 7-bit control bus (𝐷1〈6: 0〉) can be adjusted 

to tune out the offset of the integrator.  PMOS transistors M5,6 reset 𝑉𝑖𝑛𝑡𝑝/𝑉𝑖𝑛𝑡𝑛 to 0.5V before the 

pulses arrive.  The integrated voltage difference (𝑉𝑖𝑛𝑡𝑝 − 𝑉𝑖𝑛𝑡𝑛) is resolved by a classic StrongArm 

comparator (M7-14).  Transistors M7,8 are the input differential pair, and auxiliary differential pair 

M9,10 is added to provide coarse offset tuning capability.  The gate voltages of M9,10 (𝑉𝑟𝑒𝑓𝑝 and 

𝑉𝑟𝑒𝑓𝑛) are driven by a 5-bit differential resistor DAC.  Cross-coupled pairs M11-14 regenerates the 

integrated voltage difference, and the digital output (𝐷𝑜𝑢𝑡) is held in an S-R latch.  Note the 

integrator is reset a short time (𝑡𝑑) after the StrongArm comparator is triggered to provide enough 

hold-time margin for the comparator. The offset of this pulse width comparator is calibrated in 

foreground. 

4.3 Receiver design 

In this section, the detailed implementations of RX circuits are discussed.  Section 4.3.1 

starts discussion from the front-end low noise amplifiers.  Then, the clock path including the 

quadrature frequency divider and phase interpolator is discussed in section 4.3.2.  The 

implementation of StrongArm comparator circuit used in the RX is the same as in the pulse width 
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comparator of TX PLL, so it is not investigated here.  At last, an RX clock phase alignment and 

RX/TX bit synchronization strategy used in the testing are presented in section 4.3.3. 

 

4.3.1 Low noise amplifier 
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Figure 4.8 Block diagram of low noise amplifier chain. 

 

 As shown in Figure 4.8, the RX front-end consists of a cascade 4 stage low noise amplifiers 

(S1-4).  The input to the amplifier chain is DC coupled to the RX inductor.  2 large resistors, 𝑅𝑏, 

bias the amplifier inputs to a voltage 𝑉𝑏 generated on chip.  Each amplifier stage is resistor loaded.  

As mentioned earlier, ringing caused by RX inductor is present at the RX inputs, so bandwidth 

limiting capacitor 𝐶 is added to the output of the first stage (S1) to mitigate its effect.  AC coupling 

capacitor between S3 and S4, 𝐶𝐶 , blocks DC offsets from the first 3 stages (S1-3).  The DC 

wandering caused by the 𝐶𝐶’s is not an issue because the RX input pulses are DC balanced in the 

inductive coupling scheme.  The offset of S4 has relatively small effect on the SNR because its 

input signal is amplified by S1-3.  Nevertheless, an offset adjustment capability is still added to the 

subsequent comparator circuit to cancel offset of S4.  Same architecture is used for all the 

amplifiers (S1-4).  Since the earlier stages have large contribution to the input referred noise and 

require larger transistor width and bias current, later stages (S2-4) are scaled down progressively 

to save power.  Additional capacitance 𝐶𝐵𝑊 with 4-bit control (𝐷〈3: 0〉) is added at the S4 output 

to limit noise bandwidth.  The overall bandwidth of the amplifier chain is 330MHz. 
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Figure 4.9 Schematic of a single amplifier stage. 

 As shown in Figure 4.9, the amplifier stage used in RX chain is implemented using cascode 

common-source amplifier with resistor load.  The differential pair (M1,2) uses long channel 

transistors to reduce flicker noise.  The cascode devices (M3,4) are added to increase the output 

impedance of the differential pair and to reduce Mill effect on the input capacitance.  Since 

amplifier stages are DC coupled together, the output common mode voltage determines the input 

common mode bias of the subsequent stage.  Therefore, common mode feedback (CMFB) must 

be added to ensure all transistors are in saturation.  This is accomplished by a folded-cascode 

common mode amplifier (M6-14).  The main amplifier common mode voltage (𝑉𝑐𝑚𝑜) is sensed by 

a pair of large resistors, 𝑅𝑏.  And the CMFB amplifier feeds back the signal 𝑉𝑓𝑏 to the gate of the 

tail transistor M5.  To increase the phase margin of the CMFB loop, the tail transistor of the main 

amplifier is split into M0 and M5, and only M5 is used to inject feedback current to lower the loop 

gain.  To increase the headroom of the amplifier, 1.5V supply is used for the entire amplifier chain.  

The transistors are carefully biased so that none of their gate-to-source and drain-to-source 

voltages exceed 1V.  Thanks to the relaxed power requirement for the external RX chip, the power 

penalty of using higher than nominal supply is not an issue.   
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                                      (a)                                                                        (b) 

 

Figure 4.10 Amplifier chain (a) frequency response; (b) output referred noise PSD . 

 

Each amplifier stage has roughly 15dB of gain.  The overall amplifier chain achieves 59dB 

DC gain, 330MHz bandwidth, and ~20mV output referred RMS noise.  The simulated frequency 

response and noise power spectral density (PSD) of the entire amplifier chain are plotted in Figure 

4.10. 
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4.3.2 Frequency dividers and phase-interpolator 
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Figure 4.11 Schematic of (a) CML frequency divider and (b) phase interpolator and CML to 

CMOS converter. 

 As mentioned earlier, phase interpolator with full unit interval range requires quadrature 

phase clock inputs.  In this design, a current mode logic (CML) frequency divider converts a 
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400MHz differential clock inputs (𝐶𝐾𝑖 and 𝐶𝐾𝑖) from an off-chip source to 200MHz quadrature 

phase clocks (𝐶𝐾0°, 𝐶𝐾90°, 𝐶𝐾180°, 𝐶𝐾270°).  The CML frequency divider shown in Figure 4.11a 

consists of 2 CML latches with resistor load (𝑅𝐿).  The first latch (M0-6) is transparent in positive 

clock phase, and the following latch (M7-13) is transparent in the negative clock phase.  1.1V 

nominal supply is used for the divider. 

 The 10-bit phase interpolator (PI) (Figure 4.11b) uses the current mixing approach to 

interpolate phase between adjacent quadrature clock edges [Sidiropoulos98].  The PI core consists 

of 4 differential pairs (M5-12) that are controlled by the 4 quadrature clock phases.  The output 

phase is moved by mixing the output currents from 2 of the differential pairs that are controlled by 

adjacent clock phases.  2 8-bit current DACs are used to adjust the relative current strength between 

the 2 differential pairs.  The lower 8-bit of the PI control bus (𝐷1〈7: 0〉) is used to control DAC 

current.  The upper 2-bit, 𝐷1〈9: 8〉, selects the quadrant by controlling the 4 switches M1-4.  To 

ensure monotonicity of the PI, edge rate control capacitor (𝐶𝐸𝐶) is added to smooth out PI output 

(𝑉𝑜𝑝, 𝑉𝑜𝑛) waveform, and long channel transistors are used to implement the 2 current DACs.  To 

convert low swing PI output into rail-to-rail CMOS voltage levels, a simple CML-to-CMOS 

converter circuit is used.  An AC coupling capacitor (𝐶𝐶) and a large feedback resistor (𝑅𝑏) bias 

the inverter at its trip point.  The low swing PI output (𝑉𝑜𝑝) is amplified by the inverter gain.   A 

dummy load is added on the other PI output to balance the loads between 𝑉𝑜𝑝 and 𝑉𝑜𝑛. 
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4.3.3 Phase alignment sampler circuit 

 

Figure 4.12 Schematic of phase alignment sampler and its timing diagram. 

The schematic of phase alignment sampler circuit is shown in Figure 4.12.  It is only 

enabled during start-up time when sampling phase is under calibration.  It monitors the amplifier 

output eye height while the PI codes update.  The sampler consists of a pair of PMOS switch (M1,2), 

and is followed by 2 NMOS broadband source follower buffers (M3-6).  The output of NMOS 

source follower goes through a pair of NMOS switches (M7,8), and is then followed by 2 PMOS 

source follower buffers.  The outputs (𝑉𝑜𝑝 and 𝑉𝑜𝑛) are brought off chip for measurement.  When 

enabled, the front-end switch is driven by a 50% duty-cycle clock.  𝑉𝑠𝑝 and 𝑉𝑠𝑛 track the inputs 
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when 𝐶𝐾 is low, and hold their voltages on 𝐶1’s when 𝐶𝐾 is high.  If the bandwidth of the front-

end track-and-hold circuits (M1,2 and 𝐶1’s) is sufficient, the held values of 𝑉𝑠𝑝 and 𝑉𝑠𝑛 are the same 

as 𝑉𝑖𝑝 and 𝑉𝑖𝑛 at rising edge of 𝐶𝐾.  The subsequent track-and-hold circuits (M7,8 and 𝐶2’s) are 

driven by  𝐶𝐾1, which are short pulses that occur during hold time of front-end track-and-hold.  

They propagate the signals held on 𝐶1 onto 𝐶2.  If the input signal is repetitive with the 𝐶𝐾 period, 

this circuit implements an ideal impulse sampler that triggers at the rising edges of 𝐶𝐾.  How this 

circuit helps sampling phase calibration is examined next. 

 

 

 

Figure 4.13 Input and output waveforms from phase alignment sampler at different PI settings 

during sampling phase calibration. 

 

During calibration, the TX is set to transmit a sequence consisting of only bit-1’s.  The 

received voltage waveform is a repetitive pattern that consists of a positive pulse followed by a 

negative pulse as shown in Figure 4.13.  Therefore, the outputs of the amplifier chain (equivalently, 

the input to the phase alignment sampler, 𝑉𝑖𝑛 in Figure 4.12) are periodic function with the same 

period as 𝐶𝐾.  If the relative phase between 𝐶𝐾 and 𝑉𝑖𝑛 is fixed, the sampler output voltage, 𝑉𝑜𝑢𝑡, 
would be constant DC voltage which can be easily measured by an off-chip DC meter.  Since the 

relative phase can be adjusted by the PI, the received voltage amplitude at different sampling 

phases can be measured with this method by sweeping the PI codes.  The optimal sampling phase 

or PI setting is the point where the sampler output voltage is the largest.   

Vin

ck

Vout

Vin

ck

Vout
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Figure 4.14 Measured output waveforms of phase alignment sampler at different PI settings 

during sampling phase calibration. 

Figure 4.14 shows the measured output waveforms of phase alignment sampler at 

different PI settings during sampling phase calibration.  In this case, the optimal PI setting is 270 

out of the 10-bit PI control. 

 

In summary, this chapter discusses the detailed circuit implementation of the 200Mb/s 

inductive-coupled wireless transcranial transceiver.  The TX chip consists of a simple inductor 

driver with rise/fall time control, a PRBS generator, and an injection locked PLL with fully digital 

frequency tracking and spur suppression loop.  An injection locked ring oscillator with current 

starved inverters is used to implement the VCO.  A pulse width comparator is used to measure the 

difference in the instantaneous oscillation periods at the injection instance and one cycle before.  

On the RX side, the received signal is amplified by a low noise amplifier chain with 59dB of gain 

and 330MHz bandwidth, and is then detected by a StrongArm comparator.  A phase interpolator 

is used to adjust strobe signal of the comparator.  A phase alignment sampler circuit is used in 

conjunction to move the trigging time of the comparator to the peak of the eye. 
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Chapter 5  Measurement results 

 

Figure 5.1 Die photo. 

To verify the proposed architecture, a 200Mb/s inductively-coupled wireless transceiver 

was designed and fabricated using TSMC 65nm CMOS technology.  Figure 5.1 shows the die 

photo. Both TX and RX are located on the same die that measures 1.5mm×1.5mm.  The TX 

portion occupies the upper one-third of the die, and the RX portion occupies the bottom two-thirds.  
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The same die is directly attached and wire-bonded on both TX and RX printed circuit boards 

(PCB’s).  On the TX board, the RX chip portion is disabled by shorting its supply to ground via 

bond wires.  On the RX board, the TX chip supply is disabled.  The entire TX portion uses a single 

0.5V supply, while the RX uses 1.5 supply for front-end amplifiers and 1.1V for the rest of the 

circuits.  As shown in Figure 5.2, the 10mm×10mm coupled inductor is fabricated on a standard 

FR-4 2-layer PCB.  The width of both TX and RX inductor coil traces is 200um.  0.5oz copper is 

used for the PCB top layer, which makes the trace thickness about 18um (0.7mil).  The TX inductor 

uses a 2-turn coil, with 200um spacing in between.  The 200um trace width creates just enough 

landing pad to mount 400um×200um (0402 metric package size) SMT de-Q resistors. 

5.1 Measurement setup 

 

Figure 5.2 Boards setup (a) side view with channel; (b) measured channel thickness; (c) TX side 

with channel; (d) RX side with channel. 
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The wireless link is characterized over 11mm air gap and biological channel.  For the 

biological testing channel, 8-week primordial piglet carcasses are used to mimic the human head.  

As shown in Figure 5.2, the skull channel consists of roughly 7mm of bone, 2mm of fat, and 2mm 

of skin.  Although lab measurement shows the overall thickness is 11.8mm as in Figure 5.2b, we 

round it as 11mm for simplicity in Table 5.1.  The TX PCB is amounted inside of the skull bone 

(Figure 5.2c), and the RX PCB is amounted outside of the scalp (Figure 5.2d).  No precision 

alignment between TX and RX coils are applied. 

The measurement setup for biological channel is shown in Figure 5.3.  The head of the 

piglet carcass is placed underneath the TX board to mimic the real environment inside human skull.  

It is important to note that the surrounding brain tissue changes the electrical property of the TX 

coil inductor considerably, so adding biological tissue directly underneath the TX board is essential 

for accurate modeling of the actual cranium channel.  The RX board is visible on top of the scalp, 

and the TX board is underneath.  Chip configuration commands are sent to TX/RX from a PC 

through 2 FPGA boards, one for TX and one for RX.  A Keysight E4438C signal generator and a 

balun are used to provide 400MHz differential input clock for the RX chip.  The 10MHz reference 

output of the signal generator provides the reference clock for the TX chip.  A balun and an 

attenuator are used to convert the clock to differential and to reduce the reference clock amplitude 

to ~500mV peak-to-peak.  To measure the BER of the link, a Keysight N4903B BER tester is used.  

A Keysight 81150A pulse generator is used to generate the sampling clock of the BER tester, and 

this sampling clock is synchronized to the TX reference clock through the10MHz reference input 

port of the pulse generator.  A Keysight Infiniium 54855A digital oscilloscope (DSO) is used to 

plot the RX eye diagram from the eye monitor output.  The phase noise of TX PLL is plotted using 

a Keysight E5052B signal source analyzer (SSA).  To shield the over-the-air radio interference to 

the RX inductor coil, a small paper cap covered with aluminum foil is placed on top of RX board.  

This shielding method is found to be sufficient in the indoor lab environment.  It is noted that the 

BER of the link degrades considerably when a strong interference source is present.  However, 

electromagnetic shielding in the form of over-the-head metal caps or helmets are readily available 

and are not terribly inconvenient for the patients. 
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Figure 5.3 Measurement setup for biological channel. 
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5.2 Results and discussion 

 

Figure 5.4 PLL phase noise measurement result with (a) SSA; (b) DSO. 

(a)

(b)
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The measured 200MHz PLL phase noise plot is shown in Figure 5.4.  Thanks to the spur 

suppression technique, the injection spur is significantly reduced to roughly -43dBc.  The 

remaining residue spur is caused by quantization errors of the 10-bit DAC used to generate VCO 

control voltage.  The total integrated RMS jitter which includes both random and deterministic 

jitter is only 58.7ps with Keysight E5052B Signal Source Analyzer (Figure 5.4a).  The jitter 

measurement is repeated in time domain using Keysight 54855A digital sampling oscilloscope 

(Figure 5.4b), and the result agrees with frequency domain measurement.  The entire PLL 

consumes a total of 130uW power, with only 20uW for VCO. 

 

Figure 5.5 RX eye diagram for (a) over-the-skull measurements and (b) over-the-air 

measurements. 

The eye diagram at the output of RX eye buffer is shown in Figure 5.5.  Note that 2 eyes 

are present because in this design, 2 transitions in every TX current pulse generate 2 RX voltage 

pulses through inductive coupling.  Note that the eye diagrams for both over-the-skull and over-

the-air measurements are not symmetrical about the center horizontal line.  This is mainly caused 

by nonlinearity of the RX amplifiers.  The amplitude of the last amplifier stage is quite large, 

causing significant second order distortion.  In addition, the second eye is considerably worse than 

the first eye in both cases.  This is caused by different rise and fall time of the current starved 

inverters that control the PMOS’s of the inductor driver in Figure 4.2a.  Since the PMOS’s current 

(𝐼𝑇𝑋) is proportional to the outputs of these inverters, the 𝐼𝑇𝑋 slope is different between when its 

amplitude rises and when it returns to zero.  The first eye of over-the-skull measurement is smaller 

than over-the-air because of the larger channel loss.  But over-the-skull measurement shows much 

less ISI than over-the-air measurement.  This is because the self-resonance frequency of the TX 

inductor depends on the electrical permittivity of its surroundings and can be different between the 

two cases.  The de-Q resistor values are optimized for over-the-skull channel, so the TX coil might 

still have residue ringing for over-the-air measurement. 

(a) (b)
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Figure 5.6 Measured bathtub curves for both over-the-skull and over-the-air channels. 

 

 To generate BER versus sampling phase plot (bathtub curve), PI control codes are swept 

and the BER is measured at various PI settings.  As shown in Figure 5.6, error free operation for 

over 1e13 bits is achieved for roughly 10% of UI window in over-the-air measurements.  Over-

the-skull measurements show considerable BER degradation.  Nevertheless, a minimum BER of 

5e-11 is achieved.  It is worth mentioning that the measured BER is worse than the analytical result 

in section 2.3.  This is mainly because the TX chip used for BER testing has larger-than-expected 

random jitter.  Upon further investigation, this issue is mainly contributed by the marginal injection 

pulse width.  The designed injection pulse width is too narrow and is prone to chip-to-chip 

variation, causing weak injection strength for many chips.  The weak injection strength in turn 

reduces the VCO noise suppression bandwidth, and increases PLL random jitter.  This issue can 

be simply fixed by adding more delay stages in the injection pulse generator shown Figure 4.6. 
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Figure 5.7 Measured bathtub curves for (a) various TX/RX alignment offsets; (b) various spacing 

between TX/RX. 

 

 To investigate the sensitivity of the inductively coupled link, over-the-air BER versus 

sampling phase measurements are repeated for various offsets and spacing between the TX and 

RX coils.  As shown in Figure 5.7a, BER gradually degrades as the offset (∆𝑋) between the coils 

increases.  Even for offsets as large as 6.4mm, roughly 64% of the coil diameter, the link still 

achieves almost 1e-9 BER.  As the distance increases from 11mm to 17.5mm, a nearly 60% 

increment, the BER drops from 1e-12 to 1e-7.  With these BER levels, the reliable communication 

can be easily achieved with forward error correction codes.  These experiments demonstrate the 

robustness of the inductive coupling approach. 

(a)
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Figure 5.8 Power breakdown. 

* Antenna size estimated from PCB photo

** Does not include clock generation power

*** Power estimated by adding peak PA power and clock generator power

Table 5.1 Comparison with the selected state-of-the-arts. 

 The power break down of the transceiver is shown in Table 5.1.  The TX chip consumes a 

total of 300uW.  The power consumption of the injection locked PLL is 130uW, and the inductor 

driver consumes 165uW.  The rest 5uW is used by PRBS generator and inverter buffers on clock 

and data paths.  At 200Mbs/s, the TX energy efficiency is 1.5pJ per pit.  The RX chip consumes a 

total of 37.2mW.  The most power-hungry component is the low noise amplifier chain, which 

consumes 25.5mW.  The clock path that includes frequency divider and phase interpolator 

consumes 9.9mW.  The slicer (comparator) and inverter buffers consume 1.8mW.  As mentioned 

earlier, the large power consumption of the external RX chip outside the skull is not an issue.  

Comparing to state-of-the-art implantable wireless TX designs (Table 5.1), this work achieves the 

highest data-rate and the lowest BER.  At the same time, it improves the TX energy efficiency by 

about 7X. 
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Chapter 6  Conclusion 

Recent advancement in BMI technology has enabled neural scientists to examine neural 

networks in details.  The potential of recording individual neural signals from thousands of neurons 

simultaneously creates demands of implantable ultra-low power, high-speed wireless TX.  This 

work demonstrates inductive coupling approach can satisfy the stringent requirements for 

implanted transcranial wireless TX.  It is able to achieve reliable communication at hundreds of 

mega-bit-per-second data-rate with ultra-low power consumption.  The key circuit and system 

techniques that enable the inductively coupled transcranial link are the following: 

1. De-Q’ing the TX inductor alleviates inter-symbol-interference caused by ringing in 

pulse response and improves the data-rate. 

2. To achieve ultra-low power consumption, the entire TX chip is under low supply 

voltage of 0.5V.  All the TX circuits operate in sub-threshold region. 

3. Injection locked PLL is used to reduce RMS jitter and improves the link BER.  Fully-

digital frequency tracking and spur suppression loop increase the PLL locking range 

and greatly reduces injection spur. 

In this thesis, the theory behind inductive coupling in the context of wireless transcranial links is 

investigated in details.  Its speed limitations and mitigation technique of inductor de-Q are 

presented.  To study impact of channel response, amplitude noise, and jitter on the BER of the 

inductively-coupled link, a system level analysis method is developed.  It also includes an in-depth 

analysis of TX jitter reduction by injection locking and a discussion on its spur mitigation 

technique.  To verify the proposed techniques, a 200Mb/s wireless transcranial transceiver with 

implantable TX is fabricated in 65nm CMOS technology, and the transceiver is measured over the 

11mm thick skull channel of an 8-week primordial piglet carcass.  The results demonstrate 3 orders 

of magnitude improvement for BER over state-of-the-arts implantable TX (5e-11) and 7X 

reduction in TX energy efficiency (1.5 joule-per-bit). 

 

Forward projection 

 

In the near future, the proliferation of BMI technology will require even higher throughput 

and more reliable wireless communication over cranium channel.  There are still rooms to improve 

communication throughput using the de-Q technique proposed in this work.  The simulated and 

measured eye diagram shows comfortable margin at 200Mb/s.  With careful design of the 

injection-locked PLL and optimized the inductor driver, greater than 500Mb/s or even up to 1Gb/s 

data-rate can be achieved with this technique.  Beyond 1Gb/s data-rate, active channel equalization 

will be needed in conjunction with inductor de-Q.  Techniques such as feed-forward-equalization 

or decision-feed-back equalization can be employed in the external RX to avoid impact on the TX 
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energy efficiency.  In addition, RX interference mitigation will be needed to improve the link 

reliability.  Over-the-air radio interference can be sensed and subsequently cancelled in a more 

sophisticated RX design, and the bulky metal interference helmet or shields for the inductive-

coupled transceiver can be removed.  RX interference cancellation can be especially useful if TX 

power is delivered wireless from the RX module.  In this case, the strong interferer imposed by 

the wireless power delivery circuits can be several orders of magnitude higher than the received 

signal strength, and mitigating this blocker signal is critical for the link reliability.  In conclusion, 

there is tremendous potential of inductive coupling in wireless transcranial links, and a lot of more 

research is to be done to advance this subject. 
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