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Abstract
Design Techniques for High Performance Intgrated
Frequency Synthesizers for Multi-standard
Wireless Communication Applications
by
Li Lin
Doctor of Philosophy in Engineering Electrical Engineering and Computer Sciences
University of California, Berkeley
Professor Paul R. Gray, Chair

The growing importance of wireless media for voice and data
communications is driving a need for higher integration in personal
communications transceivers in order to achieve lower cost, smaller form factor,
and lower power dissipation. One approach to this problem is to integrate the RF
functionality in low-cost CMOS technology together with the baseband
transceiver functions. This in turn requires integration of the frequency
synthesizer with enough isolation from supply noise to allow the synthesizer to
coexist with other on-chip transceiver circuitry and still meet the phase noise
performance requirements of the application.

This research proposes a differential synthesizer for block-down-convert
receivers that achieves improved levels of phase noise and supply rejection
performance through the use of fully differential architecture and a wide-
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bandwidth PLL. Analytical relationships for such a system relating output phase
noise to system design parameters and internal noise sources are developed. A
prototype systems embodying the design principles, and also embodying new
differential circuit configurations which minimize supply coupling is designed,
laid out and fabricated. The performance of the prototype synthesizer as a stand
alone device is evaluated. The synthesizer is embodied in a complete integrated
radio system and the performance of the synthesizer in the complete radio
system is also evaluated.

Paul R. Gray, Chairman of Committee
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Chapter 1

Introduction

1.1 Motivation
The wireless personal communication market has been growing
explosively due to ever emerging new applications and dropping prices. A lowcost, small, long-battery-life solution has been the dream for decades. Many
efforts have been devoted to the integration of such circuits in low-cost
technology in order to reach the goal.

The applications of wireless communication devices include pagers,
cordless phones, cellular phones, global positioning systems and wireless local
area networks, transmitting either voice or data. A standard tells how devices
talk to each other. Numerous standards exist which are optimized for different
implementations. For voice, examples include DECT, AMPS, GSM, DCS, PCS,
CDMA, and so on. For data, there are 802.11 WLAN, Bluetooth, Home RF and
so on. Costs have been driven down by technology improvement and better
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design. What was previously available only in military applications is now
available for the mass market. The rapidly growing market and ever emerging new
applications create a high demand for a low cost, low power, high portability
transceiver solution.

Current commercial approaches utilize several high quality discrete
components to provide high performance required by transceiver. Each discrete
component can cost from $1 to $5. High component counts and multiple chips in
various technologies increase the cost and form factor. A higher integration level
is required to lower the cost and form factor.

Many efforts are underway to increase the integration level of the
transceiver. The ultimate goal would be a single chip transceiver in a single
technology with a minimum number of off-chip components, that is, an antenna to
receive or transmit the RF signal, a power supply, and a crystal reference to
provide a clean frequency reference. This single chip would act as an interface
between the analog RF world and the digital baseband world. With high
integration level, cost and form factor is reduced.

However, many difficulties remain in the process of integration due to the
lack of high quality components on chip. In a conventional double conversion
receiver, the received signal spectrum is shifted down to the baseband in two
steps. During the first step, a local oscillator signal at RF is mixed with the RF
signal, shifting the signal to a fixed IF frequency. To achieve this, the RF LO
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needs to be tunable and the minimum frequency step must be smaller or equal to
the channel spacing of the standard. Then a fixed local oscillator at IF is used to
shift the mixed down version of the received signal to baseband. The RF LO
utilizes a low-phase-noise VCO which is coupled to a reference oscillator by a
synthesizer loop of low bandwidth. The low bandwidth is desirable in order to
minimize the spurious tones in the output frequency spectrum that result from the
frequency comparison process. One consequence of the low synthesizer control
bandwidth is that the phase noise of the overall synthesizer is dominated by the
phase noise of the VCO. This makes the narrow loop bandwidth approach suitable
for the implementation with discrete high Q components that is needed by the low
phase noise VCO. The need for the external components is not amenable to
integration of the synthesizer.

A major challenge is to find ways to realize low-phase-noise synthesizers
with low-Q components. One approach is to use a wide synthesizer control
bandwidth to couple a noisy on-chip oscillator to a very-low-phase-noise crystal
more closely than a conventional narrow-band PLL so that the output is more
dependent on the clean reference. The phase noise contribution from the on-chip
oscillator to the output close to the carrier within the synthesizer control
bandwidth is thus suppressed. Because a wide PLL bandwidth requires a high
comparison frequency, this type of synthesizer is most amenable to the synthesis
of a few widely spaced frequencies, and is thus most compatible with block-
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down-convert receiver architectures such as the wideband IF double conversion
architecture [1]. In this architecture, the entire signal band at RF is mixed down to
the IF with a fixed RF frequency synthesizer and a variable frequency synthesizer
at IF is used to tune the desired channel from IF to the baseband. The fact that
high Q discrete components are not needed is amenable to integration of the
synthesizer.

The IF frequency synthesizer in the wideband IF architecture is used to
tune the individual channels. Because this second synthesizer is at a much lower
frequency, minimization of its phase noise contributions is much easier. But the
spurious tone specification is much harder because the reference frequency to the
PLL is now at the channel spacing. One approach is to use a narrowband PLL
which suppresses the tones outside the PLL bandwidth. By doing the channel
selection at IF, the divider ratio required is RF/IF times smaller than doing it at
RF. The smaller divider ratio not only reduces the tones generated by the PLL
assuming a fixed PLL bandwidth, but also reduces the phase noise contribution to
the output from the frequency reference, the phase detector and the divider.

For many applications transceiver integration levels will be such that the
receiver path, transmit path, the complete synthesizer, and perhaps the RF power
amplifier will coexist on a single integrated circuit, along with a significant
amount of A/D conversion and baseband processing. This in turn requires the
synthesizer maintain its phase noise and spurious tone performance in the
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which

deliver

significant

current

and

voltage

perturbations to both the substrate GND and supply. Fully differential
implementation of the complete PLL path is important for this reason.

1.2 Summary of Research Results
This research focuses on the utilization of the wide-band PLL concept and
fully differential approach to realize an integrated RF synthesizer that is capable
of the extremely demanding performance required in cellular telephone
applications.

Fundamental performance limits of a wide-band PLL based synthesizer
are investigated. Because noise from the VCO is suppressed in wideband PLL
architectures, other noise sources become more important in the overall
synthesizer performance. Noise from the crystal oscillator reference, phase/
frequency detector become the most important contributors within the loop
bandwidth and are referred to the output enhanced in effect by the divider ratio N.
Noise from charge pump and loop filter is amplified by the VCO gain around the
loop bandwidth. For an integrated wideband PLL, the VCO gain is usually large
because of the limited control voltage range and large frequency range required
by the application. Thus the charge pump and loop filter are significant noise
contributors at the offset frequency around the loop bandwidth.

1.3 Thesis Organization
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Various circuit techniques to reduce the phase noise and spurious tones
and to improve the power supply rejection ratio are explored. To verify the
effectiveness of the techniques, a 1.4GHz differential low-noise CMOS frequency
synthesizer using a wideband PLL architecture was designed and fabricated in a
0.35µm CMOS 5-metal, 2-poly technology. The prototype produces three RF
frequencies, namely, 1.3824GHz, 1.4688GHz, and 1.5552GHz corresponding to
the frequency plan of the dual-mode transceiver application, while achieving a
phase noise of -118dBc/Hz at 100kHz, a spurious tone of -56dBc at 86.4MHz.
When a 0.8MHz 200mV peak-to-peak sinewave is added to the supply, the
synthesizer generates a spurious tone of -42dBc. When the 200mV tone is present
the synthesizer phase noise at 100kHz degrades to -116dBc/Hz. The complete
synthesizer dissipates 84mW from a 3.3V supply. A 400MHz IF frequency
synthesizer was also designed, laid out, and fabricated in the same technology,
providing tuning capability for a complete radio system. The RF synthesizer and
IF synthesizer are embodied in a complete integrated radio system and the
performance of the synthesizers in the complete radio system were evaluated.

1.3 Thesis Organization
In Chapter 2, the fundamentals of frequency synthesizer including the
synthesizer role and its key parameters are reviewed. Various synthesizer
architectures and their advantages and disadvantages are discussed.

1.3 Thesis Organization
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In Chapter 3, the fundamental limitations of the wideband PLL
architecture is examined.

In Chapter 4, low-noise design techniques for each synthesizer block are
presented, including a low-noise differentially-controlled VCO, a low noise
charge pump with active loop filter, and a low noise buffer.

In Chapter 5, the design of an experimental prototype and the
measurement results are presented.

Chapter 6 concludes the thesis with a summary.

2.1 Role of Frequency Synthesizer
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Chapter 2

Fundamentals of Frequency
Synthesis

2.1 Role of Frequency Synthesizer
The role of a frequency synthesizer is to provide the reference
frequency for frequency translation. Fig. 2.1 shows the typical block diagram of
a cellular phone RF section. An RF synthesizer and an IF synthesizer are used
for the frequency translation.
I
Receiver
Q

LNA

RF syn.

IF syn.

Transmitter

I

PA
Q
Fig. 2.1: Synthesizer in cellular application
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As shown in Fig. 2.2, an ideal frequency synthesizer generates a single
frequency tone. In the receiver case, it mixes with the received RF signal
spectrum and shifts it down to baseband. In the transmitter case, it mixes with
the modulated baseband signal and shifts it up to RF. In both cases, the output
spectrum is the convolution result of the synthesizer tone with the received
signal spectrum or the modulated baseband signal spectrum, e.g.,
Sz = Sx ⊗ Sy

Sx(f)

(Eq 2-1)

Sx(f)

Received signal

modulated signal

f
Sy(f)

Synthesizer output

f
Sy(f)

Synthesizer output

f

f
flo

flo
Sz(f)

mixed down output

Sz(f)

mixed up output

f
Fig. 2.2: Role of frequency synthesizer

f
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2.2 Key Parameters in Frequency Synthesizer’s Performance
2.2.1 Introduction
In the previous section we showed that the ideal output spectrum of a
frequency synthesizer should be a single tone at the desired frequency in order
to provide the reference frequency for frequency translation. A single tone in the
frequency domain is equivalent to a pure sinusoidal waveform in the time
domain. The random and systematic amplitude and phase deviations from the
desired values produce energy in the frequencies other than the desired
frequency. When this energy is mixed with the received RF signal or modulated
baseband signal, undesired sidebands are created. Phase noise and spurious
tones are the two key parameters to measure the quality of a frequency
synthesizer. In the next two sections, we will discuss the mathematical model of
phase noise and spurious tones and their effects on a transceiver.

2.2.2 Mathematical Model of Phase Noise and Spurious Tones
The ideal synthesizer has a pure sinusoidal waveform
v ( t ) = V 0 cos ( 2πf 0 t )

(Eq 2-2)

When amplitude and phase fluctuations are included, the waveform
becomes
v ( t ) = [ V 0 + ε ( t ) ] cos [ 2πf 0 + φ ( t ) ]

(Eq 2-3)

2.2 Key Parameters in Frequency Synthesizer’s Performance
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where ε(t) represents amplitude fluctuations and φ(t) represents phase
fluctuations. Because amplitude fluctuations can be removed or greatly reduced
by a limiter, we concentrate on phase fluctuations in a frequency synthesizer
design.

There are three types of phase fluctuations:
• Systematic variations, due to the aging of the resonator material for
example, reflects the long term stability.
• Deterministic periodic variations due to unwanted frequency or phase
modulations.
• Random variations due to noise sources such as thermal, shot, flicker
noise in electronic components.
In mathematical form, φ(t) can be written as:
2

φ ( t ) = at + sin ( 2πf m t ) + ϕ ( t )

(Eq 2-4)

The first term represents a linear frequency drift since instantaneous
frequency is the time rate of change of phase divided by 2π. This term is usually
small enough to be negligible.

The second term represents the periodic phase modulation and it
produces a spurious tone at an offset frequency of f m from the carrier frequency
f 0. The magnitude of the spurious tone can be derived as follows:
v ( t ) = V 0 cos ( 2πf 0 + ∆φ sin 2πf m t )

(Eq 2-5)

v ( t ) = V 0 [ cos 2πf 0 t cos ( ∆φ sin 2πf m t ) – sin 2πf 0 t sin ( ∆φ sin 2πf m t ) ]

(Eq 2-6)

2.2 Key Parameters in Frequency Synthesizer’s Performance
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For small phase modulation, e.g., ∆φ « π ⁄ 2
cos ( ∆φ sin 2πf m t ) ≈ 1

(Eq 2-7)

sin ( ∆φ sin 2πf m t ) ≈ ∆φ sin 2πf m t

(Eq 2-8)

v ( t ) ≈ V 0 [ cos 2πf 0 t – ∆φ sin 2πf 0 t sin 2πf m t ]

(Eq 2-9)

∆φ
∆φ
v ( t ) ≈ V 0 cos 2πf 0 t – ------- cos 2 π ( f 0 – f m )t + ------- cos 2 π ( f 0 + f m )t
2
2

(Eq 2-10)

From (Eq 2-9) we can tell there are two spurious tones generated by this
phase modulation, one at f m above carrier f 0, the other at f m below f 0. The power
ratio of the spurious tone to the carrier is -10log(∆φ/2) 2. The unit for the
spurious tone is dBc, meaning the spurious is -10log(∆φ/2) 2 dB below carrier.

The third term represents the random phase fluctuations. The spectral
density of phase noise is
∞

Sϕ ( f ) =

where

∫ Rϕ ( τ )e

– j2πfτ

dτ

(Eq 2-11)

R ϕ ( τ ) = E [ ϕ ( τ )ϕ ( t – τ ) ]

(Eq 2-12)

–∞

When amplitude fluctuations are negligible and the root-mean-square
(rms) value of ϕ(t) is much smaller than 1 radian, the spectral purity of v(t) can
be approximated as

2.2 Key Parameters in Frequency Synthesizer’s Performance
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2

V0
S v ( f ) ≈ ------- ⋅ [ δ ( f – f 0 ) + S ϕ ( f – f 0 ) ]
2

(Eq 2-13)

Phase noise is specified as the ratio of noise power in 1Hz bandwidth at
a certain offset frequency from carrier to the carrier power. The unit is dBc/Hz.
P noise
Φ ( f ) = 10 log ------------------ ( dBc ⁄ Hz )
P carrier

(Eq 2-14)

2.2.3 Effect of Phase Noise and Spurious Tones on Transceiver
Performance
Any noise in the circuit or environment will create phase disturbance. In
Fig. 2.3, a nonideal frequency synthesizer spectrum is shown. It is no longer a
single frequency tone but rather a smeared version. The energy under the skirt is
phase noise. Sometimes the energy is concentrated at frequencies other than the
desired frequency, appearing as a spike above the skirt. This energy is due to a
spurious tone. Phase noise and spurious tones are the two key performance
parameters of a frequency synthesizer.

In a receiver, the spurious tones and phase noise of the frequency
synthesizer can mix with the undesired signal and produce noise in the desired
channel. This reduces the sensitivity and selectivity of a receiver.

Similarly, in a transmitter, the spurious tones and the phase noise of the
frequency synthesizer can mix with the modulated baseband signal and produce

2.3 Synthesizer Alternatives

Received signal
Sx(f)

14

desired channel undesired channels

f
desired syn. tone
Syn. output
Sy(f)

spurious tone
phase noise
f

receiver output
Sz(f)

noise
signal
f

Fig. 2.3: Effect of phase noise and spurious tones in a receiver
undesired spectral emissions, increase adjancent channel interference, and
reduce the modulation accuracy.

2.3 Synthesizer Alternatives
2.3.1 Introduction
There are many ways to implement a frequency synthesizer. For an
integrated multi-standard radio transceiver, we want the synthesizer to be able to
generate a tunable frequency in the gigahertz range with low phase noise and
low spurious tones using minimum power. A direct digital frequency synthesizer
is best known for its fast switching and very fine frequency resolution. It can

2.3 Synthesizer Alternatives
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Baseband modulated signal
Sx(f)

f
Syn. output

desired syn. tone

Sy(f)

spurious tone
phase noise
f

transmitter output
Sz(f)

desired output
undesired output
f

Fig. 2.4: Effect of phase noise and spurious tones in a transmitter
also easily be integrated because no off chip components are required. But due
to technology limitations, it takes large power consumption to synthesize very
high frequencies directly. Usually a second frequency translation is needed to
shift the center frequency to the GHz range. A phase-locked-loop-based
frequency synthesizer with narrow loop bandwidth is the most commonly used
technique due to its high performance, namely, low phase noise and low
spurious tones. But the need for off chip high-Q components is not amenable to
the integration of the synthesizer. In addition, the narrow loop bandwidth makes
it unsuitable in an agile system where fast frequency switching is needed. A
Fractional-N synthesizer is a modified version of the narrow band PLL. It
greatly relieves the constraint on the loop bandwidth so that faster frequency

2.3 Synthesizer Alternatives
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switching can be achieved. But it generates large spurious tones due to the
periodic switching of the divider mode. The automatic phase interpolation
technique is used to reduce the spurious tones but the requisite complexity
makes the technique only suitable for very high performance applications such
as testing instruments.

2.3.2 Direct Digital Frequency Synthesizer
Fig. 2.5 shows the basic block diagram of a Direct Digital Frequency
Synthesizer. The phase accumulator accumulates its output with the frequency
setting word at every clock cycle. The output increases linearly until the
accumulator maximum count is reached and the accumulation starts from zero
again. Hence the phase accumulator output follows a periodical sawtooth
pattern. The frequency of this sawtooth pattern is the synthesizer output
frequency f out. It is determined by the frequency setting word length L set, the
accumulator length L acc, and the clock frequency f clk, as in .
L set
f out = f clk ⋅ ----------L acc

(Eq 2-15)

A ROM converts the digital phase value at the output of the phase
accumulator to a digital amplitude value according to the lookup table stored in
the ROM. In a typical case, the conversion is cosine. A DAC then converts the
digital amplitude value into an analog waveform. The waveform goes through a
low-pass filter so that the output spectral purity is improved.

2.3 Synthesizer Alternatives
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Because the DDFS is an open-loop structure, output frequency
Frequency
Setting
Word

Phase
Accumulator

ROM
Look up
Table

DAC

Low-Pass
Filter

Reference Clock
Fig. 2.5: DDFS block diagram

switching can be done in a few clock cycles. This fast switching capability is
one of the reasons that DDFS is preferred in an extremely agile system, such as
a frequency-hopped spread- spectrum system. Both frequency and phase
modulation can be implemented by simply modulating L set in digital domain.
Very small frequency increments can be achieved. In fact, the minimum
frequency increment is the clock frequency divided by the accumulator length.
Fractional Hz can easily be achieved. DDFS is also amenable to integration
because no off chip components are required.

However, the spectral purity of the DDFS is limited by the DAC speed
and resolution because the finite resolution in quantization leads to inaccurate
representation of the sinusoid and hence spurious outputs. If the output
frequency is a subharmonic of the clock frequency, then the output is free of
spurious tones. Otherwise, spurious tones are about 6dB per bit of DAC. For
cellular applications, typical spurious tones levels of -56dBc or lower are

2.3 Synthesizer Alternatives
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desired and a 9-bit DAC would be required. However, it is difficult to build a 9bit DAC in the GHz range with current technology. High power consumption is
needed for high frequency operation.

2.3.3 Phase-Locked-Loop Frequency Synthesizer
A Phase-Locked-Loop is a loop which locks the output phase or
frequency to an accurate reference. Fig. 2.6 shows the block diagram of a typical
PLL. A voltage-controlled oscillator (VCO) generates an output waveform at a
frequency set by the control voltage V ctrl. The Phase/Frequency Detector (PFD)
compares the phase/frequency of a divided reference frequency f ref with the
divided output phase/frequency f 2 . When the loop is locked, the PFD sees two
identical waveforms at its inputs and f o equals to Nf ref. As shown in the
waveform, if for some reason f ref > f 1, Vctrl goes down and the VCO output
frequency decreases. Vice versa, if f ref < f 1, V ctrl goes up and the VCO output
frequency increases. A loop filter (LPF) is used to stabilize the loop by
introducing zeros and poles into the loop.

fref

Phase/
Frequency
Detector

f1

Loop
Filter

Vctrl

VCO

N

Fig. 2.6: Phase-Locked-Loop block diagram

fo = N fref
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There are many different ways to implement the circuit blocks of a PLL.
Generally, a linearized model can be used to get more insight into the PLL
design. Fig. 2.7 shows the linear model of a typical PLL.
θLF
θi

PFD
Kφ

fref

f1

LPF
F(S)

Vctrl

θvco
VCO
Kvco/s

θo
fo = N fref

N
Fig. 2.7: Phase-Locked-Loop linear model

In the linear model, the PFD has a gain of K φ, the loop filter has a
transfer function F(s), and the VCO has a gain of K vco(Hz/V). Because phase is
the integrated value of frequency, an integrator 1/s is included into the VCO
block so that the VCO block has a gain of K vco/s. The open loop gain G(s) can be
written as
K φ F ( s )K vco
G ( s ) = ----------------------------Ns

(Eq 2-16)

The PLL bandwidth f PLL is defined as the frequency when the open-loop
gain drops to unity.
Τhe sum of phase noise from the reference, phase detector and the
frequency divider is represented by θi. The noise transfer function from θi to
output is

2.3 Synthesizer Alternatives
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θo
G(s)
----- = N --------------------1
+
G(s)
θi

(Eq 2-17)

Notice that the transfer function is a low-pass transfer function with a
gain of N at frequencies below the loop bandwidth. This means the noise
contribution from the reference, phase detector, and divider is referred to the
output enhanced in effect by N at low offset frequencies from the carrier, and
suppressed at high offset frequencies from the carrier. Intuitively, for the lowfrequency part of the noise, it can be seen that the loop is fast enough to
modulate the VCO so that the output follows the input. The enhancement factor
N comes from the fact that the PFD only compares one out of every N cycles of
the VCO output. But for the high-frequency part of the noise, the loop is not fast
enough to follow and suppress the noise from the input.
The noise from the loop filter is represented by θLF . The transfer
function from loop filter output to synthesizer output is
K VCO
θo
1
-------= ----------------- --------------------s 1 + G(s)
θ LF

(Eq 2-18)

The response from the loop filter to the output depends on the loop
filter. For example, the 2nd-order PLL has a loop filter with one zero and two
poles, which gives the above transfer function a bandpass characteristics. Notice
the noise is multiplied by the VCO gain at the output. Intuitively, for the low
frequency part of the noise, it can be seen that the loop is fast enough to follow
the reference rather than letting the output be affected by the loop filter noise.

2.3 Synthesizer Alternatives
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But for the high frequency part of the noise, the loop is not fast enough to
correct the noise.
The noise from the VCO is represented by θVCO. The transfer function
from the VCO output to the synthesizer output is
θo
1
------------ = --------------------1 + G(s)
θ VCO

(Eq 2-19)

This has a high-pass characteristic. Intuitively, the lower-frequency part
of the noise from the VCO can be corrected by the relatively fast PLL. But for
the higher-frequency part of the noise from VCO, the loop is not fast enough and
is essentially an open loop.

In cellular applications, low loop bandwidth is desired in order to
minimize the spectral components due to spurious tones in the output spectrum,
which result from the frequency comparison process. One consequence of the
low synthesizer control bandwidth is that the phase noise of the overall
synthesizer is dominated by the phase noise of the VCO. This makes the narrow
loop bandwidth approach suitable for the implementation with a discrete high Q
component that is needed by the low-phase-noise VCO. The need for external
components is not amenable to integration of the synthesizer.

A major challenge is to find ways to realize low-phase-noise
synthesizers with low-Q components. One approach is to use a wide synthesizer
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control bandwidth to couple a noisy on-chip oscillator to a very-low-phase-noise
crystal more closely than a conventional narrow-band PLL so that the output is
more dependent on the clean reference. The phase noise contribution from the
on-chip oscillator to the output spectrum close to the carrier within the
synthesizer control bandwidth is thus suppressed. A wideband IF double
conversion receiver architecture is proposed to facilitate the utilization of the
wideband synthesizer. In this architecture, the entire signal band at RF is mixed
down to the IF with a fixed RF frequency synthesizer. A variable frequency
synthesizer at IF is used to tune the desired channel from IF to the baseband.
Because the RF LO is a fixed or coarsely tuned frequency, a high-frequency
reference is allowed and hence a wide synthesizer control bandwidth is allowed.
This approach is amenable to integration of the synthesizer because that
relatively low Q on-chip components can be tolerated. We will discuss the wide
band PLL in detail in the next chapter.

The narrow loop bandwidth also implies slow frequency switching. A
PLL based synthesizer has a frequency resolution of f ref. When very fine
frequency resolution is needed, the loop bandwidth is even lower in order to
maintain the stability of the loop. Usually, loop bandwidth f PLL should be 10
times less than f ref. This makes the PLL-based synthesizer not suitable in an
agile system where fast switching is needed. However, a narrow band PLL based
frequency synthesizer is most commonly used in applications where extremely
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high performance (very low spurious tones and very low phase noise) are
required.

2.3.4 Fractional-N Frequency Synthesizer
The fractional N frequency synthesizer is a modified version of the PLL
based synthesizer where the integer frequency divider is replaced by a fractional
frequency divider. Fig. 2.8 shows the simplified block diagram of a fractional N
synthesizer. The only difference from the PLL based synthesizer is that the
frequency divider has a choice between two integers, N and N+1.

fref

PFD

LPF

Vctrl

VCO
fo = N fref

N/N+1

f1

Overflow
clock
Phase accumulator
divider ratio setting word Ldiv
Fig. 2.8: Fractional N frequency synthesizer block diagram

The reference clock also provides the clock signal for the phase
accumulator. The phase accumulator accumulates its output with a divider ratio
setting the word of length L div at each clock cycle. The dual-mode divider
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divides its input by N when the phase accumulator is not overflowed. When an
overflow signal from the phase accumulator appears, the dual-mode divider
divides its input by N+1. On average, the divider divides its input by a fractional
value between N and N+1. To calculate the exact divider ratio, we assume the
accumulator length to be L acc. For every L acc clock cycles, the accumulator
overflows L div times. That means for every L acc clock cycles, the divider divides
its input by N+1 L div times, and divides by N for the rest of the times. If N avg is
the average dividing ratio, then
N avg ⋅ L acc = N ( L acc – L div ) + ( N + 1 ) ⋅ L acc

(Eq 2-20)

L div
N avg = N + --------L acc

(Eq 2-21)

and

The fractional divider ratio makes it possible to have a much smaller
frequency step with the same reference frequency comparing to the PLL based
synthesizer. In other words, the fractional N synthesizer can have a higher
reference frequency and hence higher loop bandwidth without compromising the
stability of the loop. But the fractional divider ratio is achieved through an
averaging process. The alternating N, N+1 divide numbers cause the output
frequency to vary between N*f ref and (N+1)*f ref. This periodically alternating
process generates spurious tones at the fractional offset frequency. If the
fractional frequency falls inside the loop bandwidth, a very large spurious tone
appears. Since the alternating process is deterministic, it is possible to
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compensate for the phase error generated by this alternating process. The
compensating scheme is known as Automatic Phase Interpolation, or API.

Another form of fractional N synthesizer uses the Sigma-Delta
technique to randomize the choice of N/N+1 divider ratio. In fact, the phase
accumulator can be viewed as the first order Sigma-Delta. When higher order
Sigma-Delta is used, noise can be shaped and pushed outside the loop bandwidth
and hence suppressed at the output of the synthesizer. Arbitrarily fine frequency
resolution can be achieved limited only by the size of the digital adders.

2.3.5 Delay-Locked Loop Frequency Synthesizer
Recently a new approach to a frequency synthesizer using a DelayLocked Loop (DLL) has been proposed [29]. A DLL is a PLL with the voltage
controlled oscillator replaced by a voltage controlled delay line. Fig. 2.9 shows
the block diagram of a frequency synthesizer with a DLL core. When the loop is
locked, the output of the delay line is a one reference period Tref delayed version
of the input of the delay line. For a total of N delay stages, each delay stage has
a delay of Tref/N. An edge combiner generates a transition for each delay stage
output transition. The output frequency of the edge combiner is N times the
reference frequency f ref.
The advantage of the DLL based frequency synthesizer is that the jitter
does not accumulate from cycle to cycle as in the ring oscillator (one example of
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fout = N fref

Edge Combiner

Voltage-Controlled Delay Line
fref
N delay elements
Phase
Detector

Loop
Filter

Vctrl

Fig. 2.9: Block diagram of a Delay-Locked Loop frequency synthesizer
voltage controlled oscillators) and thus lower phase noise at close-in frequencies
can be achieved. This approach is amenable to the integration of the frequency
synthesizer because no high Q tank is needed.

The major disadvantage of the DLL approach is that the output
frequency is fixed by the number of delay stages in the delay line. Hence it is
not suitable in applications where frequency tuning is required.
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Chapter 3

Wideband PLL Frequency
Synthesizer

3.1 Introduction
The growing importance of wireless media for voice and data
communications is driving a need for higher integration in personal
communications transceivers in order to achieve lower cost, smaller form factor,
and lower power dissipation. One approach to this problem is to integrate the RF
functionality in low-cost CMOS technology together with the baseband
transceiver functions. This in turn requires integration of the frequency
synthesizer with enough isolation from supply noise to allow the synthesizer to
coexist with other on-chip transceiver circuitry and still meet the phase noise
performance requirements of the application.

In the previous chapter we discussed several alternative ways to
implement a frequency synthesizer. Direct digital frequency synthesis is most
amenable to the integration of the frequency synthesizer because no off-chip
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component is required. But due to technology limitations, it takes large power
consumption to synthesize very high frequencies directly. Usually a second
frequency translation is needed to shift the center frequency to the GHz range.
Conventional phase-locked-loop based frequency synthesis with narrow loop
bandwidth requires off-chip high-Q components to achieve low phase noise and
spurious tone levels. In addition, the narrow loop bandwidth makes it unsuitable
in an agile system where fast frequency switching is needed. The Fractional-N
synthesis greatly relieves the constraint on the loop bandwidth so that faster
frequency switching can be achieved. But it generates large spurious tones due
to the periodic switching of the divider mode. The automatic phase interpolation
technique can be used to reduce the spurious tones but the requisite complexity
makes the technique only suitable for very high performance applications such
as testing instruments.

In this chapter, we will explore a new architecture that facilitates the
integration of the frequency synthesizer and is capable of high performance
required in a typical cellular application. This architecture is called wideband
PLL. In this architecture, the noise contributed by the resonator can be
suppressed at the synthesizer output. Because a wide PLL bandwidth requires a
high comparison frequency, this type of synthesizer is most amenable to the
synthesis of a few widely spaced frequencies, and is thus most compatible with
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block-down-convert receiver architectures such as the wideband IF double
conversion architecture [1].

In the next section, we will describe the wideband PLL architecture and
the noise shaping in this architecture. Then we will discuss how to optimize the
loop bandwidth to achieve the minimum phase noise at a certain offset
frequency. Finally, we will discuss the effect of the wideband PLL architecture
on the receiver architecture.

3.2 Noise Shaping of the Wideband PLL
As discussed in chapter 2, noise from different blocks of a PLL goes
through different transfer functions to the output of the PLL. By selecting a
different loop bandwidth, their magnitude at the output can be varied. The three
transfer functions from the three noise sources to the output are:
θ
G(s)
H 1 ( s ) = ----o- = N --------------------1 + G(s)
θi

(Eq 3-1)

K VCO
θo
1
= -------------- --------------------H 2 ( s ) = -------s
1
+
G(s)
θ LF

(Eq 3-2)

θo
1
H 3 ( s ) = ------------ = --------------------θ VCO
1 + G(s)

(Eq 3-3)
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where G(s) is the open-loop gain
K φ F ( s )KVCO
G ( s ) = -------------------------------Ns

(Eq 3-4)

and Kφ, F(s), KVCO, N are the phase-detector gain, the loop-filter transfer
function, the VCO gain, and the divider ratio respectively. Note that (Eq 3-1) is
a low-pass function and (Eq 3-3) is a high-pass function. The shape of (Eq 3-2)
depends on the loop filter. The most commonly used loop filter is the secondorder RC low-pass filter, as shown in Figure 3.1.
θLF
θi
PFD
Kφ

fref

LPF
F(s)

Vctrl

θvco
VCO
Kvco/s

θo
fo = N fref

N

f1
C2
R

C1

Fig. 3.1: Second Order Phase-Locked Loop linear model

Because in the VCO the input variable is frequency and not phase, the
VCO always has a 1/s term in the transfer function. The loop filter introduces
another pole at DC in order to have enough suppression on the spurious tones
from the frequency comparison process. These two poles at DC introduce a
phase shift of 180 degrees per decade. Without compensation, the loop will have
a phase shift of 180 degree before the unity-gain bandwidth, which makes the
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loop unstable. A zero is introduced before the loop bandwidth to provide enough
phase margin. A third pole above the loop bandwidth is introduced to provide
more suppression. To quantify this, we can write
1 + sR ( C 1 + C 2 )
1
1
F ( s ) = --------- + ------------------- = --------------------------------------sC 1 1
sC 1 ( 1 + sRC 2 )
---- + sC 2
R

(Eq 3-5)

1
1
Let P 3 = ---------- and Z 1 = ---------------------------- , then
RC 2
R ( C1 + C2 )
1 + s ⁄ Z1
F ( s ) = ----------------------------------sC 1 ( 1 + s ⁄ P 3 )

(Eq 3-6)

1 + s ⁄ Z 1 KVCO
G ( s ) = K φ ⋅ ----------------------------------- -------------sC 1 ( 1 + s ⁄ P 3 ) Ns

(Eq 3-7)

and

The PLL loop bandwidth f PLL is defined as the frequency when the open
loop gain equals unity, i.e.,
G ( j2πf PLL ) = 1

(Eq 3-8)

Figure 3.2 shows the plot of the open-loop gain and the three transfer
functions. It is clear from the plot that the noise from input, loop filter, and VCO
goes through low-pass, band-pass, and high-pass filtering separately. Section
2.3.3 gives an intuitive analysis of the three transfer functions.
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Fig. 3.2: Transfer functions of the 2nd-order PLL a) open-loop gain b) transfer functions

The periodic frequency comparison at the PFD produces spurious tones
at the PLL output. The magnitude of the tones is suppressed by the loop
according to the transfer function H 1(s). In a conventional PLL used in cellular
applications, the loop bandwidth f PLL is chosen to be very small in order to
obtain good spectral purity. The transfer function from the VCO to the PLL
output approaches unity at frequencies above loop bandwidth, i.e., noise from
the VCO goes to the PLL output without much suppression at offset frequencies
above the loop bandwidth. Fig. 3.3 (a) shows a plot of a typical VCO noise and
its contribution at the narrow-loop-bandwidth PLL output. In order to preserve
good spectral purity, an off-chip high-Q resonator is needed in the conventional
PLL implementation for cellular applications.

To completely integrate the frequency synthesizer, the off-chip high-Q
resonator must be replaced with on-chip components, such as on-chip spiral
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Fig. 3.3: Noise shaping of VCO phase noise in (a) narrow band PLL (b) wideband
inductors and varactors using P+/Nwell junction or MOSCAP. Due to the
substrate loss and the relatively high resistivity of aluminum compared to other
metals such as copper or gold that are readily available off chip, the Q of the onchip components are usually an order of magnitude smaller than their off-chip
counterparts. As a result, circuits using the low-Q on-chip components tend to
have higher noise levels. In order to obtain good spectral purity, we must find an
architecture that gives good spectral purity at the frequencies of interest using
noisy on-chip components. One possible solution is a PLL with a wide loop
bandwidth. In this architecture, the VCO noise is suppressed at frequencies
below the wide loop bandwidth so that good spectral purity at frequencies below
the loop bandwidth can be obtained. Fig. 3.3(b) shows the plot of typical VCO
noise and its contribution at the wideband PLL output. Usually the noise from
the reference and loop filter are less than the noise contributed by the noisy onchip resonator. The wideband PLL architecture can achieve a better signal
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spectral purity than the narrow-band PLL architecture if an on-chip resonator is
used.

3.3 Loop Bandwidth Optimization
If VCO noise is the only noise source in a PLL, then a very large loop
bandwidth can potentially be used to obtain an output signal with very high
spectral purity. However the reference, usually a crystal oscillator, has some
noise generated by its active circuits. The loop filter also generates noise. This
goes through low-pass and band-pass filtering which is different from the VCO
noise which goes through the high-pass filtering. This difference suggests an
optimal loop bandwidth exists for a specific application. Depending on the level
of the different noise sources and the location of the frequency of interest, the
optimal loop bandwidth can be different. The goal is to find the optimal loop
bandwidth so that the total noise contributed by all noise sources is minimum at
the output of the PLL at the frequency of interest.

For example, the second-order PLL discussed in the previous section
has three transfer functions that are low-pass, band-pass, and high-pass
separately. Assuming the three noise sources have spectrums as plotted in Fig.
3.4, and the frequency of interest is 3MHz, then the optimal loop bandwidth is
chosen to be slightly above 3MHz so that the total noise at the output of PLL is
minimum at 3MHz.
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Fig. 3.4: Loop bandwidth optimization example for a second order PLL
To quantify the optimization process, the loop bandwidth f PLL can be
written as a function of R, C 1, C 2, N, K VCO, and K φ by combining (Eq 3-7) and
(Eq 3-8). We can choose an optimal loop bandwidth by varying those
parameters. Enough phase margin should be designed in to guarantee the
stability of the loop. The actual optimization requires a knowledge of the noise
spectrum from each individual noise source. This noise spectrum sometimes
also depends on the choice of those parameters. Thus the optimization is an
iterative process.
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3.4 Effect of the Wideband PLL on Receiver Architecture
In a conventional superheterodyne receiver architecture, the received
signal spectrum is mixed down to baseband in two steps. During the first step, a
HF synthesizer signal is mixed with the RF signal, shifting the information
signal to a fixed IF frequency. To do this, the RF synthesizer needs to be tunable
and the minimum frequency step must be smaller or equal to the channel spacing
of the standard. Then a fixed-frequency synthesizer at IF is mixed with the
mixed-down version of the received signal and finally shifts it to baseband. Fig.
3.5 shows the spectrum translation in this architecture.
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Fig. 3.5: Spectrum translation in Superheterodyne receiver architecture

With the wideband PLL architecture, it is possible to obtain a good
spectral purity with a noisy on-chip resonator as the VCO. But in order to have a
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stable loop, the reference frequency must be larger than the loop bandwidth if
integer frequency division is assumed. This means the frequency step of a
wideband PLL is large. In cellular applications, the required frequency step is
usually very small. For example, GSM has channel spacing of 200kHz. The
wideband PLL based frequency synthesizer cannot produce frequencies with a
step of 200kHz because the loop bandwidth may be in the MHz range and the
reference frequency may be in tens of MHz range.

To solve this problem, a Wideband IF Double Conversion receiver
architecture[1] is proposed. In this architecture, the entire signal band at RF is
mixed down to the IF with a fixed RF frequency synthesizer, and a variable
frequency synthesizer at IF is used to tune the desired channel from IF to the
baseband. Fig. 3.6 shows the spectrum translation. The IF synthesizer can tune
the channels and still achieve low phase noise because it is generating outputs at
lower frequencies.
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Fig. 3.6: Spectrum translation in the Wideband IF Double Conversion Receiver
Architecture
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Chapter 4

Design Techniques for Low
Noise Synthesizers

4.1 Introduction
In the previous chapter we proposed a wideband PLL architecture to
implement a high performance frequency synthesizer with noisy on-chip
components. We also discussed the optimization of the loop bandwidth. We
pointed out that the optimization of the loop bandwidth depends on the noise
spectrum of each individual noise source. In this chapter, we will discuss the
low-noise design of each block in a PLL. The most important block is the
integrated VCO. Even though the wideband loop can suppress the noise from the
VCO, the suppression may not be enough because the integrated VCO is noisy,
and the loop bandwidth cannot go arbitrarily high. A low-noise VCO is crucial
in achieving a high performance frequency synthesizer. The phase/frequency
detector, loop filter, and frequency divider are also important in realizing a high
performance frequency synthesizer. The noise from the PFD and frequency
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divider is multiplied by the divider ratio at the output of the PLL. When a
wideband PLL is used, the divider ratio may be reduced. However, because the
loop bandwidth is very wide, noise is not suppressed until the frequency is
above the loop bandwidth, which is usually above the frequency of interest. A
low-noise latch clocked by the VCO can be placed at the divider output so that
the noise from the divider does not contribute at the output of the PLL. The
noise from loop filter also has a peak gain depending on the VCO gain and loop
bandwidth. Careful design of the loop filter is required to maintain good spectral
purity at frequencies around the loop bandwidth. Fig. 4.1 shows the block
diagram of a PLL with a low-noise buffer at the output of the frequency divider.
θLF
θi
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Kφ

fref

f1

LPF
F(s)

Latch

Vctrl

θvco
VCO
Kvco/s

θo
fo = N fref

N

Fig. 4.1: PLL block diagram

4.2 Low-Noise Integrated VCO Design
There are basically two types of VCO, tuned and untuned. Untuned
oscillators have inferior spectral purity compared to tuned oscillator for the
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same power consumption. The performance of a tuned oscillator depends on the
quality factor Q of the tuned element.

A typical example of an untuned oscillator is a ring oscillator. It
consists of n inverters in a ring as shown in Fig. 4.2. The end of the ring is 180 o

Fig. 4.2: Block diagram of a ring oscillator

out of phase from the beginning of the ring. The logic level propagates through
the ring and there are no stable DC points. If each inverter stage has a delay of
t p, then the oscillation period is 2Nt p and the oscillation frequency is 1/2Nt p. The
most attractive feature of a ring oscillator is that it is fully integrable because of
its digital-like building blocks. It also has a wide tuning range. A frequency
tuning range of 2:1 is easy to obtain. But for a given level of power
consumption, it has worse spectral purity than the tuned oscillator.

A tuned oscillator can be modeled as a gain stage with a bandpass filter
in the feedback path as shown in Fig. 4.3. It has lower phase noise because of
the bandpass characteristics of the feedback loop. In this context, we interpret
the Q factor as the ratio of the carrier frequency to the 3-dB bandwidth of the
bandpass filter. The larger the Q is, the better the output spectral purity.
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G
B = ωo/Q
ωo
resonator

Fig. 4.3: Tuned oscillator model
The tuned element is usually a passive resonator, such as an LC tank, a
crystal, SAW and so on. These discrete components usually have a large Q
value. For example, a crystal can have a Q of 100,000. But these resonators are
not integrable. Recently, on-chip inductors have been the focus of many research
efforts. The simplest way to realize such elements is the planar spiral inductor,
implemented with the metal layers available in any standard process. A
suspended inductor is a spiral inductor with its underlying substrate etched away
[2]. Bond wires have also been used as inductors[21]. The Q factor of the spiral
inductor has been reported to be from 3 to 20, while bond wires have a Q factor
of about 50. An on-chip varactor can be implemented with the p+/nwell junction
also available in standard process. The series resistance of the junction can be
minimized by minimizing the distance between the junctions, which is limited
by the available technology. In 0.35µm CMOS technology, the minimum
distance is 0.35µm and the quality factor ranges from 10 to 20 at GHz
frequencies.
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4.2.1 On-chip Inductors
In a standard process, metal layers can be used to construct on-chip
spiral inductors. Fig. 4.4 shows a square and an octagonal spiral inductor.

Fig. 4.4: Square and octagonal spiral inductors

Several issues associated with the on-chip inductor need to be
mentioned. First, there is series resistance in the metal layers which reduces the
quality factor of the inductor. Second, there is capacitive coupling from the
metal to substrate which reduces the self-resonant frequency of the inductor.
Third, there is resistance in the conducting substrate which also reduces the
quality factor of the inductor. These nonidealities are modeled in the lumped π
model as shown in Fig. 4.5. L s models the series inductance and R s models the
series resistance of the metal. C p1 and C p2 model the capacitive coupling of the
metal and the substrate. R 1 and R 2 model the resistive path in the substrate.
Many research efforts have been devoted to developing an accurate model for
the spiral inductor. Some software can be used to optimize the layout of the
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Fig. 4.5: Spiral inductor model
inductor[17][18]. These programs take two effects into account. One, the eddy
currents induced by the changing magnetic field from the oscillating current in
the inductor which flow in the opposite direction in the substrate. This effect
reduces the effective inductance and increase the effective series resistance so
that the quality factor is reduced. The other is the skin effect which forces the
current in the inductor to flow on the outside of the spiral. This makes the inner
turns of the spiral less effective than the outer turns and the effective series
resistance higher. The optimal layout of an inductor depends on the inductance
value, the particular process (epi or non epi, available metal layers and their
thickness, doping level of the substrate, etc.), and the frequency of operation. At
RF, quality factors of 3-20 have been reported in recent publications.

Another way to implement an on-chip inductor is a gyrator-based active
inductor as shown in Fig. 4.6.

The equivalent inductance is
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Fig. 4.6: On-chip active inductor
C
L eqv = ----------------------(Eq 4-1)
g m1 ⋅ g m2
The active inductance has the advantage of easiness for tuning and small
area comparing to spiral inductors. However, the active devices generate more
noise than the passive implementation. For a high performance VCO, this is not
a suitable solution.

4.2.2 On-chip Varactor
In a standard process, the p+/nwell junction can be used as a varactor.
Less attention is paid to the optimization of the layout of the junction because
the quality factor of such a junction can easily reach 20. The Q of the tank thus
is dominated by the Q of inductor rather than the Q of varactor. But when the
operating frequency is high, the Q of varactor is reduced because the Q of
varactor is inversely proportional to the operating frequency. In the mean time,
the Q of the inductor is proportional to the operating frequency. That is, at
higher frequencies, the Q of the varactor is more important. Currently, at RF, the
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Q of a varactor is about 10-20 for pF capacitance. Fig. 4.7 shows the cross
dmin
n+

p+

Nwell

Cv

Fig. 4.7: Cross section of the p+/Nwell junction

section of the p+/Nwell junction. The distance between the p+ and n+ region is
the current path and it should be kept minimum for minimum series resistance
associated with the varactor. Sidewall capacitance has a larger Q and less tuning
range because of the higher doping profile. Bottom-plate capacitance has a
lower Q and larger tuning range because of the lower doping profile. For
maximum Q, the varactor should be laid out in an array of minimum units, e.g.,
draw the p+ and n+ region in minimum area and place them in the minimum
distance allowed by the technology so that for a given area the sidewall
capacitance is maximum. But this will reduce the tuning range. For maximum
tuning range, one big piece of the p+ region with a ring of n+ around it should
be the layout choice. Depending on the application, one can choose a
compromise between the two layout styles. Fig. 4.8 shows the array layout of
four-unit varactor.
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Fig. 4.8: An array of the varactor

Another way to construct a varactor using the standard process is to use
the MOS capacitor in depletion and deep depletion regions as shown in Fig. 4.9.
To maximize the Q of the varactor, the minimum gate width should be used. This
Cv
poly gate

depletion region

Cox

n+

n+

depletion
deep depletion

dmin
Nwell
VT

Fig. 4.9: Cross section of a MOS capacitor and its C-V curve

suggests that the Q is scalable with technology.

Vg
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4.2.3 Fully-Integrated VCO with Tuned Element
There are many ways to connect a gain stage (one transistor or two) and
a bandpass filter (tuned element or resonator) together to form an oscillator. The
configuration which gives the best spectral purity is not an easy question to
answer [7][8][9][23]. However, there is no question that the integrated VCO
performance strongly depends on the quality of the on-chip tank, which is
dominated by the Q of the spiral inductor. No matter which configuration is
chosen, the Q of the inductor needs to be optimized in order to achieve the best
performance.

The basic feedback oscillator is the Colpitts oscillator as shown in Fig.
4.10. The capacitive positive feedback provides negative resistance to cancel the

Fig. 4.10: Colpitts oscillator
positive resistance in the tank.

Variations of the Colpitts oscillator are also commonly used. For
example, a Clapp oscillator is a Colpitts with an additional tap on the capacitor
divider chain which allows the voltage swing across the inductor to exceed the
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supply voltage. Larger signal swing improves the spectral purity of the

Fig. 4.11: Clapp oscillator

oscillator.

The major difference between oscillator noise and amplifier noise is that
the active device in the oscillator is overdriven, resulting in signal mixing.
Phase noise analysis of the basic feedback oscillator can start from the analysis
of the amplifier noise and then calculate the additional noise by the mixing
process. Fig. 4.12 shows the noise model of a basic feedback amplifier with
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Fig. 4.12: Noise model of a basic positive feedback amplifier with loop gain < 1
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positive feedback loop gain less than one.The active device can be either a
bipolar transistor or a MOSFET. The equivalent noise model is shown in Fig.
4.13, where
2

2
in

=

2
i no

i ni 2
1 2 4kTdf
+ ----- + v ni ⋅  g m – -------- + ---------------
2
nZ i
R
n

(Eq 4-2)

and
in ZT
v o = – ---------------------gm ZT
1 – -----------n

(Eq 4-3)

1
where the total tank impedance ZT is ----------------------------------------- and R is total
1
1
------ + jωC + ---------1
R
jωL
1
shunt resistance ------------------------ .
1
1
------ + ---------R1 n2 Z
i

1: n
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C
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Fig. 4.13: Equivalent noise model

If the loaded tank quality factor Q is

in2
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R1
- = ω o CR 1
Q = --------ωo L

(Eq 4-4)

then the total tank impedance is
R1
R1
Z T = ----------------------------------------- ≈ ---------------------------------------ω–ω
ω ω
1 + jQ  ------ – -----o- 1 + 2 jQ ⋅ ---------------o ωo ω 
ωo

(Eq 4-5)

The noise spectral density is
2
vo

=

2
R1
2
i n – ----------------------------------------------------------------------2
g m R 1 2
2  ω – ω o




(Eq 4-6)
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2
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noise density of the positive-feedback amplifier with loop gain less than one is
2

vo  2
R1
1  fo  2
2
 ---------------------------------= i n ⋅ ----------⋅
2  2Q
2
 V rms
(f – fo)
V rms

(Eq 4-7)

For the oscillator, the initial loop gain is greater than one and the output
signal grows exponentially until the active devices begin to limit the large signal
loop gain to one. The device noise sources are time varying. (Eq 4-7) is still
valid except that i n2 must be reevaluated. Low-frequency noise such as 1/f noise
will be mixed up to oscillation frequency and appears as sideband phase noise.

Using a cross-coupled pair in Fig. 4.14 as example, we can write
2
1
2
i n = 4kT × 2 ×  --- ⋅ g m D + ------
3
R 1

(Eq 4-8)
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where D is the duty cycle of the output waveform. When the low
frequency noise such as 1/f noise K/f is considered,
2
K
1 1
2
i n = 4kT × 2 ×  --- ⋅ g m D + ------ + --- ⋅ -------------
3
R 1 π f – f o

(Eq 4-9)

Fig. 4.14: Differential VCO with cross coupled pair

4.2.4 Differentially-Controlled VCO
When the VCO is integrated with other circuits, noise can be coupled
through the substrate. The supply line might not be as clean as the supply in the
stand-alone VCO. The Power Supply Rejection Ratio (PSRR) becomes very
important. If the output is differential, any variation in the control voltage or
supply will result in variation in the effective capacitance in the tank. Hence the
oscillation frequency will also fluctuate with the control voltage or supply. If,
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however, the oscillation frequency is a function of the differential controlvoltage rather than the absolute control voltage level, then the PSRR will
improve greatly.

Fig. 4.15 shows the possible implementation of such a function. Four

Vctrl1
D2

D1
out1

out2
D3

D4
Vctrl2

Fig. 4.15: Differentially-controlled VCO with differential output

varactors are connected as shown with differential controls. The change in D1
value is to the first order compensated by the change in D3. D2 is likewise
compensated by D4. The frequency of the output to the first order depends only
on the differential controls rather than the absolute control voltage. Notice that
voltage across D1 is the same as across D3, the voltage across D2 is the same as
across D4. In this way, the nonlinear dependence of the junction capacitance on
voltage is cancelled to first order when the output is taken differentially.
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4.3 Low-Noise Loop Filter and Phase/Frequency Detector
The control voltage of the VCO comes from the output of a loop filter,
which contains the information of how much the VCO phase leads or lags that of
the reference. The phase detector and loop filter are connected in order to
generate the control voltage. Fig. 4.16 shows the functionality of one of the
most common ways to generate the control voltage. This configuration is used
because of its large frequency comparison range and ideally zero static phase
error.
Charge Pump with Loop Filter
Phase/Frequency Detector

ref

Q
D
DFF

UP

res

Iup
Vctrl

Ilf
Loop Filter

D
clk

Q
DFF
res

DN
Idn

Fig. 4.16: Functional block diagram of the loop filter and PFD

The top DFF generates a high signal when an edge from reference is
received. This high signal will turn on the top switch and allow the current to
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flow into node V ctrl. The same occurs with the bottom DFF and the bottom
switch which allows the current to flow away from node V ctrl. The net current
flow into node V ctrl is the net current flow into the loop filter. This will change
the voltage level of the V ctrl. When both outputs of the DFF are high, the NAND
gate outputs a low signal which resets two DFF outputs to low and both switches
are opened. When the PLL is locked, the net charge flowing in or out of the loop
filter in one comparison period must be zero. Ideally the static phase error
should be zero because any phase difference between reference and VCO output
will lead to some net current flow in or out of the loop filter in one comparison
period, resulting in a change in control voltage until the phase difference is zero
and the PLL is locked.

4.3.1 Loop Filter Design
A simple implementation of the charge pump based on the current
steering concept is shown in Fig. 4.17. Differential UP and DN signals from the
phase/frequency detector are used to steer the current one way or the other in the
differential pair in the charge pump.

There are several nonidealities resulting in a non-zero static phase error
and creation of spurious tones. Fig. 4.18 shows the waveforms of the loop filter
with non idealities. This assumes that the reference frequency and the VCO
frequency are the same but their phases do not match. During the time when
both switches are off, i.e., both UP and DN are low, there is some leakage
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Fig. 4.17: Current steering charge pump
current flowing in and out of the control node. The top leakage current may not
equal the bottom leakage current, resulting a net charge flowing in or out of the
loop filter in one comparison period. In the PLL locking condition, the net
charge must compensated by a different on-time of the two switches. For
example, if Iup leakage is smaller than Idn leakage, the UP signal must occur
slightly earlier than the DN signal to compensate for the net charge flow out of
the loop filter. This means the reference edge should come slightly earlier than
VCO edge if we assume the PD is ideal. The mismatch between the leakage is
one form of static mismatch. Another form of the static mismatch is the DC
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Static Phase Error
ref
clk
UP
DN
Idn
Iup
Ilf
Vctrl
Fig. 4.18: Waveforms of the loop filter with nonidealities
current level difference when both switches are on. The effect is the same as in
the case of leakage current mismatch. Dynamic mismatch occurs when the
switch has different finite switching on or off time. Both dynamic and static
mismatch result in net charge flows in or out of the loop filter periodically, at the
rate of the comparison frequency. As a result, the control voltage has a ripple at
the comparison frequency, which modulates the VCO frequency and generates
spurious tones at multiples of the comparison frequency away from the carrier.

Cascoded current sources can be used to reduce the DC current level
mismatch between the top and bottom current sources. Full swing UP and DN
signals can be used to hard switch off the switches in order to minimize the

4.3 Low-Noise Loop Filter and Phase/Frequency Detector

58

leakage current, hence minimizing the mismatch of the leakage current.
Minimum length devices can be used as switches to reduce the switching on or
off time, hence reducing the dynamic mismatch. But the static or dynamic
mismatches cannot be completely eliminated. The fully differential approach
minimizes the effect such that the ripple of one control voltage does not matter
but the difference between two control voltages is the control voltage of VCO.
As we mentioned before, the VCO is designed to have differential control and
differential output. This makes it possible to utilize a fully-differential charge
pump to minimize the effect of static and dynamic mismatch. Fig. 4.19 shows
the circuit diagram of the fully differential charge pump with cascoded current
sources and switches with a full-swing differential switching signal.

The waveform of this differential charge pump with nonidealities is
shown in Fig. 4.20. The Iup and Idn on one side of the differential charge pump
and loop filter still have static and dynamic mismatch and there is still ripple on
each control voltage. But when the difference of the control voltages is taken,
the ripple is cancelled. Mismatch between the two top current sources and
mismatch between the two bottom current sources create nonideal cancellation
of the two sources of control voltage ripple, but the ripple is much smaller than
in the single-ended case.

Noise on voltage Vctrl1 and Vctrl2 modulates the oscillation frequency of
the VCO. Assuming the input-referred noise of the opamp is much smaller than
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Fig. 4.19: Fully-differential charge pump
the charge-pump output noise, and the duty cycle of the UP or DN signal when
the loop is locked is D, we can write the total noise as
2

2

2

2

2

2

v o = ( i n1 + i n 2 + i n 3 + i n 4 )Z f D

(Eq 4-10)

In order to reduce the noise from the cascoded current source, vdsat of
the devices M1, M2, M3, M4 should be large. Large vd sat reduces the valid range
of the control voltages Vcp1 and Vcp2, hence reducing the VCO tuning range.
Mismatch between the two top current sources and mismatch between the two
bottom current sources is increased when a larger differential control voltage is
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UP
DN
Iup
Idn
Vctrl1
Vctrl2
Vctrl1 - Vctrl2
Fig. 4.20: Waveforms of differential charge pump with
nonidealities
required to drive the VCO. These mismatches cannot be cancelled through the
fully differential approach.

An active loop filter can be used so that the steady-state charge pump
differential output is always zero, even when a large control voltage is required
to drive the VCO. A CMFB can set the voltage of Vcp1 and Vcp2 to be the same as
the bias circuit so that current Iup and Idn match very well. The tuning range of
the VCO is only limited by the output stage of the active loop filter (opamp
output stage) where small vd sat can be used and matching between the top and
bottom current sources is not an issue. The only drawback of the fully
differential approach is the complexity of the design. Common-mode feedback
at the output of the opamp and input of the opamp must be designed carefully so
that it does not affect the settling and stability of the full PLL. Fig. 4.21 shows
the circuit diagram of a fully-differential charge pump with an active loop filter.
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Fig. 4.21: Differential charge pump with active loop filter

4.3.2 Phase/Frequency Detector Design
The most common implementation of the Phase/Frequency Detector is
shown in Fig. 4.22. As we mentioned before, the UP and DN signal are full
swing signals in order to minimize the leakage current in the switches in the
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ref

UP
delay
reset

DN

clk

Fig. 4.22: Phase/frequency detector circuit diagram
charge pump. Because the charge pump also needs differential UP and DN
signals for the four switches, the PFD should also uses a differential topology.
DCVSL seems to be the best choice to implement the logic in the PFD. Fig. 4.23
shows a two input AND/NAND DCVSL gate.

In order to minimize the noise generated by the gate, the ratio of PMOS
size to NMOS size should be designed properly so that the output rising or
falling edge is sufficiently fast. Assuming the rising slope is k(V/sec) and the
waveform period is T, any voltage variation or noise v n at the zero crossing is
translated to phase variation or noise φn as
2π v n
φ n = ------ ⋅ ----T k

(Eq 4-11)
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out

outn

A
AN

BN

B

Fig. 4.23: Two input AND/NAND DCVSL gate
The larger k is, the less sensitive φn is to v n. Minimum length device
should be used for largest k.

4.4 Low-Noise Latch
The function of the low-noise latch at the output of the frequency
divider is to bypass the noise in the divider chain. It is clocked by the VCO
which is at RF and takes the divider output as its input. The divider output
should be ready before the VCO clock arrives in order to bypass the noise in the
divider.

Fig. 4.24 shows the differential design of the buffer. It functions as a
DFF. The difficulty of the design is that the clock signal is at RF and it is close
to a sinusoidal waveform rather than a square wave. The differential pair M1/M2
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bias

Fig. 4.24: Low-noise latch clocked by VCO
should have a large aspect ratio so that the switching threshold of the
differential pair is low enough to ensure complete current steering. Otherwise
M3, M4, M5, M6 will be on at the same time and all four transistors contribute
noise at the output nodes. Small loading should be ensured at the output nodes
so that the transition can be fast enough and the timing error or phase noise
according to (Eq 4-11) is small.

4.5 Frequency Divider
A programmable frequency divider usually consists of a prescaler and
two counters in a pulse swallow architecture as shown in Fig. 4.25. The
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Counter M

reset

reset
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Fig. 4.25: Block diagram of a programmable divider
prescaler divides the input frequency by either N or N+1 depending on the
setting signal S. The output of the prescaler serves as the input of counter A and
counter M. At the beginning of the state, the prescaler is in the divide by N+1
mode. When counter A reaches zero count, the setting signal S sets the prescaler
in the divide by N mode. This mode continues until counter M reaches zero
count. For a complete cycle, it takes A ( N + 1 ) + ( M – A )N edges of the input to
generate one edge at the divider output. This means that the divider divides the
input by MN + A . Counter M is required to be larger than counter A in order to
achieve continuous dividing ratio from N ( N – 1 ) to M ( N + 1 ) .
The prescaler sees the full bandwidth of the input signal and is the most
difficult block to design in the programmable divider. Counter A and counter M
operate at a frequency N times lower than the prescaler. When a low-noise latch
clocked by the VCO is inserted at the output of the divider to bypass the noise
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generated by the divider itself, significant power can be saved in the two
counters.

Although the low-noise latch at the output of the frequency divider
relieves the constraint on the noise performance of the divider, the total current
flows in or out of the divider should be kept relatively constant to minimize the
noise coupling from substrate injection. Differential logic keeps the current at a
constant level much better than the single-ended case.
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Chapter 5

Experimental Prototype

5.1 Design Specifications
There are numerous wireless standards located at various frequency
bands. Fig. 5.1 shows some of the most commonly used around the world. GSM,
Enhanced GSM, DCS1800, and PCS1900 are for mobile applications. Their
channel spacing is 200kHz wide. DECT is for indoor cordless application and has
10 channels with a channel spacing of 1.728MHz. The single GPS channel for the
Coarse Acquisition (C/A) code is 2MHz wide. The role of a frequency
synthesizer is to provide a reference frequency for frequency translation in a
transceiver. This means that the frequency synthesizer needs to generate a set of
frequencies at the frequency bands of the standard with a frequency step equal
to the channel spacing. DCS1800 is selected as the target standard to implement
for a demonstration prototype.
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Fig. 5.1: Band allocation of various standards

5.1.1 Blocking Characteristics
If a receiver is used in close proximity to a base station but is receiving
signals from a different base station which is far away, or when another user is
transmitting signals close nearby, the desired signal will be much smaller than
the undesired signal in the neighboring channel. This situation can result in
overload of the receiver and impaired reception, a process called blocking. The
blocking performance of a receiver is tested by applying a GMSK BT=0.3
modulated desired signal and a single unmodulated tone simultaneously at the
input of the receiver. The desired signal is set 3dB above the required receiver
reference sensitivity. The undesired tone is set at discrete increments of the
channel spacing (200kHz for DCS1800) from the desired signal with a magnitude
as shown in the specific blocking requirements. Note, the following blocking
requirements are given for the mobile station(MS) only, a separate set of
specifications exist for the base station.
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Fig. 5.2 shows the blocking characteristics of DCS1800. The desired
inband signal is set to be -97dBm. The two power levels for the out-of-band
blockers are -12dBm and 0dBm. The three power levels for the inband blockers
are -43dBm, -33dBm, and -26dBm.
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Fig. 5.2: Blocking characteristics of DCS1800

5.1.2 Spurious Response Characteristics
Spurious response frequencies are those frequencies at which the
blocking requirement of Sec 5.1.1 is relaxed. For example, DCS1800 allows the
blocking requirement to be relaxed to -49dBm at the frequency where the blocker
is applied. As many as 12 inband frequencies may be selected with a maximum
of three adjacent spurious response exceptions. As many as 24 out-of-band
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spurious response frequencies are allowed with a maximum of three adjacent
frequencies assigned to be spurious response exceptions. The frequencies at
which the blocking requirement can be relaxed are selected by the user. Each
channel is allowed a different set of spurious response frequencies.

5.1.3 Phase Noise Specification
Energy from the frequency synthesizer at frequencies other than the
desired frequency is contributed by the phase noise and spurious tones of the
frequency synthesizer. When the synthesizer signal is mixed with the received
signal, the undesired signal will mix with the phase noise or the spurious tones
of the synthesizer output creating interference within the desired signal band.
This interference degrades the C/I (carrier-to-interference ratio) at the receiver
output and thus degrades the selectivity of the receiver. Fig. 5.3 shows the
reciprocal mixing of phase noise and undesired signals. Blocking requirements
set the phase noise and spurious tone specifications for a frequency synthesizer
for a particular application. The synthesizer must be designed such that under
the worst case blocking condition, the reciprocal mixing of the blocker with the
phase noise of the oscillator will produce an interference component far below
the desired signal level, so that the receiver output C/I ratio is above the
minimum value set by the standard.

Assuming that the receiver channel is noiseless and the only
interference produced within the signal band moving through the receiver chain
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Fig. 5.3: Effect of phase noise and spurious tones in a receiver
is due to the phase noise reciprocal mixing with out-of-signal band blockers, in
order to maintain the C/I ratio at the mixer output, the phase noise Φ(f) should
satisfy the following equation:
Φ ( f ) ( dBc ⁄ Hz ) ≤ P signal ( dBm ) – P blocker ( dBm ) – C ⁄ I ( dB ) – 10 log ( BW noise )

(Eq 5-1)

where Psignal is the desired signal power, Pblocker is the blocker signal
power, and BWnoise is the noise bandwidth. For example, from Fig. 5.2 we know
that the blocker at 3MHz can be as high as -26dBm while the desired signal can be
as low as -97dBm. The noise bandwidth or the channel spacing of DCS1800 is
200kHz. Assuming a 9dB C/I ratio is required, the phase noise specification at
3MHz offset frequency is then
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Φ ( 3MHz ) ≤ – 97 – ( – 26 ) – 9 – 10 log ( 200000 ) = – 133dBc ⁄ Hz

(Eq 5-2)

However, white noise added to the desired signal band and gain
compression in the receiver signal path further degrades the overall C/I ratio at
the output [2]. A lower phase noise specification is required than the number
calculated in (Eq 5-2) in order to achieve the same C/I ratio or BER. Fig. 5.4
shows the phase noise mask for DCS1800.
S(f) dBc/Hz
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-145

Phase noise mask
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0.6
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3

f (MHz)

Fig. 5.4: Phase noise specifications for DCS1800

The specification for the spurious tone can be simply calculated as the
difference between the desired signal power and the blocker power. For
DCS1800, it is
– 97dBm – ( – 49dBm ) = – 48dBc

(Eq 5-3)

5.2 Prototype Design
A prototype based on the wideband PLL architecture was fabricated in a
0.35µm 2-poly 5-metal CMOS process, intended as the RF synthesizer or LO1 in
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a 1.8GHz DCS1800/DECT transceiver using a wideband IF double-conversion
architecture.

For many applications transceiver integration levels will be such that the
receiver path, transmit path, the complete synthesizer, and perhaps the RF power
amplifier will coexist on a single integrated circuit, along with a significant
amount of A/D conversion and baseband processing. This in turn requires the
synthesizer maintain its phase noise and spurious tone performance in the
presence of components which deliver significant current and voltage
perturbations to both the substrate GND and supply. Fully differential
implementation of the complete PLL path is important for this reason. This
prototype is implemented as a wideband PLL based frequency synthesizer that is
fully differential and fully integrated.

Fig. 5.5 shows the block diagram of the prototype. Each block has
differential input and differential output. The VCO is differentially controlled
and the low-noise buffer is differentially clocked.

fref
PFD

VCO

CP/LPF

fo = N fref
Latch

N

f1

Fig. 5.5: PLL block diagram
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5.2.1 Frequency Plan
A good frequency plan is crucial to achieving all the specifications of
different standards, with a minimal amount of hardware and power consumption.
The frequency plan determines how the frequency translation of the carrier is
performed in both the receive and transmit paths. Therefore, the frequency plan
determines the amount of hardware and power it takes to generate the reference
frequency with the frequency synthesizer and has a significant impact on the
overall synthesizer performance, namely, phase noise, spurious tones and the
required power consumption.

The first design choice is the reference frequency. It is desirable to
develop a frequency plan where only one external crystal reference oscillator is
used. The phase noise performance of the external crystal oscillator also
influences the choice of the reference frequency. Currently, the available crystal
oscillators on the market below 200MHz typically have a phase noise level
below -145dBc/Hz at 50kHz offset frequency. With a low phase noise option
added to the crystal oscillator a phase noise performance of -160dBc/Hz at
50kHz offset frequency may be obtained.

When DECT and DCS1800 are the target applications, a reference
frequency that is a multiple of 1.728MHz (channel spacing of DECT) and a
multiple of 0.2MHz (channel spacing of DCS1800) is needed. The minimum
value of such frequencies is 43.2MHz. If a 43.2MHz reference is used, the
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frequency step of the RF synthesizer or LO1 is 43.2MHz and the minimum IF
range that LO2 must be able to generate is 43.2MHz. To improve the imagerejection from the front-end filter, the IF should be at least 200MHz with a
1.9GHz carrier. This implies that the divider ratio N to implement the LO1 is
about 36 (1.6GHz/43.2MHz). The phase noise of the crystal oscillator and phase
detector and the divider is amplified by N, e.g., 31dB. With a 31dB noise
enhancement from the divider it is virtually impossible to meet the phase noise
requirement for cellular applications using a wideband PLL with an integrated
VCO. Therefore, the crystal reference frequency is chosen as 86.4MHz. With an
86.4MHz crystal reference frequency, the divider ratio N is significantly reduced
from 36 to 16 with a 400MHz IF. If the divider ratio is reduced to 16, the noise
amplification of the crystal oscillator, phase detector, and dividers are reduced
to 24dB, making it possible to implement a wide band PLL for the first local
oscillator (LO1) using an external low phase noise crystal oscillator.

The narrow-band PLL approach is used for the IF synthesizer or LO2 to
suppress the spurious tones generated by the loop. Therefore, with a narrow loop
bandwidth, the phase noise from the crystal oscillator, the phase detector and the
divider will also be suppressed by the loop filter at the output of the LO2 PLL.
The overall phase noise profile of LO2 outside the loop bandwidth is dominated
by the VCO. However, the phase noise requirements of the VCO for LO2 is
relaxed by 12dB because the VCO output is divided by 4 to obtain the IF
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frequency. The required tuning range of LO2 can be approximated as the crystal
reference frequency divided by the IF frequency. For an 80MHz crystal reference
frequency and a 400MHz IF frequency, the tuning range is about 20%.

The frequency plan implemented by the PLL is shown in Fig. 5.6. Only
one external crystal reference is needed. The overlap of the IF range for both
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Fig. 5.6: PLL implementation of the frequency plan

standards makes it possible to have only one LO1 and one LO2 to generate all
frequencies for both DCS1800 and DECT.

5.2.2 Loop Parameter Design
The loop bandwidth of the wideband PLL needs to be optimized in order
to achieve minimum overall phase noise at a the offset frequency where the
performance is most critical. DECT has a much more relaxed specification to
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meet than DCS1800. For DCS1800, the specification at 3MHz offset frequency is
the most difficult to meet, which is -145dBc/Hz. So the optimization of the loop
bandwidth is to minimize the overall phase noise at 3MHz.

An 86.4MHz reference frequency is chosen for the reason mentioned
above. The loop bandwidth of LO1 should be less than 1/10 of the reference
frequency for the stability of the loop. For this design, the loop bandwidth is
chosen to be about 8MHz for maximum suppression of the VCO noise while
maintaining low noise at 3MHz from the reference, loop filter and PFD.

Fig. 5.7 shows one way to implement the loop filter based on an RC
network. Knowing the desired loop bandwidth, we can determine the RC
parameters of the loop filter by leaving enough phase margin for the loop.

C2

C1

F(s)
R
Fig. 5.7: Loop filter based on RC

We know the open-loop gain is
K φ F ( s )K vco
G ( s ) = ----------------------------Ns

(Eq 5-4)

1 + sR ( C 1 + C 2 )
1
1
F ( s ) = --------- + ------------------- = --------------------------------------sC 1 1
sC 1 ( 1 + sRC 2 )
---- + sC 2
R

(Eq 5-5)

where F(s) is
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1
1
Let P 3 = ---------- and Z 1 = ---------------------------- , then
RC 2
R ( C1 + C2 )
1 + s ⁄ Z1
F ( s ) = ----------------------------------sC 1 ( 1 + s ⁄ P 3 )

(Eq 5-6)

1 + s ⁄ Z 1 KVCO
G ( s ) = K φ ⋅ ----------------------------------- ----------sC 1 ( 1 + s ⁄ P 3 ) Ns

(Eq 5-7)

and

The value of R, C1, C2 should be chosen so that G(s) has enough phase
margin. For LO1, the value of R is 20kΩ, the value of C1 is 0.2pF and the value
of C2 is 8pF. The phase margin is 75 degree.

For LO2, the loop bandwidth is chosen to be 40kHz. The value of R is
40kΩ, the value of C1 is 10pF and the value of C2 is 400pF.

5.2.3 VCO Design
The PLL will not be fully differential if the VCO is not differentially
controlled. Fig. 5.8 shows the circuit diagram of a differentially controlled VCO
with differential outputs. A cascode current source is used to improve the power
supply rejection ratio. PMOS devices with 1µm channel length are used to
reduce the 1/f noise. To maximize the frequency control range, the output
common mode level is set to the midpoint between the Vdd and GND by choosing
the appropriate ratio of the current and the size of the cross coupled NMOS
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devices. A common-mode feedback circuit in the loop filter sets the commonmode level of the control voltage to be the same as the common-mode level of
the VCO outputs. This way the differential-mode signal of the control voltage
has the largest effective control range.

Vctrl1

3.2nH

3.2nH
D2

D1
out1

out2
D3

D4

Ibias

Vctrl2

common-mode of
VCO outputs
80u/0.35u

80u/0.35u

160u/0.35u

Fig. 5.8: Differentially controlled VCO with differential outputs

5.2.4 Charge Pump Design
The bias circuit for the charge pump is shown in Fig. 5.9. The vdsat of
the devices are set to be about 400mV to minimize the noise.

The charge pump circuit is shown in Fig. 5.10. Because the vdsat of the
cascode current source is about 400mV, the headroom of the charge pump vcp1
and vcp2 is reduced to vdd – 2 × vd sat = 3.3V – 4 × 0.4 = 1.7V . There are two

5.2 Prototype Design

80

bias4
I0

I0

bias3
bias2

bias1

Fig. 5.9: Bias circuit for charge pump
disadvantages if the charge pump outputs are used directly to control the VCO.
First, the VCO will not have enough tuning range because of the limited control
voltage range. Second, the need for different control voltages for different
frequencies creates a static current mismatch between the Iup and Idn, which
creates a spurious tone at the comparison frequency.

To avoid these two disadvantages, an active loop filter is used. The
opamp OP 3 is used to set the differential mode level of the charge pump outputs,
which are the same as the opamp inputs while any current difference between Iup
and Idn goes through the RC network and creates a voltage difference at the loop
filter output Vctrl1 and Vctrl2. Two 200k resistors are used to sense the common-
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Vdd

dn

up

bias

20k

8p

OP1
GND
+

-

GND
0.2p

Vctrl1

Vref
OP3

to VCO
Vctrl2
Vdd

Vdd
up

0.2p
200k

dn

bias
bias

20k

8p 200k
+

GND

GND

OP2

VCO output
common-mode

Fig. 5.10: Charge pump with active loop filter for LO1
mode level of Vctrl1 and Vctrl2. The opamp OP2 is used to set the common-mode
level of Vctrl1 and Vctrl2 to be the same as the common-mode level of the VCO
outputs. This is a continuous CMFB loop. The common-mode level of Vcp1 and
Vcp2 is sensed through the source of the differential pair at the input of OP 3
without loading down the output resistance at the charge pump output. The
opamp OP 1 compares this common-mode voltage with a desired reference and
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sets the gate of the PMOS current source so that the common-mode level of the
charge pump output is the same as bias4 in the bias circuit. In this way the Iup
and Idn match ideally. The detailed circuit of the OP3 in the active loop filter and
the two CMFB circuits are shown in Fig. 5.11.

Because this CMFB loop includes the charge-pump current source
which is only on for a portion of the frequency comparison period, it is actually
a sampled-data CMFB loop. Assuming the feedback loop bandwidth is f0 if the
charge pump is always on, and the duty cycle of the charge-pump current source
is D, then the actual loop bandwidth is Df0 if the comparison frequency is much
higher than Df0 and it can be viewed as a continuous CMFB loop. The loop
bandwidth of the two CMFB loop must be either much greater or smaller than
the PLL loop bandwidth and the unity-gain bandwidth of OP3 must be much
greater than the PLL loop bandwidth with the loading of VCO to ensure the
stability of the PLL.

5.2.5 Frequency Divider Design
When a low noise latch clocked by the VCO is added at the output of the
frequency divider, the noise generated by the divider itself is bypassed and a
significant amount of power can be saved in the divider. Because the latch is
clocked by the VCO running at GHz frequencies, the divider output must be
ready within one period of the VCO output. This can be hard to achieve. One
way to reduce the uncertainty in the logic delay is to reclock the low-noise latch
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-

VCO output
common-mode

200k

+

200k

OP2

OP3
bias4

bias3

Vctrl2

Vctrl1

Vcp2

Vcp1
bias2
bias1

bias4
Vcp,cm
bias3
bias4

+

OP1

-

Vcmfb1

bias2
bias1

Fig. 5.11: Detailed circuit of OP3 and its input/output CMFB

input by the prescaler output. Fig. 5.12 shows the scheme. With this scheme, the
low-noise-latch input is only one gate delay after the prescaler output and can be
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Qpre

fin

Low noise latch

N/N+1

D Q
Divider
Output

S
Counter A,M

R

Fig. 5.12: Low noise latch input re-clocked by prescaler output
latched immediately. Counter A,M output R should be ready within half the
period of the prescaler output.

Fig. 5.13 shows the counter outputs can also be re-clocked by the
prescaler output to reduce the uncertainty in the logic delay.
S0

S
D Q

A, M Counters
R0

R
D Q

prescaler output
Qpre
Fig. 5.13: Counter outputs re-clocking
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The complete block diagram of a prescaler with divider ratio of 16, 17,
and 18 is shown in Fig. 5.14. The shaded block is the low noise latch clocked by
the VCO output.

D Q Q1 D Q Q2

D Q Q3

out
D Q

S

in

D Q

D Q

D Q

D Q

P1

P0

En

divider ratio = 16 + 2P1 + P0
Fig. 5.14: Block diagram of a prescaler with dividing ratio 16/17/18

5.3 Simulations Results
Full-loop simulation results using HSPICE are shown in Fig. 5.15. The
first spectrum shows the spurious tone is -56dBc at multiples of 86.4MHz away
from the carrier frequency. When a 200mV peak-to-peak sinewave at 5.4MHz is
applied to the power supply of the PLL, a tone of -35dBc appears at 5.4MHz away
from carrier, as shown in the second spectrum. The third spectrum is the
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difference of the Up and Dn signals at the PFD outputs. This is a measure of the
static phase error of the PLL. A -80dB tone at DC translates a static phase error
of 0.01 degree.

Fig. 5.15: Full loop simulation results using HSPICE

5.4 Measurement Results
The concepts describes above were embodied in two prototypes. The
first prototype was fabricated in a 0.35mm 2-poly 5-metal CMOS process,
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intended as the LO1 in a DECT/DCS1800 dual-mode transceiver, shown in
Figure 5.16.

CP/LPF

CP/LF

PD

VCO

PD
DIV

VCO
Fig. 5.16: Die micrograph of LO1

DIV
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The second prototype contains both LO1 and LO2 that are integrated in

RX_LO2

TX_LO2

LNA/MIXER

the transceiver.

RX_LO1
ADC

IMG_LO2

MIXER
PA

DAC

TX_LO1
Fig. 5.17: Die Micrograph of complete transceiver including LO1 and LO2 for
both transmitter and receiver

The first prototype, which is the stand-alone LO1, produces three RF
frequencies, e.g., 1.3824GHz, 1.4688GHz, and 1.5552GHz corresponding to the
frequency plan of the dual-mode transceiver application, while achieving a
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phase noise of -118dBc/Hz at 100kHz, shown in Figure 5.18, and a spurious tone
of -56dBc at 86.4Mhz.

-118dBc/Hz @ 100kHz

-90
-100
-110
-120
-130
-140

1K

10K

100K

1M

10M

Fig. 5.18: Measured phase noise performance

When a 0.8MHz 100mV 0-to-peak sinewave is added to the supply, the
synthesizer phase noise at 100kHz degrades to -116dBc/Hz, shown in Figure 5.19. A
spurious tone of -42dBc is produced at 0.8MHz due to the supply ripple.
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-116dBc/Hz @ 100kHz
-90
-100
-110
-120
-130
-140

1K

10K

100K

1M

10M

Fig. 5.19: Measured phase noise when a 100mv 0-to-peak
sinewave at 0.8MHz is applied to power supply

More data points were taken to check the supply rejection performance across the
frequency range from 200kHz to 10MHz. Spurious tones produced by the supply ripple
were measured and plotted in Figure 5.20. It can be used to deduce the allowed supply
perturbation for a given spurious specification. For example, the worst case spurious tone
when a 100mV 0-to-peak ripple is applied to the supply is -39dBc. If we assume the
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spurious tone and supply ripple amplitude has a linear relationship, then for a spurious
tone specification of -49dBc, the maximum allowed supply ripple is about 30mV.
spurious tone (dBc)
-39
-40
-41
-42
-43
-44
-45
-46

100k
1M
output frequency = 1.3824GHz

10M
power supply ripple frequency

Fig. 5.20: Supply sensitivity vs. power supply ripple frequency

The complete synthesizer dissipates 84mW from a 3.3V supply. Table 5.1
shows the summary of the chip performance and Fig. 5.21 shows a comparison
with other recently published work.
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VDD
Power

3.3V
VCO

39.55mW

the rest of PLL

44.5mW

Total

84.05mW

Output
Frequency

1.3824GHz
1.4688GHz
1.5552GHz

Phase Noise

-118dBc/Hz @ 100kHz
-120dBc/Hz @ 1MHz
-123dBc/Hz @ 3MHz

Spurious Tones

-56dBc @ 86.4MHz

Spurious Tones
due to 100mV
supply ripple

-46dBc ~ -39dBc

Die Size

2260µm x 1860µm

Technology

0.35µm CMOS, 5 metal layers, 2
poly

Table 5.1: Performance summary of LO1

The performance of the second prototype which contains both LO1 and
LO2 integrated in a full transceiver was evaluated[38]. While LO1 produces the
same three frequencies as the first prototype, LO2 produces frequencies from
327.6MHz to 367.6MHz in 0.2MHz step. When applying a modulated GSM
digital baseband signal, less than 1.5 degree rms and 4 degree peak phase error
is achieved. The complete LO1, LO2 and the IQ generating VCO buffer draws
95mA from a 3.3V supply.

Phase Noise (dBc/Hz) @ 100kHz
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[Lee,97]

CMOS
BiCMOS/Bipolar

-80
-90
[Parker,97]

-100

[Craninckx,98]
[Tham,96]
[Razavi,96]

This work

-110
-120
1G

1.5G
Carrier Frequency

2G

Fig. 5.21: Comparison of recently published work on integrated
synthesizer
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Chapter 6

Conclusion

In this thesis, the fundamental limitations on high-performance
frequency synthesizer specifications are examined. A wide-bandwidth-PLLbased frequency synthesizer architecture is proposed. Various circuit techniques
to minimize phase noise and spurious tones are explored. A fully-integrated
wide-band high-performance RF frequency synthesizer using low-Q on-chip
components for a multi-standard CMOS RF transceiver is demonstrated in a
prototype. Both the wide-band RF synthesizer and the narrow-band IF
synthesizers were integrated in a fully integrated DECT/DCS1800 dual-mode
transceiver. The performance of the two synthesizers were evaluated in the
context of the fully integrated transceiver.

The main points of note are:
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• Among several frequency synthesizer architectures, e.g., DDFS, narrow band PLL, Fractional-N PLL, and wideband PLL, the wideband
PLL is the most amenable to integration while still capable of high
performance. In this architecture, the noise contribution from the
VCO is suppressed within the loop bandwidth. This allows a relative
noisy on-chip VCO to be used.

• Because noise from the VCO is suppressed in wideband PLL architectures, other noise sources become more important in the overall
synthesizer performance. Noise from the crystal oscillator reference,
buffer, and phase/frequency detector become the most important contributors within the loop bandwidth and are referred to the output
enhanced in effect by the divider ratio N.

• Noise from the charge pump and loop filter is amplified by the VCO
gain around the loop bandwidth. For an integrated wideband PLL, the
VCO gain is usually large because of the limited control voltage
range and large frequency range required by the application. Thus the
charge pump and loop filter are significant noise contributors at the
offset frequency around the loop bandwidth.
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• For many applications, transceiver integration levels will be such
that the receiver path, transmit path, the complete synthesizer, and
perhaps the RF power amplifier will coexist on a single integrated
circuit, along with a significant amount of A/D conversion and baseband processing. This in turn requires the synthesizer maintain its
phase noise and spurious tone performance in the presence of components which deliver significant current and voltage perturbations to
both the substrate GND and supply. Fully differential implementation of the complete PLL path is important for this reason.

• A differentially-controlled VCO with differential outputs is proposed to realize the fully differential PLL.

• A low-noise charge pump with active loop filter is proposed to minimize spurious tones due to the frequency comparison process and to
maximize the frequency tuning range of VCO.

• A low-noise buffer clocked by the VCO is proposed to remove noise
from the frequency divider.
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