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Abstract

Position Sensing for Electrostatic Micropositioners

by
Naiyavudhi Wongkomet

Doctor of Philosbphy in
Engineering - Electrical Engineering and Computer Sciences

University of California, Berkeley

Professor Bernhard E. Boser, Chair

This research investigates the design of capacitive position sensing circuits for
electrostatic micropositioners. The goals of this investigation are to understand the
interaction among the micropositioners, the driving circuits, and the position sensing
circuits, to explore fundamental limitations of capacitive position sensing, and to utilize
position sensing circuits to implement feedback loops to improve the dynamics of
micropositioners. A dual-stage servo system for magnetic disk drives is used as the

framework of this research.

At the circuit level, capacitive position sensing schemes for monolithic
implementations are discussed. A technique of interfacing three-terminal sense
elements to fully-differential semsing electronics is presented. The fundamental
resolution imposed by the amplifier thermal noise is studied. A circuit technique that
enables the sensing circuit to potentially achieve the fundamental resolution is

proposed.

At the integration level, methods of sharing a single set of electrodes between

the high voltage drive of the micropositioner and the precision low-voltage sensing



2

signal are presented. Issues related to the interface between capacitive position sensing

and electrostatic actuation are investigated and their solutions are presented.

To demonstrate the feasibility of the design techniques developed in this
research, a prototype capacitive position sensing circuit for micropositioners has been
designed. An experimental electrostatic positioning system utilizing this sensing circuit
has a position sensitivity of 35mV/um, an offset of approximately 10mV, a thermal
noise floor of 0.19Angstrom/»,/1?z or approximately 3.4nm in 25kHz bandwidth, and a
feedthrough-limited resolution of 10nm for maximum driving voltages £10V. A simple
feedback loop utilizing the position sensing circuit and a lead filter reduces the

micropositioner settling time from over 100msec to 0.7msec.

s L/ @ﬂu /e /P78

Professor Bernhard E. Boser, Chair Date
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Chapter 1

Introduction

1.1 Motivation

Micropositioners are attractive in applications such as magnetic and optical
data storage, and optical alignment because they provide high accuracy and high
bandwidth actuation at a low cost. Micropositioners are typically employed in feedback
loops to improve the positioning accuracy and the dynamics, and to reduce the
sensitivities to fabrication tolerances. This research focuses on the design of capacitive
position sensing circuits for electrostatic micropositioners and the utilization of the

sensing circuit to implement a feedback loop.

Among the means to drive and measure the position of micropositioners,
electrostatic actuation and capacitive position sensing are attractive because they are
compatible and do not require any extra processing step or material, thus avoiding
adding complexities to the fabrication process. This research extends capacitive
position sensing, which has been employed in other micromachined applications such
as inertial sensors and pressure sensors, to interface with the electrostatic actuation of
micropositioners, thus permitting sharing a single set of electrodes between sensing and

driving.
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Voice—Coil Motor

Fig. 1.1: Servo-positioning mechanism of a conventional disk drive. (Courtesy o
D. Horsley, UC Berkeley.) '

The framework of this research is a magnetic disk drive application [1]. In this
application, micropositioners are used as the secondary actuwators in dual stage
positioning mechanisms to improve the tracking accuracy and bandwidth. The goal of
this implementation is to achieve an areal density of 10Gbit/in2. To reach this goal, a
disk drive must have a track density of approximately 25,000 tracks per inch (tpi)—a
three- to four-fold increase over current track densities of 6000 to 8000 tpi. A track
density of 25,600 tpi will require a track pitch of 1 um, a servo tracking accuracy of

100nm, and a servo loop bandwidth of approximately 2kHz [1], [2].

Fig. 1.1 shows the servo-positioning mechanism of a conventional disk-drive.
The read-write element is embedded in a ceramic slider which is bonded to a gimbal at
the end of the stainless steel suspension. An electromagnetic voice-coil motor (VCM)
attached to the other end of the suspension moves the slider radially across the disk.
The servo bandwidth of this conventional approach is limited to less than a kilohertz by
mechanical resonances in the suspension, while the DC tracking accuracy is reduced by

stiction in the bearings of the suspension arm {2].
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Gimbal

Read/Write Head

Fig. 1.2: A dual-stage servo-positioning mechanism. The micropositioner is
employed to provide fine and high-bandwidth positioning. (Courtesy of D.
Horsley, UC Berkeley.)

Improvements in tracking accuracy and bandwidth can be achieved by
employing a dual stage positioning mechanism using a conventional VCM for coarse
positioning and a high bandwidth secondary actuator for fine positioning [2]. To date,
three types of secondary actuators have been proposed: an actuated suspension [3], an
actuated head [4], and an actuated slider [5], [6], [7]. In the last approach, the slider is
moved by a micropositioner mounted between the slider and the gimbal of a
conventional suspension as shown in Fig. 1.2. This approach has two advantages [7].
First, the use of the micropositioner does not significantly affect the fabrication
processes of the head, the slider, and the suspension. Second, the micropositioners are

batch-fabricated, thus providing a low cost solution.

In this application, the micropositioner is required to move a pico-slider,
which weighs around one milligram, at 10 to 30 times of the acceleration of gravity.
Thus, the micropositioner must be capable of generating forces in the range of a few

hundred micronewtons [5]. Additionally, a travel range of a few microns is needed to
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Table 1.1: Requirements of the servo system, the micropositioner, and the position
sensing circuit for the magnetic disk drive application.

Required force 200-300puN
Maximum driving voltage 80V or +40V
Maximum displacement +2um
Tracking accuracy 100nm
Position sensing resolution 10nm
Servo bandwidth 2kHz
Sensing bandwidth 25kHz
Sensing frequency < IMHz

cover several disk tracks. From the system perspective, it is required that such forces

and travel range are achieved with driving voltages smaller than 80 volts or £40V .

The requirements of the servo system, the micropositioner, and the position
sensing circuit for this application are summarized in Table 1.1. As a rule of thumb in
servo system design, the position sensing resolution of 10nm is ten times better than the
tracking accuracy. Likewise, the position sensing bandwidth of 25kHz is approximately
ten times higher than the servo bandwidth. The sampling frequency should not be
higher than one megahertz to avoid interference with the read channel of the disk drive,
which extends from a few megahertz up to several hundreds megahertz. To facilitate
sharing the electrodes between sensing and driving, the sensing circuit must be capable
of interfacing with the 80V or 40V driving voltages. Additionally, to ensure low cost,

the sensing circuit must be fabricated in a conventional low-voltage CMOS technology.
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1.2 Thesis Organization

Chapter 2 reviews various configurations of electrostatic micropositioners and
discusses their effects on magnitudes and linearities of capacitance variations and

actuation forces. Second-order effects in electrostatic actuation are explained.

In Chapter 3, two commonly used capacitance sensing techniques which are
suitable for monolithic integration—a synchronous detection circuit and a switched-
capacitor sensing circuit—are examined. Pseudo-differential technique is introduced.
The use of coupling capacitors to interface the sensing circuit to the high-voltage drive

of the micropositioner is discussed.

Chapter 4 investigates nonidealities in the sensing electronics and propose that
correlated double sampling can be used to remove these errors. Afterwards, the
optimization of the amplifier thermal noise and the resolution improvement due to the

use of correlated double sampling to cancel the kT/C noise are presented.

Chapter 5 explores issues related to the interface between capacitive position
sensing and electrostatic actuation, namely the sensing charge leakage, feedthrough,
voltage-dependent capacitance at the rotor node, sense-force error, and gain variations
and offsets due to coupling capacitors and off-chip parasitics. Techniques which

facilitate the integration of the sensing and driving circuits are proposed.

Chapter 6 describes prototype implementations and experimental verifications
of a position sensing circuits and a closed-loop electrostatic micropositioner.

Measurement results are also presented. Finally, the conclusion is given in Chapter 7.
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Chapter 2

Electrostatic
Micropositioners

2.1 Introduction

This chapter gives an overview of electrostatic micropositioners. The concept
of driving and sensing the micropositioner electrostatically is attractive because no
additional processing step or material is required in the fabrication process.
Furthermore, the driving and the sensing can share a single set of electrode, thus
eliminating the need for another structural or interconnect layer. To understand the
fundamentals and to facilitate the discussion in the following chapters, the electrical
model, the mechanical model, and the electromechanical coupling mechanisms of
electrostatic micropositioners will be introduced in this chapter. In particular, we will
discuss the effects of configurations of micropositioners on the magnitudes and
linearities of actuation forces and capacitance variations. Negative electrostatic spring,
pull-in instability, and voltage nonlinearity in electrostatic actuation will be elaborated.
Finally, we will use the obtained results to establish a model describing the behavior of

micropositioners.

First, we will look at the fundamental of electrostatic actuation and capacitive

sensing. Electrostatic forces exist when there is a voltage difference between two
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capacitor plates. Electrostatic forces are attractive with the magnitude equal to the rate

of change of the energy with the displacement,

poE_ 3 C"ﬁr)

T 9x  ox\ 2

where V4, is the bias voltage between the two capacitor plates. In general, large and tall

(Eq 2-1)

structures with small gaps and high voltages yield large electrostatic forces.
Electrostatic forces, however, are nonlinear functions of voltages and, usually nonlinear

functions of displacements also.

Typically, sense elements in micropositioners can be approximated as parallel-

plate capacitors. Neglecting fringing fields, the capacitance of two parallel plates is

_EEA
X

(Eq2-2)

where A is the overlapping area of the two plates, x is the gap between the two plates, €,
is the electric permittivity of vacuum, and ¢, is the relative dielectric constant of the
medium between the two plates. In practice, the error due to neglecting the fringing
fields is small when the gap x is at least four times smaller than the width of the parallel

plates [8].

2.2 Micropositioner Configurations

Lateral comb, transverse comb, and parallel;platc structures are common
configurations for micropositioners. In this section, we will discuss their
electromechanical properties by focusing on the magnitudes and linearities of actuation
forces and capacitance variations. The results from this section are summarized in the

design examples shown in Table 2.1.
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Table 2.1: Design examples of micropositioners utilizing different
structures. Given parameters are shown in unshaded boxes, while the
results are shown in shaded boxes.

Parameters Lateral Comb Transverse comb I Parallel-plate
— —_—
) aCgV3, 300uN

Required force (52" =)
Driving voltage (V) 8ov
dCg/dx 94fF/um
Gap between electrodes (g, x,) 2pum
Structure thickness (t) 10pm N.A.
Number of electrodes (N) 2100 100 N.A.
Electrode length 10pm -42.4nm. N.A.
Electrode pitch 4um N.A.
Area 290x290um? 130x130um? 206x206pm>
Cs 929fF - 187fF '188fF
Maximum displacement ~eclectrode length | xy/3 Xof3
Nonlinearity in dCg/dx _nore ~(Ax/xg)? ~Ax/xq

2.2.1 Lateral Comb Structure

A lateral comb structure [5], as conceptually shown in Fig. 2.1, is actuated by
the fringing electric fields at the tip of the comb fingers. The two stators and the
moving element of the structure form a capacitive half-bridge whose differential sense

capacitance can be described as

eNt(x, + Ax)
Cs1,Cs2 = — (Eq 2-3)

where ¢ is the thickness of the structure, x, is the nominal overlapping of the electrodes
and is approximately the length of the electrodes, g is the gap between the electrodes of
the moving element and the stator, and N is the number of the electrodes. From Eq. 2-3,
the capacitance variation as a function of displacement Ax and the electrostatic force

can be calculated as

o == (Eq 2-4)

e
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Moving
Element
V+
-
——
Cc
Cs2 Cs1
S P> Ax

Fig. 2.1: A simplified lateral comb structure and its capacitance variation as a function

of displacement
and
ac Vi N
C Vdr eNtY 2
F = g (2g)vdr, (Eq 2-5)

respectively, where Cgq is the nominal capacitance. To maximize the capacitance
variation and the actuation force, the structure thickness and the number of the
electrodes should be maximized, while the gap between electrodes should be
minimized. And since the capacitance variation and the force, to the first order, are
independent of the length of the electrodes, the electrodes should be short to save the

die area. This is evident in the micropositioner described in reference [5].

A lateral comb structure is attractive because the magnitude of the force and
the capacitance variation is not a function of the displacement Ax. Its drawback,
however, is the smaller forces and dC/dx compared to a similarly sized transverse comb

structure.
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o

DI
Vi Moving
Cs1T! ' Element.

Cs ,
= T =
c
Cs2 Cs1
- — Ax

Fig. 2.2: A simplified transverse comb structure and its capacitance variation as a
function of displacement

2.2.2 Transverse Comb Structure

By utilizing the electric fields of the total length of the parallel electrodes
rather than the fringing fields at the tips, a transverse comb structure achieves larger
actuation forces and dC/dx than a similarly sized lateral comb structure. The
differential semse capacitance, capacitance variation, and electrostatic force of a

transverse comb structure can be written, respectively, as

_ _€&NtL 3
Cs1:Cs2 = TRTN (Eq 2-6)
dCg| _ eNtL _ Cs(x)
— = e— = , 2'7)
)dx x2 X ®q

and
eNtLY. . 2
F= (2x2 )Vd" Fa2:9

where ¢ is the thickness of the structure, L is the overlapping of the electrodes and is

approximately the length of the electrodes, x, is the nominal gap between the moving

.
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and the stationary electrodes, and N is the number of electrodes. Comparing Eq. 2-7 to
Eq. 2-4 and Eq. 2-8 to Eq. 2-5 shows that, for the same number of electrodes,
capacitance variations and actuation forces of a transverse comb structure are larger
than those of lateral comb structures by L/x, or the ratio between the length and the gap
of electrodes. In practice, lateral comb structures have a large number of short

electrodes, thus reducing the differences to smaller than L/x.

As shown in Eq. 2-8, a transverse comb structure has a nonlinear relationship
between the capacitance variation and the displacement Ax. Using Taylor series

expansion, the capacitance variation as a function of the displacement is

2eNtL (Ax , (AX)3  (Ax
ACg = Cg,~Cg, = -(—"+(—) +(x—o)5+) (Eq 2-9)

xo X X
Because the even-order terms are cancelled by the differential characteristics of the

[+] [+

sense capacitor, the nonlinearity in capacitance variation is dominated by the third-
order term,

2
Nonlinearity in% (%) = (z;_x) ¢ 100% (Eq 2-10)

)

For large diéplacements, the nonlinearity becomes significant and must be considered
in the design of the position sensing circuit and the servo system. As an example, a
transverse comb micropositioner with a nominal gap of 10um [7] has a nonlinearity of
40nm for an actuation range +2um. In comparison, the required position resolution of
the magnetic disk drive application described in Chapter 1 is 10nm. A solution is to pre-
calculate the nonlinearity and subtract it from the measured position in the digital

domain.

In addition to the nonlinearity in capacitance variation, a transverse comb
structure, according to Eq. 2-7, generates forces that are functions of the displacement.
This results in the negative electrostatic spring and the so-called pull-in instability.

Both of which will be discussed in Section 2.4
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V+ o

—p- O

d

Xo

Fig. 2.3: A parallel-plate structure and its capacitance change as a function of

displacement

2.2.3 Parallel-Plate Structure

A parallel-plate structure, as shown in Fig. 2.3, is needed for actuation in the

z-axis, or the axis perpendicular to the substrate. Similarly to a transverse comb

structure, a parallel-plate structure is actuated by the electric field of the whole parallel

plates. Hence, this type of structure has capacitance variations and actuation forces

which are nonlinear functions of displacements, and exhibits negative electrostatic

spring and pull-in instability.

The sense capacitance, capacitance variation, and electrostatic force of a

parallel-plate structure can be written, respectively, as

dCq| _
dx

and

€A
F ===V,
(27{2)‘,

(Eq 2-11)

(Eq 2-12)

(Eq 2-13)

where A is the area of the parallel plates and g is the gap between the two plates.
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Fig. 2.4: Signal linearization schemes as discussed in [2]. a) Small signal linearization
scheme. b) Large signal linearization scheme.

Due to the limited number of structural layer, a parallel-plate structure
typically forms a single-ended sense capacitor and needs a reference capacitor such as
an unreleased structure to remove the offset in the position sensing signal. Being
single-ended, the nonlinearity in capacitance variation is higher than that of a
transverse comb structure because of the uncancelled even-order terms. Hence, the

nonlinearity is dominated by the second-order term and is equal to

dc A
Nonlinearity in 7= (%) = x—x * 100% (Eq 2-14)

o

2.3 Voltage Nonlinearity

Electrostatic forces, according to Eq. 2-1, are nonlinear functions of voltage.
Reference [2] discusses two linearization schemes for electrostatic forces. The small
signal scheme, as shown in Fig. 2.4a, superimposes a small control voltage on a large
DC biasing voltage. This scheme has two restrictions: the control voltage is limited to
smaller than the bias voltage and the large initial DC bias causes asymmetrical

movement.
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The large signal linearization scheme in Fig. 2.4b alleviates both problems and
allows the control voltage to be even larger than the bias voltage while maintaining the

linear relationship. The force generated by this scheme is equal to

F = a(Vyast+ le')2 = 0(Vpjas = vdr)2 ’ (Eq 2-15)

1 9Cs
= 4(1Vbiasvdr Where o= i'& . (Eq 2'16)

For transverse comb structures, the force constants on both sides of the structures are

not equal because they are functions the displacement; hence, Eq. 2-15 becomes
F = o) (Vs + V)2 = 05 (Viia - V)2, (Eq 2-17)

where o and 0 are the force constants of the two sides. Subsequently, Eq. 2-17 can be

approximated as

Ax 2 2 ENtL
F=4°‘0(Vbiasvdr+x_o(vbias Var )) Where @, = N Eq2-18)
X
o}

2.4 Electrostatic Spring and Pull-In Instability

As described earlier, transverse comb structures and parallel-plate structures
have actuation forces that are functions of the displacement. This results in the negative

electrostatic spring [8], [9] and the so-called pull-in instability [8], [10], [11].

Because the magnitude of the electrostatic force increases as the gap between
the two plates decreases, its effect can be viewed as an ‘megative spring’. The
electrostatic spring constant can be calculated by differentiating the force equation with

respect to position. According to Eq. 2-1,

dF _ eNtL 2 _ Gs(x) 5
ke= x =~ 3 Var =2 Var (Eq 2-19)

Izh
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Since the electrostatic spring force subtracts from the mechanical spring force, it can be
used to lower the effective spring constant and the resonant frequency of the

mechanical structures, as will be shown in Section 2.5.

The pull-in instability occurs when the negative electrostatic spring constant
becomes larger than the mechanical spring constant, thus causing the two plates of the
structure to snap to each other. For parallel-plate structures or transverse comb
structures biased as shown in Fig. 2.4a, the pull-in instability occurs when the
displacement of the structure is equal to one-third of the nominal gap. For transverse
comb structures biased as shown in Fig. 2.4b, the pull-in instability becomes a function
of the bias voltage. For large enough voltages, the pull-in instability can occur at
nominal position, thus limiting the maximum displacement to zero [8]. A constant
charge driving scheme utilizing an apbropriate feedback network is being developed to
overcome the pull-in instability and allows transverse comb structures to move by more

than one-third of the nominal gap [10].

2.5 Micropositioner Modeling

The displacement x of a micropositioner can be described as a function of the

driving force F 4, using the mass-spring-damper model shown in Fig. 2.5 as

2
——-d X + bﬂt
mdt2 dt

+kx = Fy, ' (Eq 2-20)
where k,, is the mechanical spring constant, b is the damping coefficient due to the
surrounding gas ambient and the internal dissipation of the spring, and m is the mass of

the moving element. This mechanical model has an equivalent electrical model which is

also shown in Fig. 2.5.
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Fig. 2.5: A mass-spring-damper model and its electrical equivalent model

To demonstrate the effects of negative electrostatic spring, we will derive the
transfer function of a transverse comb structure. By substituting the linearized driving

force in Eq. 2-18 into Eq. 2-20,

2
dx  dx 2 2
m— g+ b+ (ki =k (Vyjag + Vi D% = (k Vi) Vi (Eq 2-21)

4o
where k., = —2 is the approximated electrostatic spring constant, k, = 40, is the
*o NtL
. . £
voltage-to-force gain, and @, is equal to o2 For Vy « V..o
[+

2
md—x + bdx

2
T2 0 Kk Vi )X= (Vi )V, - (Eq 2-22)

Solving for the displacement using Laplace transform yields the second-order transfer

function
2
X(s) @, m
= 2-23
Ve (s) (s)z ; (Bq 2-23)
— | + +1
%) " ©,Q

with the natural frequency
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©, = f(k, -k VZ_ )/m (Eq 2-24)

¢ " bias

and the quality factor

(kg = ke Vias)
Q = N S biss T _ ®,m/b. (Eq 2-25)

Eq. 2-24 and Eq. 2-23 shows that the negative electrostatic spring can be used to reduce

the resonant frequency and increase the DC gain of the micropositioner. Excluding the
negative electrostatic spring, micropositioners typically have resonant frequencies in

the kilohertz range and quality factors much higher than one.

An example of micropositioner is described in Section 6.2.

2.6 Summary

In this chapter, micropositioner configurations have been reviewed. Their
effects on magnitudes and linearities of capacitance variations and actuation forces
have been discussed. For similarly sized structures, a transverse comb produces
capacitance variations and actuation forces that are several times larger than those of a
lateral comb. A transverse comb, however, has capacitance variations and actuation
forces which are functions of displacement. The first one can limit the linearity in
capac;itive position sensing, while the latter one results in negative electrostatic spring
and pull-in instability. The electromechanical model shows that the negative spring can
be used to reduce the resonant frequency and increase the DC gain of a micropositioner.
In contrast, the pull-in instability limits the maximum displacement of the structure to

less than one-third of the gap.
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Chapter 3

Capacitive Position
Sensing for
Micropositioners

3.1 Introduction

Traditionally, capacitive position sensing has been employed in sensor
applications. In this research, we extend capacitive position sensing to interface with
the electrostatic actuation of micropositioners. To ensure low cost, coupling capacitors
are utilized to shield the high-voltage drive, thus allowing the sensing circuit to be

fabricated in a conventional low-voltage technology.

In this chapter, we will first discuss two capacitance sensing techniques that
are suitable for monolithic integration. Next, techniques to interface the three terminals
of a capacitive half bridge to fully-differential sensing electronics will be described.
The last section, and the core of this chaptér, focuses on incorporating coupling
capacitors with the sensing circuit. Guidelines on how to choose coupling capacitors

and their impact on position resolution will be presented.

.
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Fig. 3.1: An implementation of the synchronous detection scheme

3.2 Capacitance Sensing Techniques

Synchronous detection and switched-capacitor sensing schemes are two
common capacitance sensing techniques in monolithic implementations. This is
because—compared to other techniques such as LC oscillators, relaxation oscillators,
and impedance measurement—they have signal transfer functions which are
independent of the parasitic capacitance, offer high resolution, and do not require
components with high quality factor. In this section, we will derive the signal and noise
transfer function, and investigate the strengths, weaknesses, and fundamental sensing
resolution of both schemes. Finally, it should be mentioned that, while the rest of this
document focuses more on the switched-capacitor sensing scheme, the problems and
techniques presented, except for the kT/C noise and correlated double sampling, are

applicable to both schemes.

3.2.1 Synchronous Detection Scheme

The concept of synchronous detection is to reduce the impedance of the

sensing capacitance by modulating it with a high frequency sensing voltage. Fig. 3.1
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shows an implementation of the synchronous detection scheme. In this implementation,
two out-of-phase high frequency sensing signals are applied to the sense capacitors. If
the sense capacitors differ, an amount of charge proportional to the mismatch and the
amplitude of the sensing voltage will be integrated by the charge integrator, thus
resulting in an output voltage which is a function of the mismatch of the sense
capacitors. The high frequency output voltage is then amplified and demodulated down
to baseband by the synchronous demodulator. Next, the low-pass filter removes the
offset and the 1/f noise of the electronics which is modulated up to high frequency by
the demodulator. This offset and 1/f noise removal technique is commonly known as
chopper stabilization. To set the DC voltage level at the amplifier input, which is a high
impedance node, a large resistor is connected between the amplifier input and the
output node. Sensitivities to parasitic capacitance is eliminated by the virtual ground
condition at the amplifier input. An alternative implementation of the synchronous
detection scheme uses a buffer [12] instead of the charge integrator as shown in this

circuit.
The signal transfer function of the synchronous detection circuit in Fig. 3.1 is

v, ==V (Eq 3-1)

where Vg is the amplitude of the sensing voltage. The output noise of this circuit,

assuming that noise from the front-end amplifier and the DC-setting resistor dominates,

is
2 (2Ce+Ci+Cp+Crp¥ w2 2
v0n= S 1 P IP ln....,l _4kT, (Bq 3-2)
Af G Af " |JOCy  Rpe

where \E /Af is the input-referred spectral density of the amplifier thermal noise and

Cip is the amplifier input capacitance.

Compared to the switched-capacitor sensing scheme, which will be discussed

in the following section, the synchronous detection scheme does not suffer from the

i,
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kT/C sampling noise and noise folding, and avoids complicated clocking scheme.
However, the synchronous detection scheme has two important drawbacks. First, the
DC-setting resistor typically needs to be in the range of mega-ohms to ensure low
current noise and to avoid a null in the frequency response due to charge leakage. In
monolithic implementations, large resistors require large die area and have large
parasitic capacitance which can lower the resolution, slow down the circuit, and add
another pole to the amplifier frequency response. For example, the commercial
accelerometer ADXL-50 requires a 3-megaohm DC-setting resistor fabricated with a
special resistor layer available in that process. Alternatives to a large resistor include
back-to-back connected diodes and a MOS resistor biased to ensure high resistance.
Although these alternatives require smaller die area, their parasitic capacitances still

contribute the additional pole.

Second, synchronous detection is not suitable for applications which involve
feedback loops because the low-pass filter adds phase delay to the loop transfer
function. For a digital control loop [13], a low-pass filter might not be needed inside
the loop, but the high-frequency feedback signal applied to the moving element can
propagate through the sensing circuit, as shown in Fig. 3.2, and results in a feedforward

zero which degrades the measurement accuracy and the stability of the feedback loop.

3.2.2 Switched-Capacitbr Sensing Scheme

Switched-capacitor circuits replace resistors by capacitors and switches. This
results in smaller die area and much better matching and tracking. In a switched-
capacitor sensing circuit, the sense capacitor is reset to ground or a reference level in
each cycle, thus eliminating the need for a large resistor to set the DC level. The
feedback feedthrough is eliminated by allocating a separate phase for the feedback
operation. Furthermore, switched-capacitor sensing circuits offer more flexibility in the

system integration because of the ability to allocate separate phases for different
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Fig. 3.2: A digital control loop utilizing a synchronous detection circuit. The high-
frequency feedback applied to the common node can propagate through the sensing
circuit, resulting in a feedforward zero.

operations such as sensing, driving, feedback, comparison, and digital signal

processing.

Fig. 3.3 shows a typical implementation of the switched-capacitor sensing
scheme. This circuit is identical to a switched-capacitor gain stage, except that the
input is a capacitance variation instead of a voltage variation. During the reset phase,
the sense capacitors, the integrating capacitor, and the amplifier are reset to ground or a
reference level. During the sensing phase, the sensirig voltages Vg are applied to the
sense capacitors. An amount of charge proportional to the mismatch in sense capacitors
Cs. and Cg_ and the sensing voltage is integrated on Cj and produces an output voltage,

which is then sampled by C;. The signal transfer function of this circuit is
v = —.-V (Eq 3"3)
and identical to that of the synchronous detection circuit given in Eq. 3-1.

There are two thermal noises associated with this sensing circuit: the sampling

noise due to switch S; or the kT/C noise and the amplifier noise sampled by the load

.
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Fig. 3.3: A typical implementation of the switched-capacitor sensing scheme.

capacitance C; . The derivation of these noises are given in Appendix 1 with the results

stated below. The output-referred spectral density of the kT/C noise is

2
Vkrze _ 1 CrY kT
AT f (CIJ <, (Eq 3-4)

s

where C1=2Cg+C+Cp+Cyp is the total capacitance at the amplifier summing node. And

the spectral density of the amplifier noise sampled by the load capacitance Cj is
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2 2 3 ¢
Vopamp _ (ST| Vi fu = Eq 3-5
where \Z /Af is the input-referred spectral density of the amplifier thermal noise and

f, is the closed-loop bandwidth of the amplifier.

3.2.3 Sensing Resolution

Fundamentally, the resolution of a position sensing circuit is limited by the
thermal noise of the sensing electronics or Brownian motion of the sense element. In
practice, nonidealities often prevent the sensing circuit from achieving the fundamental
resolution. Nevertheless, the fundamental sensing resolution provides us a benchmark
to compare the achieved resolution to the fundamental limit and to compare the merits

of different sensing techniques.

The sensing resolution is defined as the position or capacitance variation that

results in an output signal which has a signal-to-noise ratio of one,
— dav dv
( 0 o dC
vx%o =Ve =3¢ AC in = ac ax’ AXpin (Eq 3-6)

where ,/vgo is the output noise voltage of the sensing circuit. Rearranging this equation

in terms of capacitance resolution and the position resolution,

V2
AC =~ (Eq 3-7)
dv0
dac
and
AC.. . ,/v_f
Axmin = dgm = y = (Eq 3-8)
dc v dc
dx ac 'dx

Since this research focuses on the design of the sensing circuit, we will assume
that the contribution from Brownian motion is negligible compared to the thermal noise

of the sensing electronics. For the synchronous detection circuit described in Section



[
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3.2.1, the capacitance resolution can be calculated from the signal and the noise transfer

functions in Eq. 3-1 and Eq. 3-2, assuming a large Rpc to minimize its noise

2omin _ g cptC v

For the switched-capacitor sensing circuit described in Section 3.2.2, the

contribution, as

resolution can be calculated from the signal and noise transfer functions in Eq. 3-3 to

Eq. 3-5 as

— 25 .1
AC_. 1 [(kTCq Crva fua

min -_— —, ————— -
ATV, [ CT+ f (Eq 3-10)

opamp
where the first term is due to the kT/C noise of switch S;, the second term is due to the
amplifier thermal noise, and Cy is equal to 2Cg+C+Cp+Cyp. In the next chapter, it will
be shown that the kT/C noise term, which is typically the dominant thermal noise
source in micromachined applications, can be eliminated by correlated double
sampling. Taking into account the kT/C noise cancellation and the factor-of-two
amplifier noise increase due to double sampling, Eq. 3-10 becomes

Af VS f pamp

s

Comparing the sensing resolution of switched-capacitor sensing circuits to that

of the synchronous detection circuits yields,

AC

; f
min, swcap = u. 3-12
T (Eq 3-12)

min, sync detection s

AC
This ratio is typically in the order of three to four due to the noise folding and the
double sampling, thus suggesting that the fundamental resolution of switched-capacitor

sensing circuits is three to four times lower than that of synchronous detection circuits.

To illustrate the exceptional fundamental resolution of capacitive position

sensing, an example is given for a switched-capacitor sensing circuit. For Cg=C;=1pF,
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Fig. 3.4: A pseudo-differential switched-capacitor circuit and the input common-
mode level shift due to the applied sensing voltage.

Cp+Cip=5pF, A/\-/_Z; /Af = 5nV/.JHz, fu/fs=3, and V=1V, the capacitance sensing
resolution, according to Eq. 3-11, is 1.23 - 10~!9fF//Hz. With a dC/dx=100fF/um, the
position sensing resolution is 1.23 - 10~12m/ JHz, approximately a factor of 200 smaller

than the classical diameter of a hydrogen atom.

To conclude, the switched-capacitor sensing scheme eliminates the need for
DC-setting resistor and offers flexibility in system integration through multi-phase
operations. On other hand, it has a lower fundamental resolution and requires more

complicated clocking scheme.

3.3 Pseudo-Differential Topology

Fully differential topology is desirable because it reduces noise coupling and
feedthrough (See Section 5.3), improves power-supply rejection ratio, eliminates even-
order harmonics, and improves dynamic range by doubling the output swing. In
micromachined applications, fully differential topology normally cannot be achieved
because differential sense capacitors, such as that of comb structures, have one common

electrode. A solution is to use the pseudo-differential topology shown in Fig. 3.4. In
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this topology, the sensing voltage is applied to the common node of the differential
capacitors, while the other two electrodes are connected to the amplifier summing

nodes, thus allowing the use of fully-differential sensing electronics.

The drawback of the pseudo-differential circuit in Fig. 3.4 is the shift of the
amplifier input common-mode level when the sensing voltage is applied. This
complicates the amplifier design by requiring a large input common-mode range.
Furthermore, with the loss of the virtual ground condition, the signal transfer function

becomes a function of the parasitics at the amplifier summing node.

From Eq. A2-5 and Eq. A2-9 in Appendix 2, the input common-mode shift is
approximately

C
S
vicm = EI: ) Vs (Eq 3-13)

where C1=Cg+Cy+Cp+Cjp. Because of the input common-mode shift, the signal transfer

function becomes

v
V_ = {=AC(Cy+Cp+Cyp) +ACp - Ce} - (Eq 3-14)
0 sttptLptLrp P'~si'CCr

Compared to the transfer functions given in Eq. 3-1 and Eq. 3-3, the capacitive-to-
voltage gain becomes a function of the parasitics Cp, which is not a well-controlled
parameter. Besides, the parasitic mismatch ACp, which can be much larger than the

sense capacitance variation ACg, produces an additional offset term.

A new circuit technique called “input common-mode feedback” (IPCMFB) is
introduced to solve this problem. This circuit was implemented in reference [13] and
can be shown conceptually in Fig. 3.5. Similarly to the output common-mode feedback
circuit, the IPCMFB amplifier monitors the input common-mode level and applies a
correction charge through Cy to restore the input common-mode level. With the input
common-mode shift eliminated, there is no need for an amplifier with a large input

common-mode range and the signal transfer function is reverted to the initial ones
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Fig. 3.5: A pseudo-differential switched-capacitor circuit with an input common-
mode feedback circuit to eliminate the input common-mode shift

given in Eq. 3-1 and Eq. 3-3. The drawback of the IPCMFB circuit, however, is the
added circuit complexities, extra capacitance at the summing node, and cascaded

settling of the input and output common-mode feedback circuit [8].

3.4 High-Voltage Interface of the Sensing Electronics

To generate sufficient forces, micropositioners are typically driven by voltages
much higher than those normally used in conventional integrated circuits. For instance,
in the dual-stage servo system for magnetic disk drives, micropositioners are driven by
voltages as high as 80V or +40V. This suggests that, for the driving and the sensing to
share.a single set of electrodes, the sensing circuit needs to interface with the high-
voltage drive of the micropositioner. In this section, we will discuss the use of coupling
capacitors to shield the sensing circuitry from the driving voltages, thus allowing the

sensing circuit to be fabricated in a conventional low-voltage process.
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Fig. 3.6: Coupling capacitors are inserted between the charge integrator and
the micropositioner to shield the sensing circuit from the high-voltage drive of

the micropositioner.

3.4.1 Coupling Capacitors

Fig. 3.6 shows an interface between driving and position sensing. The driving

voltages are applied to the micropositioner at nodes v, v,, and v3. The coupling

capacitors Cgy and Cc are inserted between the charge integrator and the

micropositioner to shield the sensing circuit from the driving voltages. The DC voltage

at the amplifier summing nodes is established by reset switches or resistors, depending

on the sensing circuit implementations.

A key consideration in implementing the coupling capacitors is the oxide

breakdown because coupling capacitors need to shield the driving voltages of the

micropositioner. For thermally grown oxide (SiOz), an oxide field of 7x106V/cm

generally leads to irreversible breakdown. To allow some safety margin, oxide fields

are usually limited to about 3x108 V/cm [14].



3.4 High-Voltage Interface of the Sensing Electronics 30

Table 3.1: A comparison of poly-poly and metal-metal capacitors
from a 1.2-pm CMOS process

Poly-poly capacitor Metal-metal capacitor
Oxide thickness | 700 7500
(Angstrom)
Breakdown voltage 21V 225V
(Eox=3X10°V/cm)
Capacitance per unit area 0.49fF/um? 0.046fF/um?
Bottom-plate parasitics to | 0.15 0.78
actual capacitance ratio

Table 3.1 compares poly-poly and metal-metal capacitors from a 1.2-um
CMOS process. Metal-poly capacitors are not considered because of their generally
higher nonlinearity. Despite much smaller area and bottom-plate parasitics of poly-poly
capacitors, metal-metal capacitors are needed in this application because of the high-
voltage drive of the micropositioner. Compared to poly-poly capacitors, metal-metal
capacitors require ten times more area and have five times larger bottom-plate
parasitics. These penalties can be reduced in processes with more than two layers of
metal by stacking all the metal layers to implement the coupling capacitors.
Additionally, to avoid the driving voltages from modulating the bottom-plate parasitic
capacitance and causing a gain error, the driving voltages should be connected to the
top plates of the coupling capacitors or the bottom-plates need to be shielded by a layer

underneath such as poly.

3.4.2 Modified transfer function

In this section, we will derive the transfer function of the capacitance sensing

circuit with coupling capacitors. To keep the transfer function intuitive, the input

3
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common-mode shift of the amplifier is assumed to be zero. For typical parameters, the
error due to this approximation is approximately a 20-percent overestimation of the

transfer function.

Due to the capacitive voltage divider between Cro and the rest of the
capacitance at the rotor node, the step voltage at node V; due to the applied step

sensing voltage Vg is approximately

Cco v 3-15)
3Cg(Cps+C) | VS - (Eq 3-

CcotCpr+
CO " ™PR " Cg+Cpg+ Ce

V=

Since Cpg+Cq is typically much larger than Cg this equation can be approximated as

Ceo
Vy= (Cco +Cpgp + zcs]' Vs - (Eq 3-16)
Again, the capacitive voltage dividers between Cg and the rest of the capacitance at the
stator nodes reduce the steps at node V, and V5 to

CgtACg/2
vy (Eq 3-17)

V,, V, =0
Since we assume no input common-mode voltage shift, the amplifier summing nodes

are virtual ground nodes. Hence, the output voltage of the charge integrator is equal to

Cc
Vo= ~(Vy-Vy) g (Eq 3-18)
Substituting Eq. 3-16 and Eq. 3-17 in Eq. 3-18 yields
Ceo Cc -ACg
Vo = (cco ¥ Cpp ¥ 2cs]' (cc ¥Cpos¥Cs| G VS (Bq 3-19)

Comparing Eq. 3-19 to Eq. 3-1 and Eq. 3-3 shows that the signal attenuation

due to the coupling capacitors is equal to

5of—ce0 [ __Sc (Bq 3-20)
Ccot Cpr+2Cg | {Cc+ Cpg +Cs

where the first term is due to the capacitive voltage divider at the rotor node and the

second term is due to the charge divider from Cg to the amplifier summing node.

According to this result, the attenuation can be minimized by choosing
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Increasing the signal coupling by using large coupling capacitors, however, do
not always result in higher resolution because of increasing parasitics and noise, as will

be shown in the following section.

3.4.3 Optimal Coupling Capacitance

Determining the size and the bottom-plate connection of coupling capacitors
" involves several tradeoffs. Our strategy is to initially find the optimal configuration and
size of coupling capacitors in term of resolution, then impose other constraints such as

die area and loading to the micropositioner driving circuits.

By examining the circuit in Fig. 3.6, the top plate of C¢q should be connected
to node V, to avoid adding the bottom-plate parasitics to Cpg. The bottom plate of Cg,
however, can be connected in either direction. If the bottom plate of C¢ is connected to
the high-voltage node, the bottom-plate capacitance adds to the parasitics Cpg thus
reducing the signal coupling and increasing the load to the driving circuit. Additionally,
a shielding layer must be added underneath to prevent the high voltage from forming an
inversion layer underneath the bottom plate. On the other hand, if the bottom plate is
connected to the charge integrator, the bottom-plate capacitance adds to the parasitics at

the summing node thus increasing the noise gain and slowing down the amplifier.

The capacitance resolution of switched-capacitor sensing circuits  with
coupling capacitors can be calculated from Eq. 3-19 and Eq. 3-11. For a circuit which

the bottom plate of C¢ is connected to the charge integrator,

Cco+Cpr + 2Cs]. (CC +Cpg + Cs]_ (Cc+Cp+Cp+Cp) ' Tfun

ACg= [ Ceo Co Vg Vi fs2 (Eq 3-22)
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Fig. 3.7: Relationships between capacitance sensing resolution and the size of
coupling capacitors C for Cg=C;=1pF, Cp=2pF, and Cpg=7pF

where Ccp is the bottom-plate parasitics of-Co and Cp is other parasitics at the
amplifier summing node. For a circuit which the bottom plate of C¢ is connected to the

high voltage node

AC = [CCO + gPR + 2Cs} (Cc + CCPC+ Cpg + CS]' (Cc "'SP +Cp) . ?:‘sﬂ;
Cco C S

The results from Eq. 3-22 and Eq. 3-23 suggest that the coupling capacitor
Cco should be as large as possible. This is because C¢g increases the signal coupling
without increasing the noise. The maximum value of Cgq is generally limited by the die
area requirement and the loading to the rotor driving circuit. Large C¢, in contrary,
increase both the signal coupling and noise. The noise increase is due to the increase in
capacitance at the amplifier summing node, which in turn increases the noise gain from
the amplifier input to the output by reducing the feedback factor. Relationships between
the capacitance resolution and coupling capacitor Cc of both bottom-plate
configurations are shown in Fig. 3.7 for typical parameters. In the implementation

described in Chapter 6, the bottom-plates of C¢ are connected to the charge integrator,
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despite slightly lower resolution, because connecting the bottom-plates to the high
voltage nodes increases the loading to the driving circuit and reduces the capacitive-to-

voltage gain.

For metal-metal capacitors, the ratio between Cc and Ccp, as shown in Table
3.1, is approximately one. Using this assumption, the optimal C¢ can be calculated from

Eq. 3-22 as

Cg, opt . (Eq 3-24)

_ J(Cs"'CPS)(CP"'Cl)
For typical parameters—Cg=1pF, C;=1pF, Cp=2pF, and Cpg=7pF, the optimal C¢ is
3.46pF, a large but attainable size in monolithic integration. With Vg¢=5V,
,,/v%l = 10nV/JHz, f /f;=5, Cpr=10pF, and Cc¢y=C., the capacitance resolution,
according to Eq. 3-22, is 0.82 aF/./Hz, which is adequate for the magnetic disk drive

application.

Neglecting the increase in noise, the reduction in capacitance resolution due to
the coupling capacitors is equal to the signal attenuation factor given in Eq. 3-20.
Substituting Ccg, Cc, Cpgr, Cps, and Cg from the previous example into Eq. 3-20 yields
a factor of 15 reduction in capacitance resolution. To reduce this penalty, parasitic
capacitances Cpg and Cpg should be minimized while the coupling capacitor Ccq should

be maximized.

3.4.4 ESD Protection

Even though the input devices of the front-end amplifier are shielded from the
micropositioner driving voltages by the coupling capacitors, an electrostatic discharge
or a sudden change in the driving voltage, particularly while the sensing circuit is not
being operated, can still create a high voltage at the gates of input devices, resulting in
gate oxide breakdown. In contrast to typical circuits, ESD protection circuits cannot be

added at the high-voltage plates of the coupling capacitors because the driving voltages
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Fig. 3.8: ESD protection circuits are added at the amplifier summing nodes to
protect the input devices of the amplifier.

will cause the protection circuits to turn on. The solution, as shown in Fig. 3.8, is to add
protection circuits at the amplifier summing nodes. Since the electrostatic discharge is
partially shielded by the coupling capacitor, the protection circuits can be scaled down

to minimize the parasitics at the amplifier summing nodes.

3.5 Summary

Synchronous detection scheme and switched-capacitor sensing scheme are
attractive in monolithic implementations because they can achieve high resolution
without requiring components with high quality factor and are insensitive to parasitics.
Comparisons between the two techniques conclude that the switched-capacitor sensing
scheme fundamentally has two to four times lower resolution than the synchronous
detection scheme, but offers several advantages such as the elimination of the DC-
setting resistor and its noise contribution, the absence of feedback feedthrough in a

high-frequency digital control loop, and more flexibility in system integration.
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Pseudo-differential topology, instead of fully-differential topology, is
employed in capacitance sensing circuits because sense capacitors typically have only
three terminals. The drawback of this topology is the shift of the amplifier input
common-mode level, which requires an amplifier with a large input-common mode
range and causes the signal transfer function to become a function of the parasitics at
the amplifier summing node. To alleviate this problem, a circuit technique called “input

common-mode feedback” (IPCMFB) has been proposed.

In typical applications, the micropositioner driving voltages can be as large as
tens or hundreds of volts in order to generate sufficient forces. To allow the position
sensing circuit to be fabricated in a conventional CMOS process, coupling capacitors
are needed to shield the sensing circuit from the high-voltage drive of the
micropositioner. To minimize the reduction in capacitance-to-voltage gain and
resolution, the bottom-plate connection and the size of the coupling capacitors must be
chosen carefully. Due to constraints such as die area, power consumption, and loading
to the micropositioner driving circuit, the reduction in resolution by a factor of ten or

more is not uncommon.
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Chapter 4

Nonidealities in the
Sensing Electronics

4.1 Introduction

In practice, various nonidealities prevent position sensing circuits from
achieving the fundamental resolution described in the last chapter. Nonidealities
associated with position measurement of micropositioners can be classified into two
groups. The first group, which will be discussed in this chapter, is associated with the
sensing electronics. In microsensors, these nonidealities often are the factors limiting
the sensing resolution. In micropositioners, these nonidealities tend to dominate when
the driving voltages are small. The second group, which will be discussed in the next
chapter, is associated with the integration of the position sensing and the high-voltage
driving. These nonidealities typically dominate at large driving voltages, especially in

micropositioners which utilize single sets of electrodes for both sensing and driving.

The discussion in this chapter will focus on switched-capacitor sensing
circuits. Nevertheless, all of the results, except for the correlated double sampling and
the kT/C noise cancellation, are applicable to synchronous detection circuits. We will
begin from investigating sources of errors in switched-capacitor sensing circuits,

namely the amplifier offset and 1/f noise, the switch charge injection, and the kT/C
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noise. Then, we will demonstrate that correlated double sampling, which are normally
used to attenuate the first two, can be extended to attenuate the latter two. With the
kT/C noise removed, the amplifier thermal noise becomes the dominant thermal noise
source and needs to be optimized. Finally, noise improvement due to the kT/C

cancellation will be calculated.

4.2 Errors in Switched-Capacitor Sensing Circuits

Compared to the synchronous detection scheme, the switched-capacitor
sensing scheme introduces switch charge injection and kT/C noise due to switching
operations. These errors combining with the amplifier offset and 1/f noise decrease the
sensing resolution. In this section, we will investigate these errors and available

techniques to eliminate them.

4.2.1 Amplifier Offset

In MOS amplifiers, offsets are caused by mismatches in the device dimension
and the threshold voltage, and can be reduced by using large devices and
common-centroid layout. The offset in a carefully designed MOS amplifier is in the
range of a few millivolts and typically: overwhelm the output signal of the sensing
circuit. As an example, a switched-capacitor sensing circuit with Cg=C;=1pF,
Cp+Cp=5pF, and Vg=1V, produces an output of 100V for a sense capacitance variation
of 10aF. Meanwhile, an amplifier offset of SmV produces an output-referred offset of
35mV, a factor of 3,500 larger than the signal. To eliminate the offset, an offset
cancellation technique such as chopper stabilization or correlated double sampling is

needed.
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4.2.2 Amplifier 1/f noise

For a MOS transistor biased in the saturation region, the 1/f noise is inversely

proportional to the frequency and the gate capacitance of the device,

2

Ve Ky
Af ~ WLC,f (Eq 4-1)

A typical value for K¢ is 1x107% to 3x 10-24V2F for NMOS. Depending on the

process, K¢ for PMOS can be smaller by a factor of two or more [15].

A parameter typically used to describe 1/f noise is the ‘1/f noise corner’. The
1/f noise corner is defined as the frequency in which the 1/f noise has the same energy
as the thermal noise. For a square-law device, the 1/f noise corner is

3p’Kfvdsat

f = ——1 dsat (Eq 4-2)
°  8KkTL? 1

where U is the mobility of the device. The 1/f noise corner is generally in the megahertz

range for devices with channel length in the order of 1tm.

Typically, 1/f noise is reduced by using PMOS devices or large devices. These
techniques, however, do not work well in micromachined applications because
mechanical signals concentrate in the low frequency range and often extend down to
DC, thus requiring extremely large devices to suppress the 1/f noise. Since 1/f noise is
essentially a slowly varying amplifier offset, offset-cancellation techniques can
partially remove the 1/f noise. For example, chopper stabilization attenuates the 1/f
noise by shifting it to high frequency, while correlated double sampling has a shaping

function which attenuates noise at low frequencies.
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Fig. 4.1: Charge injection and clock feedthrough mechanisms in a MOS switch

4.2.3 Switch Charge Injection

Channel charge injection and clock feedthrough are two errors associated with
the turning off process of a MOS switch. Generally, both of them are referred to as
charge injection. For the switch in Fig. 4.1, the error charge on the sampling capacitor

Cg for fast switching conditions can be approximated as

CoLCs Qe
AQgy =~ (COL + CS(VH VL)) 2 (Eq 4-3)

WLCox (Vi —Vin - Vth)] (Eq 4-4)

~-[CoL(Vy-Vp)+ .

where the first term is due to the clock feedthrough and the second term is due to the
channel charge injection. As an example, for Vu=5V, V=0V, V; =0V, V,=1V,
Cox=1fF/um?, W=25pm, L=1pm, LD=0.1um, the charge error due to the clock
feedthrough is 12.5fC and that due to the charge injection is S0fC. These charge errors
are orders of magnitude larger than the signal charge, AC-Vg, from the sense

capacitors, which can be as small as atto-coulombs.

Several techniques to cope with the charge injection and the clock feédthrough

have been studied. A typical approach is to use a combination of differential circuits

[Ln
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Fig. 4.2: A differential circuit with bottom-plate sampling and a center switch.

with bottom-plate sampling and a center switch as shown in Figure 4.2. This circuit
uses switch S3 to equalize any mismatch in charge injection between switch S; and S,
and relies on even charge injection from switch S3 in both source and drain directions.
This scheme works well, except in applications such as micropositioners, where the
mismatch between Cg, and Cg_ can be significant. The mismatch in Cg, and Cg_results
in different impedances when looking from the source and the drain of switch S;. This,
in turns, creates an uneven charge injection from switch S3, which is a function of the
capacitance variation. Similarly to the offset and 1/f noise, chopper stabilization or

correlated double sampling can attenuate this uneven charge injection.

4.2.4 KT/C Noise

In switched-capacitor sensing circuits, kT/C noise is often larger than the

amplifier thermal noise. Typically, kT/C noise can be reduced by increasing the size of
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Table 4.1: A summary of errors in switched-capacitor circuits and means to
attenuate them. ‘X’ signifies that the means is effective.

Chopper Correlated
Error type stabilization doub}e Other techniques
sampling
Offset X X Large geometry
Common-centroid layout
1/f noise X X Large geometry
Long channel length
PMOS device
Charge injection X X Bottom-plate sampling
and clock Dummy switches
feedthrough
kT/C noise N.A. X Large sampling capacitors
High sensing frequency

the sampling capacitors. This, however, is not feasible in micromachined applications
because the sense capacitance is usually limited to hundreds of femtofarads by the size
restriction of the sense element. The other alternative to reducing the kT/C noise is to
increase the sampling frequency. According to Eq. 3-4, the sampling frequency must be
increased by 10 times in order to reduce the kT/C noise by 10dB. Such a large increase
in the sampling frequency is not desirable because of increasing complexities in system
design and high power consumption. Correlated double sampling, as will be discussed
in the next section, can cancel the kT/C noise without increasing the sampling

frequency.

Now that we have discussed these four errors, we will summarize the available

means to attenuate these errors in Table 4.1.
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4.3 Correlated Double Sampling

In this section, we will discuss the use of correlated double sampling (CDS) to
eliminate the errors associated with switched-capacitor sensing circuits as discussed
earlier in the last section. Correlated double sampling was first proposed in references
[16] and [17] for charge-coupled device (CCD) applications. In switched-capacitor
circuits, CDS has traditionally been used to cancel the amplifier offset and 1/f noise,
but not the switch charge injection and the kT/C noise [18]-[21]. This is mainly because
switch charge injection can be minimized through the use of differential signal path and
bottom-plate sampling, and kT/C noise can be reduced by increasing the capacitor size.
In micromachined applications, the sense capacitor size is limited by the fabrication
technology and is usually in the range of hundreds of femtofarads. Furthermore, as
discussed in Section 4.2.3, charge injection in a differential circuit can be uneven
because of large variations in sense capacitance. Therefore, the needs to extend CDS to

cancel charge injection and kT/C noise become apparent.

Since switch charge injection and kT/C noise occur when the sampling switch
is opened and remain constant until the next cycle, a sensing phase can be added to a
conventional correlated double sampling circuit to sample these errors [22], [23]. This
concept can be illustrated by the circuit in Fig. 4:3. During the reset phase ¢gg, all
capacitors and the amplifier are reset. At the end of ¢gg, the switch S; and S, are
opened. The charge injection and kT/C noise is contributed by switch S;. During ¢gy;.
the amplifier offset and 1/f noise, charge injection, and kT/C noise are amplified by the
amplifier and stored on the holding capacitor Cy. At the end of ¢gy;, switch Sj3 is
opened. During ¢gp3, the sense capacitor is reconnected to the sensing voltage Vg. The
amplifier output, which contains both the signal and the error, is subtracted by the error
voltage previously stored in Cy. Since all the errors remain virtually unchanged during

dsn1 and dgNo. the output voltage v, contains only the signal.
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Fig. 4.3: Operations of a switched-capacitor sensing circuit with correlated double
sampling. The error is stored on Cy at the amplifier output.

Correlated double sampling, to the first order, eliminates the offset, charge
injection, and kT/C noise. The 1/f noise, on the other hand, is attenuated by a noise

shaping function. The noise shaping fﬁnction, assuming a duty cycle of 25% for each

sensing phase, is

HCDS (Z) =1

—z-l/4

(Eq 4-5)
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Fig. 4.4: A capacitance-sensing front-end circuit in which the errors from both
the charge integrator and the preamplifier are attenuated by correlated double
sampling.

Mapping from the z-domain into the frequency domain by substituting z = e/®T and

then calculating the magnitude of the noise shaping function yield

: . of®T
|HCDS(eJ‘°T)l2 = 4sm2(-§-) (Eq 4-6)

This shaping function shows that correlated double sampling suppresses noise at around
DC, 4f,, 8f,..., where f=1/T is the clock frequency. Since 1/f noise has a spectral
density inversely proportional to the frequency while the noise shaping function of
correlated double sampling is proportional to the frequency square, the 1/f noise is
largely eliminated when the 1/f noise corner frequency is smaller than the sampling
frequency. One drawback of applying correlated double sampling, however, is the
increase in amplifier thermal noise because of the double sampling and the higher

amplifier bandwidth due to the shorter available settling time.

In micromachined applications, a preamplifier is usually added after the
front-end sensing circuit, or the charge integrator, because the output signal of the
charge integrator is very small, often in the range of microvolts. Due to the small input
signal, the preamplifier also needs correlated double sampling to attenuate its errors.

Fig. 4.4 shows an implementation in which correlated double sampling is performed at
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the preamplifier output, thus attenuating the error of both the charge integrator and the

preamplifier.

It should be noted that the circuits in Fig. 4.3 and Fig. 4.4 can only drive a
small capacitive load. To drive a large load or a non-capacitive load, a buffer is needed.
Additionally, the load capacitance of these circuits must be voltage independent to

avoid modulating the capacitive voltage dividing ratio and thus creating a distortion.

4.4 Optimization of Amplifier Thermal Noise

In the last section, we have discussed the use of correlated double sampling
technique to attenuate the amplifier offset and 1/f noise, the switch charge injection,
and the kT/C noise. With all these errors attenuated, the amplifier thermal noise

becomes the fundamental resolution limiting factor and needs to be optimized.

The optimization of the amplifier thermal noise is based on the following

assumptions:

* Switches in the signal path contribute negligible amount of noise. Typically, the
bandwidths of the switches are chosen to be several times higher than that of the
amplifier to avoid adding additional poles. This results in a noise contribution of

the switches that is much smaller than that of the amplifier.

* The amplifier is a single-stage type. Single-stage amplifiers are typically used in

switched-capacitor circuits because of their high speed and simplicity.

* Sense capacitance Cg and the parasitic capacitance Cp are considered fixed
variables since they are primarily determined by the fabrication process of the

sense element.
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Fig. 4.5: A switched-capacitor sensing circuit during the sensing phase with the
amplifier noise shown at the amplifier input node.

* The amplifier closed-loop bandwidth is determined by the sampling frequency and
the settling requirement. Any excess bandwidth is avoided because it produces

unnecessary noise folding.

* In this noise optimization process, the integrating capacitor is initially chosen to
be an arbitrary but reasonable value. After the optimization is completed, the
integrating capacitance is modified, if necessary. Afterwards, the noise

optimization can be reiterated.

Fig. 4.5 shows a charge integrator during the sensing phase. The

input-referred thermal noise of the amplifier can be written as

v = _if‘g‘—T.nf.Af Eq47)
m

where 8kT/3g, is the thermal noise of the input transistor and nis the ratio of the total
amplifier noise to the input transistor noise. In a properly designed amplifier, the input
devices are the main noise contributors; hence, nyis approximately two due to the input

source-coupled pair.

The output-referred noise spectral density of this charge integrator is
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2 2

Af ¢

R':fnl

where Cpp is the input capacitance of the amplifier. With Cs, Cp, and Cp fixed as stated
in the assumptions, the charge integrator output noise becomes a function of only the
amplifier input capacitance and the input-referred thermal noise of the amplifier, v—f;
The thermal noise, according to Eq. 4-7, can be reduced by increasing the
'transconductance of the input devices. Increasing the transconductance, however,
requires increasing either the saturation voltage of the input devices, which in practice
is limited by the supply voltage and the output swing, or enlarging the input devices
[24]. Larger input devices increase the amplifier input capacitance which results in the
reduction in the feedback factor. Smaller feedback factor means high noise gain from
the amplifier input to the output. For amplifiers with small input devices, the increase
in transconductance dominates and the output-referred noise is decreased. For

amplifiers with large input devices, the reduction in feedback factor dominates and

output-referred noise is increased.

The optimal size for the input devices can be calculated by going through the
following steps. For a MOS transistor in the saturation region, the transconductance of
the device can be related to the cutoff frequency fr, the frequency where the magnitude

of the common-source current gain falls to unity, as

gm = 27f;Cqg (Eq 4-9)

where Cgg is the gate capacitance of the device and is equal to the amplifier input

capacitance C;p. Substituting Eq. 4-9 into Eq. 4-7 and Eq. 4-7 into Eq. 4-8 yields
P q q y

2 ) 2
v (Cg+C;+Cp+Cp)* 4kTn
spamp . S (Bq 4-10)
Af CIPCI T
To find the optimal amplifier size, Eq. 4-10 is differentiated with respect to Cyp
dvis
=0 = Cppopt =Cs+Cp+Cp. (Eq 4-11)

dCp
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This result states that, for a given saturation voltage, the amplifier input devices should
have a gate capacitance equal to the summation of all other capacitances at the

summing node.

Substituting the optimal input device size and the amplifier noise into the

capacitance sensing resolution given in Eq. 3-11,

Acmin, opt _ l . JleTnf(CS + CI + CP)fu (Bq 4-12)
JA_f VS 3fsz .

In switched-capacitor circuits, the amplifier closed-loop bandwidth, f,, is

related to the sampling frequency, the settling accuracy, and the duty cycle as

1 1 (mY!
f, = 5= = 2%'(%2) (Eq 4-13)
where T is the amplifier time constant, n. is the number of settling time constant, and m

is the duty cycle of each sensing phase.

Substituting Eq. 4-13 into Eq. 4-12 provides the final result

Acmin, opt _ l . JSanfnt(Cs + CI + CP) . (Eq 4-14)
S

JaE v 3nmfy
This result suggests that small parasitic capacitance Cp small integrating capacitor Cj,
and short channel devices with high fr improve the optimal capacitance resolution of
the sensing circuit. Even though this equation implies that small sense capacitance Cg
improves the capacitance resolution, it actually reduces the position resolution due to

smaller dCg/dx.

After the size and transconductance of the amplifier input devices is
determined, the next step is to determine a proper load capacitance Cy to achieve the
required amplifier bandwidth. The required load capacitance can be calculated from Eq.

Al-5 of Appendix 1 as

_ C ( gm
L = (Cs+Cy+Cp+ CH,)anfu

c ~(Cg+Cp+ cn,)]. (Eq 4-15)
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Fig. 4.6: This plot shows the capacitance sensing resolution as a function of the
size of the amplifier input devices. The curve is very shallow in both directions
from the optimal point, increasing rapidly only for very small Cip/Cip,opt

Substituting g, from Eq. 4-9, f, from Eq. 4-13, and the optimal input capacitance from
Eq. 4-11 yields

CL, opt~ nrfs . (Eq 4-16)

If the actual load capacitance is larger than this value, the noise optimization can be
reiterated with a larger integrating capacitor or a larger-than-optimal amplifier should
be used. As shown in the plot in Fig. 4.6, the use of a larger-than-optimal amplifier
results in a very small increase in capacitance resolution. If the actual load capacitance
is smaller than the value given in Eq. 4-16, the noise optimization should be reiterated
with a smaller integrating capacitor. As a matter of fact, small integrating capacitors
are preferred because, according to Eq. 3-3 and Eq. 4-14, the capacitance-to-voltage
gain increases and the capacitance sensing resolution decreases with smaller integrating

capacitor.
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To demonstrate the noise and the resolution improvement due to correlated
double sampling, an example is given in Table 4.2. In this example, kT/C noise
cancellation combined with the amplifier noise optimization improves the capacitance
resolution by more than a factor of six. Unfortunately, noise optimization often results
in very large input devices with very high bias currents. To alleviate this problem, a
smaller-than-optimal input devices can be used. Fig. 4.6 shows that the sensing
resolution is fairly insensitive to Cyp, for Cyp larger than ten percent of Cyp o,. For Cpp
as small as ten percent of Cpp ., the sensing resolution increases from the optimal
value by only a factor of 1.7. Applying the ‘one-tenth rule’ to the example in Table 4.2

results in a factor-of-ten reduction in the size and bias current of the input devices.

In conclusion, the amplifier noise can be minimized at the expense of size and
power consumption of the amplifier. As the amplifier input device is made larger
(higher transconductance), the input-referred noise decreases, while the noise gain to
the output increases due to the lower feedback factor. The optimal amplifier has an
input capacitance Cjp equal to Cg+C;+Cp The optimal amplifier, unfortunately, is often
too large and consumes too much power. A suboptimal amplifier with Cjp as small as
ten percents of Cypop, offers a more reasonable size and power consumption with a

noise penalty of less than a factor of two.

Ultimately, it should be reminded that this noise optimization technique is also

applicable to synchronous detection circuits.

4.5 Noise Improvement Due to kT/C Noise Cancellation

In this section, we will examine the noise improvement due to the kT/C noise
cancellation of correlated double sampling (CDS). In the derivation of the noise
improvement factor, we will assume that kT/C noise, which typically dominates, is the

only thermal noise source for a circuit without CDS. For a circuit with CDS, the
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Table 4.2: An example to illustrate the noise improvement and input
device sizing due to correlated double sampling.

Parameters Values
Cs 1pF
G 0.1pF
Ce 5pF
fr 2GH:z ,
f; 1MHz
ng 2
ng 8
m 0.25
Vs 1
Cl?.cpt, 6’lpF
Chopt : _ 98pF
AC,,; 2.62- 10-2(F/ fHz
AC i (Without CDS) 17110/
Input device bias current* - ~30mA.
Using Cyp=0.1Cyp o5 and C;=0.2pF
Cipopt - 0.62pF
Cron T 4F
AC i , 4.86-10-DfF/ffz ;-
Input device bias current*

. ~3mA.

* The bias current is calculated using typical parameters and bias conditions for devices with Ipum

channel length.

amplifier thermal noise is assumed to be optimized as discussed in the last section, and

approximately doubled due to the double sampling of an uncorrelated white noise.

The noise

improvement factor,

improvement, is defined as

Noise

improvement =

which is essentially the resolution

2
2Versc - N2-ACu /e (Eq 4-17)

AC

min, opamp
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where the square root of two in the kT/C noise term is due to the differential signal
paths. Substituting AC;, due to the kT/C noise from Eq. 3-10 and AC,;, due to the

amplifier thermal noise from Eq. 4-14 yields

3nmfy fr
Noise improvement = o f—. (Eq 4-18)
2n £,

If a suboptimal amplifier according to the previously discussed ‘one-tenth rule’ is

applied, the noise improvement is reduced by a factor of 1.7; therefore,

nme

Noise improvement (suboptimal) = (Eq 4-19)

2nn, f
For a typical circuit where m=25%, ng=2, n,=8, and f/f;=1000, correlated double
sampling, according to Eq. 4-18 and Eq. 4-19, improves the sensing resolution by 8.5

and 4.9 times, respectively.

Three conclusions can be drawn from Eq. 4-18 and Eq. 4-19. First, the noise
improvement is not a function of the sense capacitance. This implies that, as long as the
amplifier input devices is properly sized according to Eq. 4-11, correlated double
sampling improves noise regardless of the sense capacitance values. This is because the
kT/C noise and the optimized amplifier thermal noise are approximately the same
functions of Cg. Second, the noise improvement factor is a function of fr/f;. Intuitively,
this is because kT/C noise is inversely proportional to the sampling frequency, while
the optimized amplifier noise is inversely proportional to- the cutoff frequency fy of the
devices. To achieve a meaningful improvement, the device cutoff frequency fr should
be at least 50 times higher than the sampling frequency f;. For lower ratio of fy to f,
the improvement, according to equation Eq. 4-18, becomes too small to justify the
added complexities. Third, correlated double sampling is an attractive alternative to
reducing the kT/C noise by increasing the sampling frequency. This is because, in order
to match the factor-of-8.5 improvement of CDS as shown in the above example, the

sampling frequency must be increased by a factor of 70. Such a large increase in
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Table 4.3: The effects of parameters in the position sensing interface on the
position sensing resolution.

Parameters gzﬁ:ti?s Reduction in Axp;,
C 2x 142 -2x

Cp 0.5x <J2x

fr 2x J2x

V, 2x 2x

Xo 0.5x 2x

dCrdx 2x N2 - 2x

sampling frequency significantly increases the power consumption and the difficulty in

circuit design.

4.6 Maximizing Position Sensing Resolution

In this section, we will use the result of the amplifier thermal noise
optimization to calculate the ultimate position sensing resolution for given
technologies. The obtained result provides us with a guideline to utilize or develop
technologies that will bring about higher sensing resolution. Besides, this result can be

used as a benchmark to compare the achievable resolution to the fundamental limit.

The relationship between the displacement and the capacitance variation of a

sense element, according to Eq. 3-6, is

AC

AX = 5C/dx

(Eq 4-20)

Substituting this relationship into Eq. 4-14 yields

_ c 4kTn¢n, Xq o1
Axmin, opt (CS + Cl +Cp)- 31cme ’ CS Y (Eq 4-21)
s

(N
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Substituting the parameters from Table 4.2 and assuming a transverse comb structure
with a nominal gap x, of 2um, the position sensing resolution is 9.72-10~14m/./Hz.
Furthermore, the effects of parameters in Eq. 4-21 on the position sensing resolution are

summarized in Table 4.3.

4.7 Summary

This chapter proposes that correlated double sampling (CDS), which has
traditionally been used to remove the amplifier offset and attenuate the 1/f noise, can be
extended to cancel the switch charge injection and kT/C noise due to switching
operations. With the kT/C noise removed, the amplifier thermal noise becomes the
dominant noise source and needs to be optimized. This is achieved by selecting the
input devices so that the amplifier input capacitance is equal to the sum of all other
capacitances at the summing nodes. With the amplifier noise optimized, analytical
results show that the kT/C noise cancellation reduces the thermal noise of the sensing
circuit by as much as 20dB. The expense of the noise optimization, however, is
typically an increase in power consumption of the amplifier. Finally, analytical results
show that large and tall sense elements with small gaps, small parasitic capacitance,

short channel-length devices, and large sensing voltage improve the position resolution.
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Chapter 5

Integration of Position
Sensing and High-Voltage
Driving Circuits

5.1 Introduction

Integration of the position sensing with the driving circuits is the most
challenging task in designing position sensing circuits for electrostatic
micropositioners. The issue is exacerbated when the driving and the sensing operations
Ehare a single set of micropositioner electrodes because the two signals, which are
several orders of magnitude difference in amplitude, are superimposed. This ultimately
results in the position sensing resolution being limited by nonidealities associated with
the integration of the two circuits rather than the fundamental limits imposed by the

thermal noise of the sensing electronics.

This chapter explores the interface between the two circuits and discuss
techniques that prevent undesired couplings between the two signals. Section 5.2
discusses the leakage of the sensing charge into the output of the driving circuit.
Section 5.3 investigates feedthrough, or the spurious coupling of the driving signal into
the sensing signal. Section 5.4 examines the vé.riation in the position sensing transfer
function as a result of the voltage-dependent capacitance at the rotor node. On the

contrary to Sections 5.3 and 5.4 which deal with the coupling of the driving signal into

»
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Fig. 5.1: The interface between the micropositioner, the driving circuit, and the
sensing circuit. The arrows illustrate the flow of the sensing charge. If the driving
circuit has low output impedance, the sensing charge can leak into the driving
circuit.

the sensing signal, Section 5.5 discusses the position error due to superimposing the
sensing signal on the driving signal. Finally, Section 5.6 analyzes offsets and gain
variations in the semsing circuits caused by variations and mismatches of coupling

capacitors and parasitics at the electrodes of the micropositioners.

3.2 Sensing Charge Leakage

When the sensing and the driving circuits share a single set of electrodes, the
sensing charge could leak into the low-impedance outpﬁts of the driving circuit, as
illustrated in Fig. 5.1. For example, if the driving circuit utilizes ideal voltage sources
to drive the micropositioner, all the sensing charge will flow into the driving circuit. To
minimize the sensing charge leakage, the impedance looking into the output of the
driving circuit must be high. This can be achieved by adding resistors or switches at the

output of the driving circuit.
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Fig. 5.2: Coupling resistors are added between the output of the driving circuit

and the micropositioner to block the sensing charge from leaking into the
driving circuit.

5.2.1 Coupling Resistors

As shown in Fig. 5.2, the coupling resisto.rs R are connected at the output of
the driving circuit to increase the output impedance of the driving circuit, thus reducing
the leakage of the sensing charge into the driving circuit. The coupling resistors form a
low-pass filter for the driving signal and a high-pass filter for the sensing signal.
Assuming that the output impedance of the driving circuit is small, the corner

frequencies of the two filters can be approximated as

1 1
fLPF= 2% Ro(Cog+ 2Cg + Cpp) Eq5-1)

and

fHPF = 37 ' ReCog(2Cs + Cpg) (Eq>-2)
respectively. To ensure that the driving signal is not attenuated by the low-pass filter,

fLPI-' > fdr, max (Eq 5-3)
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where fg oy is the driving bandwidth. To minimize the sensing charge leakage, the

sensing frequency must be several times higher than the high-pass corner frequency,

fupp < £ - (Eq 5-4)

According to Eq. 5-1 and Eq. 5-2, the ratio between the two corner frequencies is

2
fupp  (Cgp+2Cs+ Cpp)

- (Eq 5-5)
fipr Coo(2Cs+ Cpr) 1
Combining this result with Eq. 5-3 and Eq. 5-4 yields
2
f (Can+2Co+Cpp)
s, .-cot2-sT -pR) (Bq 5-6)

for,max  Cco(2Cs + Cpg)

As an example, for Ccg=3.5pF, Cg=1pF, Cpr=10pF, and a driving bandwidth of 2kHz,
the coupling resistors R¢, according to Eq. 5-1 and Eq. 5-3, must be at least 0.8
megaohms and the ratio between the sensing frequency and the driving bandwidth,

according to Eq. 5-6, must be much larger than 5.7 times.

In monolithic implementations, the maximum values of the coupling resistors
can be limited by the die area and the associated parasitics. A possible improvement is
to replace the coupling resistor with a resistive T-network as shown in Fig. 5.3. Because
of the additional degrees of freedom, the T-network offers more flexibility in choosing
the low-pass and the high-pass corner frequencies and potentially allows the use of

smaller resistors.

5.2.2 Coupling Switches

In switched-capacitor sensing circuits, the coupling resistors can be replaced
by switches. The switches serve two purposes. First, they decouple the driving and the
sensing circuits during the sensing period. Second, they create a time-division system
in which the driving and the sensing operations are separated in time. As illustrated in
Fig. 5.4, while the sensing circuit is reset, the driving switches are closed and the

driving voltage of the micropositioner is updated. During the sensing period, the
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Fig. 5.3: The coupling resistor R can be replaced by a resistor T-network.
The equivalent n-network of the T-network is shown on the right side.
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Fig. 5.4: Coupling resistors are replaced by the switches, which decouple the
driving circuit from the sensing circuit during the sensing period.

Cs. 4 i Crr =

driving switches are opened and the two circuits are decoupled. For ideal switches, the
feedthrough capacitance, or Cgy, are equal to zero; therefore, the driving and the
sensing circuits are entirely separated. In practice, the feedthrough capacitance results
in the coupling of the driving signal into the sensing signal, as will be discussed in

Section 5.3.
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Fig. 5.5: Charge pumps generate the driving voltages for the micropositioner
and also function as switches to decouple the driving and the sensing circuits
during the sensing phase.

The advantages of the switches are the first-order isolation between the
sensing and the driving circuits and the much smaller die area compared to the coupling
resistors. Unfortunately, generating the control signals for the switches can be
complicated because of the high voltages involved. This problem is exacerbated in the
rotor switch because the driving voltage V4, can vary rail-to-rail, or from Vy;,, to
Vpias.- Furthermore, tl-le driving voltage can modulate the junction capacitance of the
rotor switch, or C;; in Fig. 5.4. This, in turns, changes the capacitance-to-voltage gain

of the sensing circuit. This issue is further discussed in Section 5.4.

To avoid the difficulty in generating the high-voltage control signals for the
switches, charge pumps [25], [26] should be used to implement the driving circuit
because their output stages function similarly to switches. A charge pump—a proposed
technique to generate high voltages for the micropositioner from a low-voltage

supply— consists of cascaded stages of diodes and capacitors driven by two
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out-of-phase clock signals. In the example in Fig. 5.5, the micropositioner is driven by
three three-stage charge pumps. The output of the charge pump at the rotor is regulated
by an adjustable current source I 4 in order to generate the time-varying driving voltage
Vg, for the rotor. The pull-down current source I 4 is needed because a charge pump can

only pump charges in the direction of increasing the output voltage.

Examining the operation of the charge pump reveals that when the one of the
clock phases becomes low, the following diodes are reverse biased and functions as an
open switches. Hence, by driving the charge pump with the same clock as the sensing
circuit as shown in Fig. 5.5, the last diodes of the charge pumps can be used to isolate
the driving and the sensing circuit similarly to the switches in Fig. 5.4. In addition to
turning off the diode, the pull-down current source must be turned off and have a high
output impedance while the sensing operation is being performed. Furthermore, the
pull-down current source must be bootstrapped to ensure that any associated junction

capacitance is biased by a constant voltage (See an example in Fig. 5.10).

5.3 Feedthrough

Feedthrough, as conceptually shown in Fig. 5.6, is the spurious coupling of the
driving signal into the sensing signal. Since the driving voltage is typically several
orders of magnitude larger than the position signal, feedthrough is an important issue
and often is the factor limiting the resolution of the sensing circuit. Additionally,
feedthrough can degrade the stability of a closed-loop system. Feedthrough with the
same polarity as the position signal adds a pair of complex conjugated zeros which
draw the closed-loop poles closer to the imaginary axis. Feedthrough with the opposite
polarity to the position signal adds a pair of real zeros, one in the left-half plane and
one in the right-half plane, which can cause the system to become unstable. Typically,
the allowable feedthrough is determined by the position resolution requirement. Hence,

this criteria will be used in the following discussion.
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Fig. 5.6: A conceptual diagram of the micropositioner and the position sensing
circuit. Feedthrough is modeled as the transfer function Hgr.

For a sampled-data system such as a switched-capacitor sensing circuit,
feedthrough is usually a function of the variation in the driving voltage during the
sensing period; -“therefore, the feedthrough transfer function is shaped by the

differentiation function 1-2z  and can be written as

Vo, 1(2)
Vdr(z)

where V,, ¢, is the feedthrough component in the output voltage as shown in Fig. 5.6,

= (1-2 ) Hpp(2) (Eq 5-7)

Hgr is the feedthrough transfer function, and m is the ratio of the sensing period to the
total clock period. Mapping from the z-domain into the frequency domain and assuming

that the driving frequency is much smaller than the sensing frequency yields

Vo, ft(f) 21I:fdrm

To ensure that feedthrough does not degrade the position sensing accuracy,

Vo, ft(max) < Vo(min) * (Eq 5-9)

Substituting Eq. 5-8 into Eq. 5-9 and rearranging the terms yield

fdr (vo(min))
Ho'f < Zamov, — - (Eq 5-10)



5.3 Feedthrough 64

A .9C %o
Xmin " Fx " 4C s
= : q5-11)
2nm - Vdr, max

The obtained result will be used in Section 5.3.2, where the means to reduce

feedthrough will be discussed.

5.3.1 Sources of Feedthrough

In this section, we will discuss sources of feedthrough and divide them into

two categories according to their mechanisms.

5.3.1.1 Direct Feedthrough

Direct feedthrough is defined as the coupling of the driving signal V4, into the
sensing signal at the rotor node and usually is the main contributor of feedthrough. For
the circuits in Fig. 5.2 and Fig. 5.3, the transfer function of direct feedthrough is

calculated from Eq. 3-17 and Eq. 3-18 as

Ce ACq
Hep = e Co+Cps+Cg) C; (Eq 5-12)

For circuits using coupling resistors as in Fig. 5.2, ygr is equal to one. For circuits using
coupling switches as in Fig. 5.3, ygr or the switch feedthrough is ideally zero. In
practice, the feedthrough of the coupling switches, or gy, can be as high as -40dB due

to the feedthrough capacitors, or Cgy as shown in Fig. 5.3 [27].

Eq. 5-12 also suggests that direct feedthrough is proportional to the mismatch
in the sense capacitance, or ACg. Intuitively, this is because if the differential signal
paths are matched, feedthrough will appear equally on both signal paths and become a

common-mode signal. Hence, the worst-case transfer function is

C AC
= . c T S(max) i
HFT(max) = YFr (CC +Cpg + CS) C, » (Eq 5-13)
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dC
Ce Vmx dx 5-14
= Yer- Co+Cps+Cs) G ' (Eq3-14)

For typical parameters—Axy,,=21um, dC/dx=50fF/um, Cc=3.5pF, Cpg=7pF,
CS=CI=1PF’

H o may = 003 YeT - (Eq 5-15)

5.3.1.2 Indirect Feedthrough

Indirect feedthrough is defined as the feedthrough which is caused by
parasitics and nonidealities such as coupling through power supply and ground
networks, coupling between bond wires, and substrate coupling. Because of its nature,
deriving the transfer function of indirect feedthrough is complicated and the result is
highly dependent on the circuit implementation. With precautions such as
fully-differential sensing electronics and symmetrical circuit layout, indirect

feedthrough is expected to be smaller than direct feedthrough.

5.3.2 Minimizing Feedthrough

In this section, we will assume that the feedthrough transfer function, or Hgy,

is given and will investigate techniques that minimize the effects of feedthrough. Table

5.1 summarizes these techniques.

. - . . d ;
Increasing the position sensing gain, or d—‘é’., makes the feedthrough appear

relatively smaller. However, the increase in the position sensing gain must not be
offseted by the increase in the feedthrough transfer function. For direct feedthrough,
this can be achieved by increasing the coupling capacitor Ccg and the sensing voltage

Vg and minimizing the parasitic capacitances Cpg and Cpg.

In theory, an effective approach to eliminate feedthrough is to characterize the

feedthrough transfer function and perform a subtraction to remove the feedthrough
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Table 5.1: A summary of techniques to reduce feedthrough

Techniques Description/comments

Maximizing position | Limited by the size of coupling capacitors,parasitics,etc.
sensing gain Can increase feedthrough, if not done properly.

Cancellation Rely on tight control over fabrication tolerances.

Frequency separation | Require very high sensing frequency.
Interference with the read channel of disk drives.

Correlated triple Add an additional order of feedthrough shaping func-
sampling (CTS) tion, thus requiring smaller sensing frequency.

Chopper stabilization | Modulate feedthrough to outside the signal band.
Need to combine with correlated double sampling to
remove kT/C noise.

component from the sensing signal. In practice, this technique relies extremely on tight
control ovér fabrication tolerances. This problem is exacerbated if the micropositioner,
the high-voltage driving circuit, and the sensing circuit are not integrated
monolithically because the values of external parasitics are not well-controlled.

Furthermore, drift or long-term stability reduces the effectiveness of this method.

The frequency separation approach reduces the feedthrough by minimizing the
variation in the driving voltage during the sensing period. This approach, however,
requires a very high sensing frequency. To decrease the sensing frequency requirement,
correlated triple sampling can be utilized to achieve a second-order feedthrough
shaping. Chopper stabilization, however, is potentially the most effective method to
minimize feedthrough because feedthrough is modulated to outside the signal band,

thus allowing it to be removed by a low-pass filter.

In the following subsections, the frequency separation, correlated triple

sampling, and chopper stabilization techniques will be discussed in details.
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5.3.2.1 Frequency Separation

As discussed earlier, feedthrough is normally a function of the variation in the
driving voltage during the sensing period; hence, it can be reduced by choosing the
sensing frequency to be much higher than the driving frequency. The minimum ratio
between the sensing frequency and the driving frequency which reduces feedthrough to

below position resolution is calculated from Eq. 5-11 as

f 2xm-V
&> H - dhmax (Eq 5-16)
Y- -

*min " dx ' dC

As an example, we substitute the transfer function of direct feedthrough (Eq.

5-14) and dv/dC (Eq. 3-19) into Eq. 5-16,

S

f Yer - (2TmMA ) - (Cprpn+ Cpp +2Cc) - SNR
- > FT dr(max) = 30 PR S (Eq 5-17)

dr(max) Co"s
For typical parameters—Cg=1pF, Cco=3.5pF, Cpr=10pF, SNR=46dB, Ag n,x=80V,

m=0.25, V=5V,

f

]

>22000 - Yer . (Eq 5-18)
fdr(max) FT d

For circuits using coupling resistors, Ygr is equal to one and

f

s

: > 22000 . (Eq 5-19)
dr(max)

For circuits using coupling switches, Ygr can be as high as -40dB [27],

fS

fdr(max)

>220. (Eq 5-20)

In practice, high sensing frequencies should be avoided because they increase
the power consumption and complicate the system design. Furthermore, in magnetic
disk drive applications, the sensing frequency should not be higher than one megahertz
to avoid interfence with the read channel, which normally extends from a few
megahertz up to a few hundred megahertz. According to Eq. 5-19 and Eq. 5-20 and a
driving bandwidth of 2kHz, the sensing frequency must be at least 44MHz and 440kHz
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for circuits using coupling resistors and coupling switches, respectively. Hence, to
avoid the interference, coupling switches and frequency separation must be usc.:d in
combination. The experimental results from the prototype described in Chapter 6,
however, show that feedthrough is still the factor limiting the resolution, despite using
coupling switches and a sensing frequency of 1MHz. This is likely due to the slewing
and incomplete settling in the rotor driving circuit. Because of this reason, it is

necessary to investigate other methods which offer better rejection of feedthrough.

5.3.2.2 Correlated Triple Sampling

The concept of correlated triple sampling (CTS) is to make three
measurements instead of two measurements as in correlated double sampling (CDS).
Unlike the 1/f noise which is attenuated by the 1-z"™ shaping function of CDS,

feedthrough requires the extra sampling of CTS to attain the same shaping function.

The operations of correlated triple sampling are best explained by examining
the output of the sensing circuit shown in Fig. 5.7. This circuit is a generic
switched-capacitor sensing circuit which can perform CDS or CTS by employing
appropriate output decoder and switching sequence of switch S;. To simplify the
explanations, two approximations will be made: the amplifier settling time is much
shorter than each sensing period (¢syn) and the bandwidth of driving voltage is much
smaller than the sensing frequency. Furthermore, we will define that o is the
capacitance sensing transfer function, Hgr is the feedthfough transfer function, and
AV 4 is the change in the driving voltage during each sensing period. For the circuit in

Fig. 5.7a,

Ceo Ce ACq

Using these assumptions and definitions, the voltages at the input of the

decoder at different time in Fig. 5.7b to Fig. 5.7d can be written as
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Fig. 5.7: a) A generic switched-capacitor sensing circuit with a decoder at the
output to perform CDS or CTS. Feedthrough is modeled as transfer function Hgr.
b) to d) show outputs v, of circuits without CDS, with CDS, and with CTS,
respectively.
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Vo1 = 0(-Vg) (Eq 5-22)
Voa = A(=Vg) +Hpp(AV, ) (Eq 5-23)
Vo3 = &(Vg) +Hpp(AVy ) (Eq 5-24)
Vos = ®(Vg)+Hpp(AVy +AV, ) (Eq 5-25)
Vos = 0(=Vg) + Hep(AVy +AV, ) (Eq 5-26)
Vos = A(=Vg) +Hpp(AVyy + AV, + AV ) (Eq 5-27)

Next, we will derive the decoder output v, of each circuit. For a sensing circuit

without correlated sampling (Fig. 5.7b), the decoder output is

Vox = V3 = = 0Vg+Hpp(AVy ) . (Eq 5-28)

With correlated double sampling (Fig. 5.7c), the decoder output is

Vox,CDS = V4~ Vy = 20Vg+Hep(AV ) . (Eq 5-29)

With correlated triple sampling (Fig. 5.7d), the decoder output is

Vox,cTs = (Ve= V)= (v4=V,) = 40V +Hp(AV 3 —AV,,) (Eq 5-30)
The results from Eq. 5-28 and Eq. 5-29 show that a sensing circuit with
correlated double sampling yields the same feedthrough transfer function as a circuit
without correlated double sampling. Only correlated triple sampl'ing, as shown in Eq.
5-30, provides further attenuation of feedthrough. The feedthrough transfer function of

a circuit with CTS can be calculated from Eq. 5-30 as

Vo, £(2) _ -m,2

Vo - 477 ) Her@ (Eq 5-31)
and

Vo q(f) (2nfym 2

V() ”[ £, “Hep(f) - (Eq 5-32)

In comparison, the feedthrough transfer function of a circuit without CTS is given in

Eq. 5-7 and Eq. 5-8. In frequency domain, the improvement due to CTS is equal to

f
S . As aresult, Eq. 5-10 and Eq. 5-18 become
2nfy,m

il
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ax..9€ o
f4, Y *max "dx "dC
H_ - T | < 3 (Eq 5-33)
T \%)  (2mm)”: Var, max - SNR
and
fs 8 (Eq 5-34)
—>118- fYpr» q -
fclr(max) FT
respectively. For circuits using coupling resistors, Ygr is equal to one and
fS
f >118. (Eq 5-35)
dr(max)
For circuits using coupling switches with ygr of -40dB [27],
f
f >11.8. (Eq 5-36)
dr(max)

Comparing Eq. 5-35 to Eq. 5-19 and Eq. 5-36 to Eq. 5-20 shows that correlated triple
sampling lowers the frequency separation requirements by factors of 186 and 18.6,

respectively.

5.3.2.3 Chopper Stabilization

The principle of chopper stabilization is illustrated in the block diagram in Fig.
5.8. This diagram demonstrates that chopper stabilization can eliminate feedthrough in
addition to the 1/f noise. Unlike correlated triple sampling which shapes and attenuates
feedthrough, chopper stabilization modulates feedthrough up to the chopping
frequency, f.. Therefore, by choosing the chopping frequency to be at least twice the
driving bandwidth, feedthrough is modulated to outside the signal band and can be
removed by a low-pass filter. To ease the requirements of the low-pass filter and to
reduce the phase delay induced by the filter, the chopping frequency should be several

times higher than twice the driving bandwidth,

£, » 2+ fg max - (Eq 5-37)
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Fig. 5.8: a) A conceptual diagram showing how chopper stabilization
can be used to eliminate feedthrough. b) Power spectrum of the signal
and feedthrough at different nodes.

In addition, the demodulation should be performed after considerable gain has been
added to the sensing signal in order to minimize the feedthrough which couples in after

the demodulator.

Chopper stabilization can be implemented in different forms.The synchronous
detection scheme discussed in Section 3.2.1 is inherently a chopper stabilizer. For
switched-capacitor sensing circuits, chopper stabilization can be implemented by
alternating between positive and negative sensing voltage Vg from period to period.

This technique results in a chopping frequency equal to one-half of the sensing
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Fig. 5.9: Output v, of the circuit in Fig. 5.7 over two-consecutive periods
when both chopper stabilization and correlated double sampling are
implemented.

frequency. Furthermore, chopper stabilization can be used in combination with
correlated double sampling to eliminate both kT/C noise and feedthrough. Fig. 5.9
shows the output v, of the circuit in Fig 5.7 when implementing both chopper

stabilization and correlated double sampling.

5.4 Voltage-Dependent Capacitance

Driving circuits for micropositioners often have voltage-dependent junction
capacitance connected to the outputs at the rotor nodes. Unlike feedthrough which adds
to the position signal, voltage-dependent capacitance at the rotor node modulates the

position sensing transfer function by varying the capacitive voltage dividing ratio,

To facilitate the discussion, the capacitance-to-voltage transfer function from Eq. 3-19
is repeated here

Hoo = Yo __ Cco : Ce s (Eq 5-39)
CV = ACs ~ |Cpr+Cep+2Cs) |Cc+Cps+Cs ) G 49
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From Eq. 5-39, the variation in the transfer function is equal to

dHcy _ —Hey
(Cpr+Cy+2Cs)

To assure that the variation in the transfer function, or AHcy, causes an output

error which is smaller than the position resolution,

v
(ACg 1max " (Hey + [AHcy|)) = (ACg 1y - Hey) < %;5 (Eq 5-41)
or
Hey

|AHev| < 53R - (Eq 5-42)

Substituting Eq. 5-40 into Eq. 5-42 yields
AC (Cpr + CCO+2CS) 543
|ACpg| < SNR : (Eq 5-43)

As an example, for Cpp=10pF, C¢=3.5pF, Cg=1pF, and SNR=46dB, ACpg must be less

than 72.5fF.

Due to the large variations in the driving voltage, ACpg can be larger than
72.5fF. To avoid this problem, the output devices at the rotor node should be
bootstrapped to ensure that the variation of the junction capacitance is smaller than the
value given by Eq. 5-43. As illustrated in Fig. 5.10, the bootstrapping buffer should be
connected to Vg via a switch instead of the rotor node to avoid adding its nonlinear
input capacitance back to the rotor node. An alternative to bootstrapping is to
characterize the variation in the capacitance and perform a self-calibration to

compensate for the variation in the capacitive-to-voltage gain.

5.5 Sense-Force Error

In the last two sections, we discussed problems caused by the driving voltages.
In this section, we will discuss the opposite. For a micropositioner with single set of

electrodes, the sensing voltage which is superimposed on the driving voltage causes the
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ORrs

Fig. 5.10: The voltage-dependent capacitance Cy, is bootstrapped by a buffer.
The input of the buffer is connected to V4 instéad of the rotor node to avoid
adding its nonlinear input capacitance to the rotor node.

micropositioner to oscillate at the sensing frequency. This position error is commonly
called ‘sense-force error’ and is described in reference [28] for capacitive position

sensing for microsensors.

For micropositioners, the amplitude of the oscillation must be restricted to be
smaller than the required position accuracy. For a sensing frequency much higher than
the resonant frequency of the micropositioner, the position error can be obtained from

Eq. 2-23 and Eq. 3-16 as

2 2
e (oo ) A B 540
Vg fSZ Ceo+Cpr +2Cg fSZ
where
dx k Vb'
a, = v, = — 3 128 (Eq 5-45)
r @Nm

is the DC gain of the micropositioner, k, is the voltage-to-force gain, ®y is the resonant

frequency, m is the mass of the moving element, and V. is the stator bias voltages.
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This equation suggests that the sensing frequency must be several times higher
than the natural frequency of the micropositioner in order to minimize the position
error. As an example, for a micropositioner and a sensing circuit with ag=0.1pm/V,
Cco=3.5pF, Cpr=10pF, Cg=1pF, Vg=5V, the sensing frequency must be at least 11 times
higher than the natural frequency of the micropositioner to reduce the position error to

within 1nm.

5.6 Variations and Mismatches in Coupling Capacitors and

Off-Chip Parasitics

Derivations in Section 3.4.2 show that Cg, C¢, Cpg, and Cpg form capacitive
dividers in the signal path; therefore, variations of these capacitors modifies the
dividing ratio, thus producing gain errors. The sensitivity of the position sensing

transfer function, or Hcy, to the capacitance variations is defined as

MHoy) AHey/H
Hey - _C [ZZ€v|__¢cv/7cv
5S¢ ®Hay (dC ]‘ AC/C (Eq 5-46)

By substituting Hoy from Eq. 5-39 into Eq. 5-46,

CPR + ZCS

ng;' = Cpp+Cgg*2Cs” (Eq 347
e

Sl;,c,: = Cop+ c::: ¥2C5" (Eq 5-48)

ng,‘s' = ﬁ. (Eq 5-50)

These four equations suggest that maximizing Ccg and C¢ and minimizing Cpg and Cpg
reduce the sensitivities to capacitance variations. Due to the die area and parasitics

constraints, Ccg and C¢ are usually smaller than Cpp and Cpg and the magnitudes of
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these sensitivities are normally in the range of 0.5 to 0.8. This implies that the
variations in these capacitors must be limited to approximately the same order as the

allowable gain error.

Examining the position sensing circuit for micropositioners reveals that
mismatches in coupling capacitors Cc and parasitic capacitor Cpg produce output

offsets. The offsets due to these mismatches can be calculated from Eq. 3-16 to Eq.

3-18 as
AV Co(Ce + Cpe) ( C
o__ Cs(Cs+Cps . Co Vg (Bq 5-51)
ACc Cy(Cg+Ce+Cpg)? (Ceo+Cpr+2Cs
and
AV -C:.C ( C
o _ S™C - Co ) Vs ) (Eq 5-52)
ACps  Cy(Cg+Cc+Cpg)? {Cco+Cpr +2Cs

Compared these offset transfer function to the position sensing transfer function yields

AV /ACg C(Cg+Cc+Cpg) -

and

AV /ACpq 3 Cg
AV /ACg  (Cg+Cpc+Cpg)

(Eq 5-54)

For Cg=1pF, Cc=3.5pF, and Cpg=7pF, the sensitivities to ACc and ACpg are
19.9% and 8.7% of the sensitivity to ACg, respectively. For a capacitor matching of
0.5%, ACc is equal to 17.5fF and the offset due to AC( is equivalent to ACg of 3.5fF.
For Cpg, the mismatch can be as large as several hundred -femtofarads depending on the
assembly technique and the implementation of the high-voltage driving circuit.
Assuming a ACpg of 100fF, the offset due to ACpg is equivalent to ACg of 8.7fF. Unlike
the offset due to the sensing electronics, offsets due to mismatches in C and Cpg
cannot be attenuated by correlated double sampling or chopper stabilization and usually

dominate the overall offset.
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Table 5.2: A summary of techniques to reduce the gain variation and offset. (‘X’
signifies that the means is effective.)

Techniques G.au.] Offset
variation

Large coupling capacitors X X
Monolithic implementation of the driv- X X
ing circuit, flip-chip bonding,

chip-on-board, etc.

Common-centroid layout of C¢ X
Calibration and trimming X X
Micropositioner with two sets of stators X X

Table 5.2 summarizes techniques that can be used to reduce the gain variation
and offset. First, Eq. 5-47 to Eq. 5-50 suggest maximizing Ccy and C¢, and Eq. 5-53
and Eq. 5-54 suggest maximizing Cc. Second, implementing the driving circuit
monolithically and utilizing assembly techniques such as flip-chip bonding and
chip-on-board reduce parasitics and result in a better-controlled and better-matched
parasitics. The outcome is a higher and more precise gain and a smaller offset. Third,
the mismatch in C¢ can be minimized by a proper layout such as the common-centroid
geometry. Next, offset and gain variation can be reduced by trimming or by
post-processing operations such as digital calibration. Lastly, a micropositioner with
two sets of stator electrodes, as will be discussed in the Appendix 3, eliminates the need
for coupling capacitors to shield the driving voltage. Therefore, the signal attenuation

due to capacitive voltage divider, gain error, and offset are eliminated.
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5.7 Summary

In this chapter, we have investigated issues related to the interface between
capacitive position sensing and electrostatic actuation, namely the sensing charge
leakage, feedthrough, voltage-dependent capacitance at the rotor node, sense-force
error, and gain variations and offsets due to coupling capacitors and off-chip parasitics.
Among these issues, feedthrough is the most critical one because the driving signals are
often four to five orders of magnitude larger than the position signals. Ideally,
feedthrough can be eliminated by utilizing coupling switches to isolate the driving and
the sensing circuits during the sensing period. In practice, nonidealities contribute to
feedthrough which cannot be removed by this technique. Techniques to further reduce
the feedthrough includes frequency division, correlated triple sampling, chopper
stabilization, and modeling and subtracting the error from the output. Among these
techniques, chopper stabilization is potentially the most effective method because it

translates feedthrough to outside the signal band and does not rely on any modeling.

In addition to feedthrough, voltage-dependent capacitance at the rotor node
must be minimized to avoid modulating the sensing transfer function. Increasing the
output impedance of the driving circuit by using large resistors or switches minimizes
the leékage of the sensing charge. Sense-force error may be reduced to negligible levels
by choosing the sensing frequency to be much higher than the natural frequency of the
micropositioner. Gain variations and offsets due to coupling capacitors and off-chip

parasitics can be reduced by a combination of techniques summarized in Table 5.2.
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Chapter 6

Prototype Design and
Measurement Results

6.1 Introduction

This chapter describes a prototype implementation and experimental
verification of a closed-loop electrostatic micropositioner for a disk drive application.
The target specifications are listed in Table 6.1. These specifications are modified from
those presented in Table 1.1 to reflect the limited force constant of the micropositioner

used in this experiment.

As we have seen in the previous chapters, a position sensing circuit for a
micropositioner cannot be developed as an independent building block because its
design is closely linked to the design of the micropositioner and the high-voltage
driving circuit. In this chapter, all the building blocks that are required to implement a
closed-loop electrostatic positioning system as shown in Figure 6.1 will be described.
We will begin with the description of the micropositioner. This is followed by the
design of the high-voltage driving circuit, the position sensing circuit, and the feedback

controller, respectively. Finally, the measurement results will be presented.
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Table 6.1: Target specifications for the closed-loop electrostatic positioning system.

Parameters Values
— m
Maximum force 80uN
Maximum driving voltage 140V
Maximum displacement +ipm
Position accuracy 10nm
Bandwidth 1kHz
Position sensing sensitivity ~50mV/um
-] xo
(2 High-voltage i " Position
Vi T\ avecirour [ | MeRosEoner ook
Controller

Fig. 6.1: Block diagram of a closed-loop electrostatic positioning system.

6.2 Micropositioner

Several electrostatic micropositioners [5]-[7] have been developed for the

magnetic disk drive application described in Chapter 1. The experiment described in

this chapter, however, employs the micropositioner described in reference [7]. Figure

6.2 shows an SEM of this micropositioner with a pico-slider bonded to the moving

element, or the rotor. This micropositioner utilizes a transverse comb structure with a
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Slider

Rotor

Electrodes

Stator

a2yl

Fig. 6.2: An SEM of the 2.2mmx2.0mm micropositioner used in this study. A
1.2mmx1.0mmx0.3mm slider is mounted on top of the rotor. (Courtesy of D.

Horsley, UC Berkeley.)

Table 6.2: Parameters of the micropositioner with a slider

payload and stator bias voltages of +40 V- [7]

Parameters Source” Value
Nominal gap (um) D 10
Structure thickness (Ltm) D 20
Total capacitance (fF) C 330
dC/dx (fF/um) C 68
Rotor mass, m (lLg) I 44
Pico slider mass, mg (lLg) I 1600
Voltage-to-force gain, k, (nN/V?) I 50
Mechanical spring constant, k;;; (N/m) I 29
Electrostatic spring constant, k, (N/m/V?) I 5.9-1073
Damping coefficient, b (N/(m/s)) I 1.03-10~*
Voltage-to-position DC gain (Lm/V) M 0.10
Resonant frequency, o, (Hz) M 550
Quality factor, Q M 55

*: D=Designed Value, C=Calculation, M=Measurement, I=Inferred from measurements
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single set of electrodes for both electrostatic actuation and capacitive position sensing.

Table 6.2 summarizes the parameters of the micropositioner.

6.3 Position Sensing Circuit

In order to achieve the required position resolution and dynamic range with the
micropositioners described in references [5], [6], [7], the prototype position sensing
circuit is designed to measure capacitance variations between 0.5fF and 350fF for
nominal sense capacitances up to 2.5 pF. Meanwhile, parasitics at the rotor (Cpg) and

the stator nodes (Cpg) are estimated to be as large as 10pF and 7pF, respectively.

Fig. 6.3 shows a simplified circuit and clock diagram of the sensing circuit.
The circuit consists of three stages: a front-end capacitance sensing circuit or a charge
integrator, a preamplifier, and an output buffer. The circuit incorporates the following
concepts that have been discussed in the previous chapters: switched-capacitor sensing
scheme (Section 3.2.2), pseudo-differential topology (Section 3.3), higl-l-voltage
shielding capacitors (Section 3.4), correlated double sampling (Section 4.3), time-

division technique (Section 5.2.2), and frequency separation (Section 5.3.2).

The operations of the circuit are divided into three phases. The reset phase, or
Ors. has a duty cycle of 50%, while each of the sensing phase (¢gn; and ¢gn3) has a
duty cycle of 25%. During ¢gg, the charge integrator and the preamplifier are reset, and
the driving circuit is connected to the micropositioner, which is modeled as the
capacitor Cg. At the end of ¢grg, the driving circuit is disconnected from the
micropositioner, and the charge integrator and the preamplifier are released from the
reference voltage. During ¢gn, the offset, 1/f noise, switch-charge injection, and kT/C
noise of the charge integrator and the preamplifier are stored on Cy. At the end of this
phase, the top plate of Cy is released from the reference. During ¢gn3. the sensing

voltage is applied by reconnecting C¢q from -Vg to +Vg. The output of the preamplifier,
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Fig. 6.3: Simplified diagram of the position sensing circuit showing
operations during the three phases.
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Fig. 6.5: Complete clock diagram of the prototype sensing circuit. Delays
and non-overlappings are indicated with arrows.

which contains both the signal and the error, is subtracted by the error voltage
previously stored in Cy. Since the errors remain virtually unchanged during ¢gy; and
dsn2- the output voltage v, contains only the signal. Meanwhile, the buffer samples the

output v, during ¢gy; and performs evaluation during ¢gs.

The complete circuit and clock diagrams are shown in Fig. 6.4 and Fig. 6.5,
respectively. The clock diagram in Fig. 6.5 shows ¢cps. ¢gpyp and early and delay
phases in addition to the three phases described earlier. ¢cpg spans the same period as
both ¢pg and ¢gn;, While dgyr spans the same period as both ¢gy; and $gn,. The non-
overlapping, early, and delay phases are needed to ensure proper operations and

minimize switch charge injection.



6.3 Position Sensing Circuit 87

The prototype was fabricated in a 1.2-um 5-V double-poly double-metal n-well
CMOS process, has a total die area of 2.2x2.2mm?, and dissipates 26mW. The operating
frequency is chosen as 1MHz due to three reasons. First, to attenuate the 1/f noise by
correlated double sampling (Eq. 4-6), the sampling frequency must be at least in the
same order as the 1/f noise corner of the devices, which is approximately 1MHz for
minimum length devices in this process. Second, the discussion of feedthrough in
Section 5.3 demonstrates that a higher separation between sensing and driving
frequency provides a larger attenuation of feedthrough. Third, the sampling frequency
should not be higher than one megahertz to avoid interference with the read channel of

the disk drive, which extends from a few megahertz up to several hundreds megahertz.

In the following sections, we will describe the design of each building block of

the prototype sensing circuit.

6.3.1 High-Voltage Interface

To allow the sensing electronics to be fabricated in a conventional low-voltage
technology, the sensing circuitry must be shielded from the driving voltages of the
micropositioner, which can be as high as *40V. This can be achieved by utilizing

coupling capacitors as described in Section 3.4.

Fig. 6.6 shows the high-voltage interface of the sensing circuit along with the
micropositioner and the high-voltage driving circuit. The driving circuit incorporates
output switches which are driven by the reset clock ¢rgo. These switches restrict the
driving voltage to be updated only while the sensing circuit is reset and decouple the
driving circuit from the sensing circuit during the sensing period. This time-division

technique was discussed in Section 5.2.2.

Metal-metal coupling capacitors are inserted between the charge integrator

and the micropositioner to shield the sensing circuit from the driving voltages. The
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Fig. 6.6: Circuit diagram of the high-voltage interface

oxide thickness of 7500 Angstroms between the two metal layers permits driving
voltages as high as 225 volts, without exceeding the oxide breakdown field of
3x10%V/cm. The top-plates of the coupling capacitors are connected to the high voltage
nodes to avoid adding bottom-plate parasitics to the loads of the high-voltage driving
circuit. This configuration, however, adds bottom-plate parasitics of C¢ to the charge
integrator summing nodes, thus resulting in a reduction in the feedback factor, and
increases in noise and power consumption. Nevertheless, Eq. 3-22, Eq. 3-23, and the
plot in Fig. 6.7 shows that the reduction in resolution is only approximately ten percent

compared to connecting the bottom plates to the high-voltage nodes.

All the coupling capacitors are chosen, according to Eq. 3-22, as 2.4pF to
achieve the required capacitance resolution for estimated parasitics at the rotor (Cpg) of
10pF and parasitics at the stator (Cpg) of 7pF. According to Fig. 6.7, even though the

coupling capacitors Cc of 2.4pF are 30 percent smaller than the optimal value, the
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Fig. 6.7: Relationships between capacitance sensing resolution and the size of
coupling capacitors C¢ for Cg=0.33pF, C;=1pF, Cgsp=2pF, Cpr=10pF, Cps=7pF,
V=5V, f /f=7, Ccp=Cc, and an amplifier input-referred noise of 4nV/./Hz.

resolution decreases by only ten percent. Higher resolution, if needed, can be achieved

by using larger Cc and optimal Cc.

Furthermore, ESD protection devices are added at the inputs of the charge
integrator to protect the amplifier input devices from an electrostatic discharge or a
sudden change in the driving voltage while the sensing circuit is not being operated.
Unlike typical circuits, ESD protection devices cannot be located at the pads, or the
top-plate of the coupling capacitors, because they would be turned on by the high-
voltage drive of the micropositioner. These devices add approximately 2pF of parasitic

capacitance to the charge integrator summing nodes.

6.3.2 Charge Integrator and Preamplifier

Fig. 6.8 shows the circuit diagram of the charge integrator and the
preamplifier. Correlated double sampling (Section 4.3) is performed at the output of the

preamplifier using error-storage capacitors Cy and a few switches. This particular CDS
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Fig. 6.8: Circuit diagram of the charge integrator, preamplifier, and the
error-storage capacitor (Cy) for correlated double sampling.

scheme attenuates the offset, 1/f noise, switch-charge injection, and kT/C noise of both
the charge integrator and the preamplifier with minimal increase in circuit and clock

complexities.

«
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The operations of the charge integrator, the preamplifier, and CDS was
explained earlier in this section. In contrast to the simplified circuit shown in Fig. 6.3,
the reset switches of the charge integrator and the preamplifier are opened in
consequence when ¢gg and its delay phases go high in order to minimize the charge
injection. Additionally, because Vg_ is typically the ground voltage and Vg, is typically
the supply voltage, Cqq is connected to VcMo: which is approximately half the supply
voltage, during the reset phase to equalize the negative and positive sensing pulses,

thus avoiding adding an offset to the micropositioner driving voltage V..

For the charge integrator, the total parasitic capacitance at each summing node
is approximately 7pF—contributed mainly by the coupling capacitor C¢, its bottom-
plate parasitics, and the ESD protection devices. Choosing an integrating capacitor of
i.2pF yields a feedback factor of 1/7, a reasonable trade-off between signal gain, noise,
and amplifier bandwidth. For the preamplifier, the sampling capacitors and the
integrating capacitors are chosen as 2.0pF and 0.4pF, respectively, to achieve a gain of
five and the same feedback factor as the charge integrator. The error-storage capacitors
Cy are chosen as 3pF to achieve a high signal coupling to the sampling capacitors of the
buffer, Cg3. For Cg3 equal to 0.5pF, the voltage transfer ratio is roughly 0.8, reducing
the effective gain of the preamplifier to 4.0. By choosing similar load capacitances and
feedback factors for the charge integrator and the preamplifier, identical amplifiers can
be used in both stages. Despite using the pseudo-differential topology, the input
common-mode shift (Section 3.3) of the charge integrator is not an issue. This is
because small signal coupling through the coupling capacitors results in a common-
mode shift of only 100mV. Furthermore, the offset and gain error due to the input
common-mode shift is much smaller than those due to the variations and mismatches of

off-chip parasitics Cpg and Cpg.

In switched-capacitor sensing circuits, the amplifier DC gain and settling

accuracy are typically determined from the dynamic range of the system. In the
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prototype application, the dynamic range is calculated from the maximum sensing range
of 2um and the resolution of 10nm, and is equal to 200 or 46dB. Taking into account
the offset due to the amplifiers and the external parasitics Cpg and Cpg which could be
a few times larger than the signal, the amplifiers in the prototype are designed for a
dynamic range of 1000 or 60dB. To avoid nonlinearities due to the variation in the
amplifier gain and settling accuracy, the amplifier must have a gain of at least 1000 and
a settling accuracy better than 1/1000 or 0.1%. For a first-order system and ignoring
slewing, a settling of 0.1% translates into a settling of seven time constants. For the
charge integrator and the preamplifier which settle in cascade, each stage must settle to
nine time constants in order to achieve the same settling accuracy. In this
implementation, the amplifiers for both stages are identical and have closed-loop

bandwidths of approximately 7MHz and settle to ten time constants during both ¢gy;

and ¢SN2'

In Section 4.4, we have shown that, in order to achieve the highest sensing
resolution for a given technology, the gate capacitance of the amplifier input device
must be equal to all other capacitances at the summing node
(Cip = C,'l_ =Co+Cep+ Cggp + Cp). This optimization, however, is not practical in this
prototype because of a very large C‘r of approximately 8.2pF. The amplifier described
in Section 6.3.5 demonstrates that an amplifier with relatively small input devices can
achieve the required input-referred noise of 4nV/JHz and the required resolution of
laF/ ,fH_z (See Table 6.3). Using this amplifier which has Cn,z C'r /40, the resolution
improvement due to kT/C noise cancellation of correlated double sampling is 6dB,
according to the noise calculation in Appendix 1. In comparison, an optimal amplifier
with Cn,zc,'r yields another 10dB improvement in resolution at the expense of 40

times increase in power consumption.

e
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Table 6.3: A summary of the required amplifier noise calculation. Key

results are shown in shaded rows.

Parameters Values
AXpin 10nm
dC/dx 68fF
Sensing bandwidth 25kHz
Required AG;, - 4.3aF/ JHz
Designed AC,pp 1aF/JHz
Cs 0.33pF
G 1.2pF
Cc Ceo, Cep 2.4pF
Cer 10pF
Cps 7pF
Cesp 2pF
f/fs 7
Vg 5
Using Eq. 3-22, and assuming Cp<<Cc+Ccp+Cgsp+Ci
and 3dB noise penalty due to CDS
Amplifier input-referred noise | <4:0nV/.JHz .

6.3.3 Output Buffer

This prototype position sensing circuit requires an output buffer because the

output of the correlated double sampling circuit (v,,) has a small load-driving

capability and is valid only for a small portion of the clock cycle. The operation of the

switched-capacitor output buffer shown in Fig. 6.4 can be explained as follows. During

¢gyp the sampling capacitor Cg; samples the output v,,. During ¢gg of the next clock

period, Cg3 is reconnected across the integrating capacitor Cy; to update the charge

stored on Cy3. Since C;3 is always connected across the amplifier, the output of the

buffer circuit, unlike those of the first two stages, is available during the whole clock

period. This buffer circuit is suitable for driving large loads because the amplifier only
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Fig. 6.9: Circuit diagram of the output buffer

needs to supply the load current and not the amplification and because of the small

output steps due to oversampling.

In addition to the sinc function of the zero-order hold operation, this circuit
performs low-pass filtering to attenuate noise at frequencies above the sensing
bandwidth. The low-pass filtering can be illustrated from its transfer function,

-1/2
Csz

- (Eq 6-1)
(Cs+Cp-Cpz™!

H(z) =

By mapping from the z-domain into the frequency domain, the magnitude response of

the buffer circuit, including the zero-order hold, can be calculated as

C
Cs+C sin (rf/£,)

. (Eq 6-2)
[ ¢ )2 2CcosoT mi/1,
1+ C

[H(eioT)| =
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Fig. 6.10: The magnitude of the transfer function of the output buffer for
different ratios of C; and Cg

Fig. 6.10 shows magnitude responses of this circuit for different ratios of Cj
and Cg. In this prototype, a Ci-to-Cg ratio of two is chosen to limit the attenuation at

the edge of the 25kHz sensing bandwidth to less than 0.5dB.

An amplifier similar to that of the charge integrator and preamplifier but with
the current and device sizes scale by 0.5 is used in the buffer circuit. For C;=1pF and
Cs=0.5pF, the amplifier feedback factor is approximately 0.9. With a load capacitance
of 30pF, the amplifier has a closed-loop bandwidth of 2.9MHz and settles to

approximately nine time constants during ¢ps.

6.3.4 Self-Test circuit

The position sensing circuit includes a self-test circuit as shown in Fig. 6.3
allowing it to be tested before assembly with the micropositioner and the high-voltage

circuitry. Ideally, the self-test circuit should produce a capacitance variation similarly
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Fig. 6.11: Circuit diagram of the self-test circuit included in the prototype
sensing circuit
to the micropositioner. A CMOS process, however, does not have a high quality
variable capacitor. To solve the problem, small fixed capacitors C; and Cp, are
connected to varying test voltages V,, and V,_to generate dummy charges in the order
of femto-coulombs. Vy;.cy, Viias., and V4, and the S\-:vitches are added to simulate the
micropositioner driving voltages. However, these voltages are limited to only between
_ the supply and ground of the senmsing circuit. Additionally, Cg and Cp are added as

dummy sense capacitance and parasitic capacitance.

The test charge generated by connecting Cp; and Cp, between Voo, Vi, and

V. is

Test charge = 2(V,, -V, )Cp = 2(0— 5V)30fF = 0 — 300£C (Eq 6-3)
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This amount of charge is equivalent to a capacitance variation of up to 300fF for a
sensing voltage Vg of five volt and 20% coupling ratio from Vg to the micropositioner

rotor node.

6.3.5 Amplifier design

In this prototype, telescopic amplifiers [29] are chosen in all three stages
because they are fast and simple, and have low-noise. To realize the required DC-gain
of 1000, the amplifiers utilize PMOS devices with longer-than-minimum channel
lengths. The maximum output swing of approximately £1V is easily achieved with a
supply voltage of five volts. The amplifier shown in Fig. 6.12 is used in both the charge
integrator and the preamplifier. A similar amplifier with half the bias current and half
the device size and a different output common-mode feedback circuit are used in the

buffer stage.

The amplifier input and output common-mode voltages are chosen at 1.8V and
2.6V, respectively, to maximize the output swing. The NMOS ca§code devices are
biased locally by M|, to M;¢ to track the input common-mode voltage [29], [30].
Because the 1/f noise is eliminated by correlated double sampling, there is no need to
use large devices for the input transistors and the PMOS current sources (M5 and Mg).

The amplifier device size and the specifications are summarized in Fig. 6.12.

Dynamic common-mode feedback circuits [31] are employed because they do
not require any extra power consumption and do not reduce the output swing. For the
charge integrator and the preamplifier, the common-mode feedback capacitors Ccp are
refreshed by connected directly to the references Vg and Vgy during the reset phase
as shown in Fig. 6.12. For the output buffer, in which the amplifier output must be valid
at all time, the common-mode feedback capacitors Ce); cannot be connected directly to
the references, but instead are refreshed by another pair of 0.4pF capacitors [29], [31].

It should be noted that only approximately half of the tail current source is biased by
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Fig. 6.12: Schematics, device sizes, and specifications of the amplifier used in
the charge integrator and the preamplifier
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the common-mode feedback circuit to improve the stability of the common-mode

feedback loop.

6.3.6 Bias Circuit

In this prototype, all the bias voltages are generated on-chip from an external
reference current. The bias circuit of the prototype sensing circuit comprises of the
master bias circuit, the input common-mode voltage (Vicy) generator, the output
common-mode voltage (Vo) generator, and the amplifier bias circuit. The first three

are shown in Fig. 6.13, while the last one is shown in Fig. 6.14.

The master bias circuit (M; to Mg) mirrors the external 400pA reference
current to the Vo) generator, Voo generator, and the amplifier bias circuit. The
output common-mode voltage is set by the voltage divider R; and R, at 0.52Vpp, or
2.60 volt, to maximize the amplifier output swing. The output of the voltage divider is
then buffered by a differential pair in a unity-gain feedback loop (Mg to Mj,).
Meanwhile, the input common-mode level is generated by M;; and M;3, which
replicate the tail current source and the input devices of the amplifier. The gate voltage
of Mg is buffered by M;¢ to My, to generate Vicp and Vicpmo. Viemz is used by the

bias circuit shown in Fig. 6.14, while V¢ is used by the rest of the circuit.

All the transistors in the amplifier bias circuit shown in Fig. 6.14 carry 200pA
current, half that of the amplifier in the charge integrator and the preamplifier. Vgp,
and Vpgy are generated using conventional current mirrors. The cascode devices M,,
My, Ms, Mg, M force the Vpg of My, M3, Mg, M;, Mg to be equal to that of the
devices in the amplifiers. To maximize the output swing of the amplifiers, Vgp, is
generated by a high-swing cascode bias circuit. This implementation [32], like other
implementations [30], [33], utilizes transistors in the triode region by choosing (W/L)q,

to be larger than (W/L);.
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Fig. 6.13: Schematics and device sizes of the master bias circuit and
the input and output common-mode voltage generators.

6.3.7 Switches

In this prototype, all switches except those at the amplifier summing nodes are
CMOS switches. NMOS switches can be used at the amplifier summing nodes because
of the low input common-mode voltage of 1.8 volt. All of the switches that are not in

the signal path are chosen to achieve seven time-constant settlings, while those in the

11
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Fig. 6.14: Schematics and device sizes of the amplifier bias circuit

signal paths are chosen to settle to ten time constants in order not to interfere with the

amplifier settling.

6.3.8 Clock Generation Circuit

According to Fig. 6.5, the prototype sensing circuit utilizes five main clock
phases (¢ps. Psni» Psn2- ¢cps. and ¢gyp) and nine late phases, not including the
complementary phases for PMOS devices. All these clock phases are generated on-chip
from an external reference clock. As shown in Fig. 6.15, the reference ¢cpg has a

frequency four times the sampling frequency. Two T-flipflops divide the frequency of

¢cLk by two and four to generate ¢cpgs and Ocp g3, respectively. dcpx, PoLkz. and
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Fig. 6.16: This example shows how a delay phase (¢4,) and a non-
overlapping phase (¢g) can be generated.
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¢cLk3 are then combined by logic operations and aligned the edges by D-flipflops to

generate ¢; to ¢4,

Next, ¢; to ¢;— which are almost identical to ¢rs, dgni. Psn2. and dceps,
respectively, except for the delays and non-overlappings— are used to synthesize all the clock
phases shown in Fig. 6.3. The late phases and non-overlapping phases are generated using
circuits similar to the one shown in Fig. 6.16 [30]. In this example, M, is added in
series with the NMOS in the inverter to ensure that the falling edge of ¢gg; is delayed
after that of ¢pg, thus generating a late-phase. Similarly, M, guarantees that the rising
edge of ¢gN is delayed after the falling edge of ¢rg;, thus creating non-overlapping

phases.

6.3.9 Layout

The ;;rototype was designed in a 1.2-um 5-V double-poly double-metal n-well
CMOS process and was fabricated by Orbit Semiconductor. The die photograph is

shown in Fig. 6.17. The total die area is 2.2x2.2mm?.

To separate digital circuits from the sensitive analog circuits, the clock
generation circuit is located in the upperright corner, as far away from the charge
integrator as possible. It should be noted that the clock generation circuit, which
contains more than half of the total number of transistors, consumes only a small die
area. Guard rings are used throughout to minimize couplings to and from the substrate.
Differential transistors, switches, and signal paths are laid out close to each other and in
the non-mirror symmetry fashion to ensure matching and identical noise couplings. The

capacitors are laid out in multiple units of 0.4pF or 0.5pF to improve matching.

During the test mode, the self-test circuit is connected to the coupling

capacitors via bondwires shown in the upperleft side of the die in Fig. 6.17. In actual
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Fig. 6.17: Die photograph of the position sensing circuit

operations, these bondwires are broken to prevent the high-voltage drive of the

micropositioner from damaging the test circuit.

6.4 High-voltage driving Circuit

The function of the driving circuit is to bias the two stators of the
micropositioner with +40V and -40V bias voltages, to drive the rotor rail-to-rail with a
bandwidth of at least 2kHz, and to provide a high-impedance output during the sensing
phase of the position sensing circuit. Fig. 6.18 illustrates the schematics of the high-
voltage driving circuit and its interface with the micropositioner and the position
sensing circuit. The driving circuit consists of two stator bias circuits and a rotor

driving circuit. All of which are designed from off-the-shelf components.
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Fig. 6.18: Schematics of the micropositioner driving circuit

The driving circuit utilizes three switches at the stators and at the rotor to
decouple itself from the rest of the circuit during the sensing phase, and-is synchronized
to the sensing circuit via clock ¢pgo. Clock ¢grsg, as shown in Fig. 6.5, is generated
specifically for the driving circuit to ensure that any change in the voltage on the

micropositioner electrodes occurs while the sensing circuit is reset. Since high-voltage
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devices are normally slow and have large parasitics, floated and bootstrapped low-

voltage devices are used throughout the driving circuit.

The stator bias circuit is shown in Inset A of Fig. 6.18. The high voltage biases
are supplied from voltage regulators. The switch is a floated low-voltage CMOS switch.
The gate is biased at approximately 0.4(Vpp-Vgg)+Vgs using large resistors R; and R,

and the control clock ¢rgq is AC-coupled to the gate via the capacitor C;.

The rotor driving circuit is more complicated than the stator bias circuit
because the rotor driving voltage can vary from Vy;,., to V... . Its implementation is
shown in Inset B of Fig. 6.18. The 2.5V input signal is amplified by a gain of 16 to
achieve a maximum swing of 40V . The track-and-hold further reduces couplings from
the driving circuit into the sensing circuit by holding the voltage in the rotor circuit
constant during the sensing period. The CMOS switch at the output is floated and
bootstrapped by supply and gate voltages that track the rotor driving voltage, thus
allowing the use of a low-voltage switch and eliminating any voltage-dependent

capacitance of the switch.

6.5 Position Feedback Controller

Typical micropositioners exhibit very lightly damped resonance, implying that
the operating bandwidth must be several times below the resonant frequency in order to
achieve an acceptable setting performance [7]. A feedback loop as illustrated in Fig.
6.20 can be used to increase the micropositioner bandwidth and damping at the expense
of DC gain. For a second-order system, the closed-loop DC gain and the natural
frequency, which is approximately the bandwidth, are related to their open-loop values

as

o2 =A_,0? (Eq 6-4)
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Our strategy is to choose the loop gain to achieve the desired closed-loop
bandwidth, then use phase-lead compensation to yield a desired phase margin. The
micropositioner described in Section 6.2 has a DC gain of 0.1um/V for bias voltages of
+40V, a natural frequency at 550Hz, and a damping factor of 9.1-10~3 or a quality
factor of 55. To achieve a closed-loop bandwidth of approximately one kilohertz, a loop
gain of 1.8 is needed. Next, a lead compensator with a zero at 400Hz and a pole at
5.6kHz is chosen to achieve a 60-degree phase margin. The transfer function of the

controller can then be written as

S

—5 __+1
HCs) = 1.8 | 2x(500) Eq6-5)

dC o | | ———+1
16 x 0.1|.Lm/V XE XE 21(5600)

where dC/dx is the capacitance variation as a function of the displacement of the

micropositioner and dv,/dC is the capacitance-to-voltage gain of the sensing circuit.
This controller can be easily implemented using an operational amplifier, two resistors
and two capacitors. Utilizing this controller in the feedback loop reduces the
micropositioner DC gain to 0.035 pm/V, while increases the bandwidth and the

damping factor to 1000Hz and 0.46, respectively.

6.6 Measurement Results

The measurement results are described in two parts. The first part focuses on
the position sensing circuit, while the second one focuses on the closed-loop

positioning system.

6.6.1 Sensing Electronics

By utilizing the self-test circuit described in Section 6.3.4, the position

sensing circuit can be tested before assembly with the micropositioner and the high-
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Table 6.4: Measurement results of the prototype position sensing circuit utilizing the

self-test circuit.

Parameters Measured values | Predicted values
Output offset volalge -10mV Bl -
Sensitivity (_V+) 59mV/V 64mV/V
w= Y or 0.98mV/fC
Thermal noise floor -123dBV/4JHz | -125dBV/.JHz
1/f noise corner 100Hz 100Hz
Total noise (1Hz-25kHz Band- 120pv 97uv
width)
Total harmonic distortion (THD) < -57dB
Dynamic range >64dB 76dB
Power consumption 26mW (26mW)

voltage driving circuit in a five-volt environment. The measurement results are

summarized in Table 6.4 with the output noise spectral density shown in Fig. 6.13.

From the measurements, all the bias voltages are within 10% of the designed
values. The output offset of -10mV is contributed by mismatches of the capacitors in
the self-test circuit, mismatches of the coupling capacitors and their parasitics, and the
offset in the buffer amplifier. The measured sensitivity is 10% below the simulated
values likely due to the variation in Ct; and C, which are used to generate the test
charge (see Fig. 6.11). Fig. 6.19 shows the calculated and the measured noise spectrum,
which are within 3dB of each other across the bandwidth. The drop in noise floor above
10kHz is due to the low-pass filtering of the output buffer. The 1/f noise corner at
100Hz is due to the 1/f noise from the output buffer. Without the correlated double
sampling, the 1/f noise from the charge integrator would dominate the output noise
spectrum with a 1/f noise corner around 1MHz. Total harmonic distortion is better than
57dB and is limited by the linearity of the signal generator. The measured dynamic

range is 64dB, calculated from the maximum output of £295mV produced by the self-

[
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Fig. 6.19: Output noise spectral density of the prototype sensing circuit.

test circuit and the total noise in 25kHz bandwidth. Considering that the sensing circuit
has a simulated output swing of 1.2V, the dynamic range can potentially be as high as

76 dB.

This prototype confirms the kT/C noise cancellation by correlated double
sampling. The measured thermal noise of -123dBV/.JHz, though higher than the
predicted value of -125dBV/ ,/IE, is still 4dB lower than the combined kT/C and
amplifier thermal noise of -119dBV/,/PTz. For details in noise calculations, see

Appendix 1.

6.6.2 Electrostatic Positioning System

In this part, a closed-loop electrostatic micropositioner is implemented and its
response is compared to that of an open-loop micropositioner. The micropositioner and
the electronics are assembled on a printed circuit board with the simplified schematics

shown in Fig. 6.20.
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Fig. 6.20: The implementation of the closed-loop electrostatic micropositioner.

Preliminary measurements showed that parasitic capacitances of the testing

board and the driving circuit are larger than anticipated and result in a capacitive-to-
voltage gain which is approximately 3.5 times smaller than expected. To compensate

for this signal attenuation, an external 9pF capacitor is added in parallel with the

coupling capacitor Cq as shown in Fig. 6.21. Additionally, a large offset in the order of

40mV caused by mismatches in Cpg and Cgp are reduced to about 10mV by adding a

500fF trimming capacitor in parallel with one of the Cpg.

The open-loop frequency response of the micropositioner measured by the
position sensing circuit is shown in Figure 6.22. The peak at 550Hz illustrates the
resonant frequency and a quality factor Q of approximately 55. By comparing the

measurement to the reference measured by a laser doppler vibrometer (LDV) and use an

calculated as 0.51mV/{F.

estimated dC/dx of 68fF/um for the micropositioner, the capacitance-to-voltage gain is



6.6 Measurement Results 111

drs0 ; T Vaa T
I Cpg~8pF == o Z% —=Cp
V (o C]
Vbias+ °_'y 2 1€ } :
l / Cco-ex=9pF §
: Csp-2pF = Cs+ 22 —— L
N >
% v
Y ! 1€ ° J_ Vs To preamp
dr ' é Cco V + —
l Cgp~2pF == Cg. 7 - dd
- Cpr~15pF
| i I_ PR
o—u~ V3_ = Ic I
Vbias- -I- Co 1€ % CI|
Cps-8pF L
1 e

Fig. 6.21: An electrostatic positioning interface showing the off-chip parasitic
capacitances and the additional coupling capacitor. The parasitics are approximated
from measurement results using Eq. 3-16 to Eq. 3-19.
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Feedthrough, or the coupling of the driving signal into the position sensing
circuit can be seen as the deviation from the reference at the low signal level at high
frequencies. Feedthrough was further investigated by replacing the micropositioner
with fixed capacitors. Measurements show that the magnitude of the feedthrough
transfer function increases with frequency, but remains relatively constant with
amplitude for driving voltages V4, smaller than £10V. For V4<+10V, the magnitude of
the feedthrough transfer function remains below -90dB, or approximately 40dB smaller
than the position signal at low frequencies. For larger driving voltages, feedthrough
increases rapidly likely due to the slewing and incomplete settling in the rotor driving
circuit. Since the position error due to feedthrough for a driving voltage of 10V is
approximately 10nm, the prototype position sensing system achieves the required 10nm
resolution only for driving voltages smaller than +10V. In comparison, the position
resolution due to the electronic noise is 3.4nm in 25kHz bandwidth. Therefore,
feedthrough is the factor limiting the position resolution and the maximum driving

voltage.

Figure 6.22 also shows the closed-loop frequency response of the
micropositioner. With the use of the phase-lead controller, the micropositioner DC gain
decreases from 0.1um/V to 0.035um/V, while the -3dB bandwidth increases from
780Hz to 1000Hz, and the damping factor increases from 0.009 to one. Fig. 6.23 shows
the response of the micropositioner to a 100Hz +6.4V square-wave input. The
micropositioner settles to 10nm or 2% within 0.7msec. Without the feedback loop, the
micropositioner exhibits excessive ringing behavior as shown in Fig. 6.24 and requires

approximately 120msec to settle.

Table 6.5. summarizes the measured results of this electrostatic positioning

system.

)



6.6 Measurement Results 113
300 ; ; ; ; ! ; ! T !
200
100
=5
£
é [0 Y N e I T I -
3
o
—100k--- I S b 1§ R b
_2Qob..ﬁ.. ......... ”\.A‘Aﬁﬂ& .....
: o TRV
~800, 2 4 6 8 10 12 14 16 18 20
Time (msec)
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Fig. 6.24: An open-loop response of the micropositioner to a 3V step input.
This plot is obtained from a simulation rather than the measurement because
of the very long acquisition time.
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Table 6.5: Specifications of the electrostatic positioning system.

Measured results )
Parameters Design goals

Open-loop Closed-loop
Stator bias voltage +40V +40V
dx/dV 4 0.1um/V 0.35pm/V
Bandwidth 780Hz 1000Hz 1000Hz
Damping factor 0.009 1.0
Settling time (2%) 120ms 0.7ms
Maximum driving voltage | 10V +40V
(limited by feedthrough)
Maximum displacement +lpm +0.35um +lpm
Maximum force 20uN ~20uN 80uN
Position readout 35mV/pm ~50mV/um
sensitivity (dv,/dx) 0.51mV/fF
Offset ~10mV

~0.29um
Position accuracy 10nm 10nm
(limited by feedthrough)
Noise floor 0.19Angstrom/ JH_z

1.28aF/J/Hz
1/f noise corner ' 100Hz
Noise floor in 25kHz 3.4nm
bandwidth (1Hz - 25kHz) | 0.23fF

6.7 Summary

In this chapter, we have described a prototype implementation and

experimental verification of a closed-loop electrostatic positioning system. The system

consists of a micropositioner, a capacitive position sensing circuit, a high-voltage

driving circuit, and a feedback controller.

-4
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The prototype position sensing circuit, which is the main focus of this
research, is a switched-capacitor sensing circuit. The circuit utilizes pseudo-differential
topology, correlated double sampling, high-voltage shielding capacitors, frequency
separation technique, and the time-division concept; all of which were discussed
previously in this document. The circuit was fabricated in a 1.2-um CMOS process, has
a die area of 2.2x2.2mm?, and dissipates 26mW from a five-volt supply. The high-
voltage driving circuit employs coupling switches to decouple itself -from the
micropositioner and the sensing circuit during the sensing phase. Floated or
bootstrapped low-voltage components are used in the driving circuit to avoid large
parasitics of high-voltage devices and to avoid modulating voltage-dependent junction
capacitance. The feedback controller utilizes a simple lead filter to increase the

bandwidth and the damping factor of the micropositioner.

The prototype electrostatic positioning.system has a position sensitivity of
35mV/um, an offset of approximately 10mV, a thermal noise floor of
0.19Angstrom/J/Hz or approximately 3.4nm in 25kHz bandwidth, and a feedthrough-
limited resolution of 10nm for driving voltages smaller than £10V. With the feedback
loop, the bandwidth of the micropositioner increases from 780Hz to 1000Hz and the
damping factor increases from 0.009 to one. The result is a reduction in settling time
from 120msec to 0.7msec. Because the driving voltage is limited to 10V by
feedthrough, the maximum placement and the maximum force are approximately four

times smaller than the design goals.

Offset and signal attenuation due to off-chip parasitics and feedthrough remain
to be solved in future research. These two issues will be further discussed in Section

7.2.
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Chapter 7

Conclusions

7.1 Results

This research investigates the design of capacitive position sensing circuits for
electrostatic micropositioners and demonstrates the use of feedback loops to improve
the dynamics of micropositioners. An experimental closed-loop electrostatic

micropositioner achieves a bandwidth of 1.0kHz, a 2% settling time of 0.7msec, a

feedthrough-limited resolution of 10nm, a maximum displacement of +0.35um, and a -

position measurement sensitivity of 35mV/um.

The contributions of this research maybe divided into two areas: fundamental
limitations of capacitive position sensing and the integration of electrostatic actuation
and capacitive position sensing. In the first area, The fundamental resolution imposed
by the amplifier thermal noise is studied. Circuits techniques that enable the sensing
circuit to potentially achieve the fundamental resolution are presented. Pseudo-
differential topology allows the use of fully-differential electronics, thus improving the
coupling noise, power-supply, and feedthrough rejection. Correlated double sampling
(CDS), which has traditionally been used to remove the amplifier offset and attenuate

the 1/f noise, is extended to cancel the switch charge injection and kT/C noise due to

/
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switching operations. Analyses suggest that the combination of the kT/C noise
cancellation and the amplifier thermal noise optimization reduces the thermal noise in
the sensing circuit by as much as 20dB. The concept of kT/C noise cancellation is

verified by the prototype position sensing circuit.

In the area of system integration, this research focuses on utilizing a single set
of electrodes for both electrostatic actuation and capacitive position sensing. The
sharing of electrodes enables the use of micropositioners with only one set of
electrodes, thus simplifying the fabrication process by requiring only one structural
layer. On the other hand, the electronics becomes more complicated because the high
voltage drive of the micropositioner and the precision low-voltage sensing signal are
superimposed on each other. To allow the position sensing circuit to be fabricated in a
low-cost conventional CMOS process, on-chip coupling capacitors are proposed as the
means to shield the sensing circuitry from the high-voltage drive. Issués related to the
interface—narﬁely the sensing charge leakage, feedthrough, voltage-dependent
capacitance at the rotor node, sense-force error, and gain variations and offsets due to
coupling capacitors and off-chip parasitics—are investigated. Among these issues,
feedthrough, or the spurious coupling of the driving signal into the sensing signal, is
the most critical one because the driving signals are often four to five orders of
magnitude larger than the position signals. Ideally, feedthrough can be eliminated by
utilizing coupling switches to isolate the driving and the sensing circuits during the
sensing period. In practice, nonidealities contribute to feedthrough which cannot be
removed by this technique. Techniques to further reduce the feedthrough includes
frequency division, correlated triple sampling, chopper stabilization, and post

cancellation.

The concepts and techniques presented in this document are utilized in the
implementation of a closed-loop electrostatic micropositioner. Measurement results

demonstrate that the position accuracy is limited by the gain reduction and offset due to
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off-chip parasitics and feedthrough. In addition, feedthrough limits the dynamic range
of the system by restricting the maximum driving voltage, and thus the maximum

displacement and actuation force.

7.2 Future work

To improve the position accuracy and the dynamic range, the following
techniques should be incorporates in future implementations of closed-loop

electrostatic micropositioners.
a) Higher-Level of Integration

Capacitive position sensing is not suitable for PCB-level integration because
large and mismatched off-chip parasitic capacitance, as described in Section 5.6,
attenuates the position sensing gain and produces large offsets. This is verified in the
current implementation where an additional coupling capacitor is required to
compensation the gain attenuation and a trimming capacitor is needed to reduce the
offset. To mitigate these problems, the high-voltage driving circuit should be
implemented monolithically. Furthermore, assembly techniques which minimize
parasitics such as flip-chip bonding and chip-on-board are needed for the integration of

the micropositioner, the driving circuit, and the sensing circuit.
b) Correlated triple sampling and chopper stabilization

In the current implementation of the closed-loop electrostatic micropositioner,
the rise in feedthrough at driving voltages larger than 10V is likely due to the slewing
and incomplete settling of the amplifier driving the rotor switch. At lower driving
voltages, other nonidealities such as coupling switch leakage, voltage-dependent
capacitance at the rotor node, and substrate coupling possibly contribute to the

feedthrough. To solve the feedthrough problem, capacitive position sensing circuits that

(3
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are more immuned to feedthrough are needed. This can be achieved by utilizing
correlated triple sampling (CTS) or chopper stabilization. As described in Section 5.3,
correlated triple sampling attenuates feedthrough with a shaping function similar to that
of the 1/f noise in correlated double sampling. Chopper stabilization, on other hand,
modulates feedthrough up to f/2, thus allowing the feedthrough to be attenuated by a
low-pass filter. These two techniques are very attractive because they can be realized

with a minimal increase in hardware complexity.
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Appendix 1

Noise in Switched-
Capacitor Sensing Circuits

Thermal noise of the switched-capacitor sensing circuit shown in Fig. Al-1
consists of the sampling noise of switch S1 or the kT/C noise and the amplifier thermal
noise sampled by the load capacitance. The operation of this circuit, which is often
called a charge integrator, can be explained as followings. During the reset phase, all
the capacitors and the amplifier are reset to ground or a reference. At the end of the
reset phase, the switch S at the input of the amplifier opens first. Next, the switches S,
and S3 are opened at the end of phase Qgrg;. This switch opening sequence, called
bottom-plate sampling, eliminates signal-dependent charge injection from the switches.
During- the sensing phase, one plate of the sense capacitor is connected to the sensing
voltage. The charge Q=CgVg then flows into the integrating capacitor C; and results in

an output voltage V,=CgV¢/C;.
A. kKT/C Noise

According to Fig. A1-1b when the switch S; opens, switch sampling noise at

the amplifier summing node is equal to

2 kT
V%’ iHPUt = E:; Where CT = Cs + CI + CP + CIP (Eq Al'l)

(2

4 ]
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Fig. Al-1: A switched-capacitor sensing circuit and its switching operations

where Cip is the amplifier input capacitance. The kT/C is referred to the output by
multiplying with the feedback factor, f=C;/Cr, of the amplifier

2
2 _ 1 kT CrY'kT
k_ it [ ]CT' (Eq Al-2)

For fully-differential circuits, kT/C noise doubles due to the switches in the differential

'-3

signal paths.
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B. Amplifier Thermal Noise

In this section, we will derive the amplifier thermal noise and show that it can
be written in the form of y-kT/C, where y is a modification factor and Cj is the load

capacitance of the amplifier.

Two assumptions will be used in the following noise calculation. First, the
noise contributions from switches S, and S; are negligible. This assumption is valid
when the bandwidths of the switches are much larger than the amplifier closed-loop
bandwidth. Second, the amplifier is a single-stage type such as a folded cascode or a
telescopic amplifier. Single-stage amplifiers are typical in switched-capacitor circuits

because of their high speed and simplicity.

The total output-referred noise of the amplifier can be calculated by
multiplying the amplifier input-referred noise with the inverse square of the feedback

factor and integrating over the whole bandwidth.

-]

2 1 2
Vopamp = | 7 Vadf - (EqAl-3)
0

For a single-pole amplifier, the equivalent noise bandwidth is equal to n/2 times the

amplifier bandwidth [33]. Therefore, Eq. A1-3 becomes

2_1 2
Vo= gz Va fu

NIa

(Eq Al-4)

where f is the closed-loop bandwidth of the amplifier. For a single-stage amplifier, the

closed-loop bandwidth f, is

18nf 1 8mf 1 8m
fu= 2rC p  2m C(Cg+Cp+Cpp)  2RC| (Eq Al-5)
T

where C;t is the total capacitance at the amplifier output node and Ct=Cg+C+Cp+Cyp

is the total capacitance at the amplifier input node.

(>

(v
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The input-referred thermal noise Zf of the amplifier is

2 2
va = 4kTz—n (Bq Al-6)
Em
where g, is the transconductance of the input transistor and »n is the ratio of the total

amplifier noise to the input transistor noise.

Substituting f,, the amplifier input-referred thermal noise, and the feedback

factor in Eq. A1-4 yields

—_ C. 2 =kTn
2 T 3
2. (?1) = (Eq AL7)
-f-+(CS+CP+CH,)
Cy 2 §'an
=\, | ¢ : (Eq Al-8)
) T (C—Cyp
T ™1

In sensing circuits for micromachined applications, Cj is typically in the same
order as Cg and usually much smaller than Ct and C;. Therefore, Eq. A1-8 can be

approximated as

2
(CT)?- §an

2
Vo= \CI CLCT (Eq A1-9)
CI
(» C
2 1] kT kT
=|Zn= | ==y = (Eq A1-10)
\3 C]) CL CL
where
2 Cr 2n
= 3nCI = 3F (Eq Al1-11)

For an ideal case of one-transistor amplifier and a feedback factor of one, Y is equal to
2/3. This implies that, ideally, the amplifier thermal noise sampled by the load
capacitance can be smaller than the conventional kT/C noise of a capacitor and a

switch. In practice, Y ranges from two to ten.
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C. Thermal Noise in the Prototype Position Sensing Circuit

In this section, we will calculate the output-referred thermal noise of the
prototype sensing circuit. In this calculation, noise of the buffer is neglected because it

is much smaller than noise of the first two stages.

The output-referred amplifier thermal noise of the charge integrator and the

preamplifier is

2
n

2
opamp l .
Af 2

<

f
2 1 2 u
'Apre+f—2'_ 'ACDS°§

Bl

-’5‘-2 (Eq Al-12)

-

where vi is the input-referred amplifier thermal noise, f is the feedback factor, Ay is
the preamplifier gain, Acpg is the voltage transfer ratio of the error-storage capacitor
Cy, f, the closed-loop bandwidth, f; is the sensing frequency, and the factor of two is
due to the double sampling of CDS. As described in Section 6.3.2, both stages utilizes

identical amplifiers and have the same feedback factors and closed-loop bandwidths.

Substituting the appropriate values into Eq. A1-12 yields

2
Vopamp ( —18. 52, 1 -18) 2 T
= |=—. +—. X <. 71 -=- -
e = 16x10-18.5 ) 16 x 10 0.82-7.1-5-2 (Eq A1-13)
2
—‘lz“fﬂ 571nV/Hz = -125dBV/ JHz (Eq Al-14)

In comparison, the output-referred kT/C noise of both stages, if not cancelled

by the correlated double sampling, is equal to

2
Versoc _ (1 KT ,2 1 kT 1
TAf C\@2'Cp Ape* @' C ) Alps- £,°2 (Eq A1-15)
(L. kT 1 KT 1
N (72'8.4p1='5 72 2gpp) 0.82 106 2 (Eq A1-16)

2
v
J “Zf’c = 993nV/JHz = -120dBV/J/Hz (Eq A1-17)

(3

I
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Combining the amplifier thermal noise from Eq. A1-14 with the kT/C noise from Eq.

A1l-17 yields the total noise,

2 2
\{ v
/ kATf/C+ °vAaf'“P = 1.15pV/JHz = -119dBV/./Hz. (Eq A1-13)

Subtracting Eq. A1-14 from Eq. A1-18 yields a noise improvement of 6dB due to the

kT/C noise cancellation of correlated double sampling.

According to the measurements shown in Section 6.6.1, the output noise of the
prototype sensing circuit is —123dBV/JHz, 2dB higher than the calculated value, but
still 4dB lower than the total noise given in Eq. A1-18. Therefore, the concept of using

correlated double sampling to cancel kT/C noise is verified.
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Appendix 2

Transfer Function of
Pseudo-Differential
Circuits

L
T

C

Fig. A2-1: A capacitance sensing circuit with pseudo-differential topology.

This appendix derives the transfer function of a capacitance sensing circuit

with pseudo-differential topology as shown in Fig. A2-1. A few assumptions and

notations are stated below:

e The amplifier has high gain; therefore, the input differential voltage (V;_gi¢) is

equal to zero.

=

a4

(3
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* The output common-mode level is monitored and restored to the correct level by

an output common-mode feedback (CMFB) circuit.

b CSl=CS+ACS/2’ CSZ=CS'ACS/2’ Cp1=Cp+ACp/2, CP2=CP-ACP/2.

Before deriving the transfer function, we will qualitatively discuss the change
in the input and output common-mode level. Initially, after the sensing voltage Vg is
applied, the input and output common-mode level are shifted by the respective
capacitive dividing ratios. The output common-mode level is then restored to the
correct level by the CMFB circuit; in the process, the input common-mode level is
shifted again to the final level. The transfer function can be calculated once the final

input common-mode level is known.

Initially, the step sensing voltage Vg causes the amplifier input common-mode

level to shift by

Cs
Viemini = ¢ Vs s o= CCL (Eq A2-1)
Cs+Cp+Cip+ EIT-C—L
The initial input common-mode shift results in the output common-mode shift of
CI
Voem-ini = B Viem-ini ;B = C_I'TC_L (Eq A2-2)

The CMFB circuit then restores the output-common mode to the correct level, thus

resulting in the final input common-mode of

C C

e I _ G
Viem-final = Yiem-ini ~ 7" Y ocme-ini y Y= C G770y Oy (Eq A2-3)
= o(1-By) -V, (Eq A2-4)
=5V 5= o(l-By)<l. (Eq A2-5)

s

Using the charge conservation principle, the transfer function can be

calculated as follows
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1 .
Vos = G ((AQc,,~8Qc, )+ (AQc, -4Qc,)) (Eq A2-6)
1
= (TI{(Vs = Viem-fina) * (Cs2—=Cs1) + Viem finat * (Cp1 = Cpa)}  (EqA2-7)
\Y
= {-ACgs-(1-8)+ACp-8} - & (Eq A2-8)
I

For C; much smaller than Cy and Cr,

Cs
=C. (Eq A2-9)
T

where Cg/Cr is typically in the order of one-twentieth to one-fifth. In comparison, the
transfer function of a single-ended circuit as shown in Section 3.2 has & equal to zero.
Eq. A2-8 indicates that the capacitance-to-voltage gain of a pseudo-differential circuit
becomes a function of the parasitics. Additionally, the mismatch in parasitics Cp causes
an offset voltage as a result of the loss of virtual ground condition at the amplifier
summing nodes. These two drawbacks of pseudo-differential circuit are eliminated to
the first order by using an input common-mode feedback circuit, as discussed in Section

3.3.

(3

~
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Appendix 3

Micropositioner with Two
Sets of Stators

A micropositioner with two sets of stators for sensing and driving [34], if
permitted by the fabrication process, is attractive because it helps reduce signal
attenuation and offset, and potentially feedthrough. In contrast to common beliefs,
splitting the stator electrodes into two sets reduces the realizable force by only a small
amount because only a small number of electrodes need to be allocated for the position
sensing. This is because a micropositioner with two sets of stators, as shown in Fig.
A3.1, eliminates the need for coupling capacitors and potentially yields a factor of ten
or more increase in the capacitance-to-voltage gain; hence, only a small number of the
total electrodes have to be allocated for the sensing operation in order to achieve a

similar resolution.

In Fig. A3.1a, a micropositioner with two sets of stators allows the coupling
capacitors C and the high voltage switches at the stators to be removed. With the
removal of Cg, the parasitics Cps, which are now connected to the virtual ground nodes
at the amplifier inputs, no longer contributes to the signal attenuation or offset.
Additionally, by increasing the stator bias voltages, it is possible to limit the rotor
driving voltage V4, to within the supply range of the sensing electronics. This permits

the rotor driving circuit to be fabricated in a conventional process along with the
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Fig. A3.1: Two sensing and driving configurations for micropositioners with
two sets of stators.

sensing circuit and further simplifies the high-voltage driving circuit to only generating

two constant stator bias voltages, Vy;ae, and Vi, [35].

In Fig. A3.1b, a rearrangement of the stator driving voltages permits all the
coupling capacitors to be eliminated. The expense is an increase in complexity of the

driving circuit. With the elimination of all coupling capacitors, the parasitics Cpg and

(3

‘V



I\ Y

Appendix 3 ] 131

Cpr no longer contribute any signal attenuation or offset. Feedthrough is potentially
reduced because the driving and the sensing signal paths are almost separated, except

for the parasitic coupling such as Cgg shown in Fig. A3.1.
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