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Abstract

Design and Modeling of 60-GHz CMOS Integrated Circuits
by
Chinh Huy Doan
Doctor of Philosophy in Engineering-Electrical Engineerind &omputer Sciences
University of California, Berkeley

Professor Robert W. Brodersen, Chair

As the number of devices supporting high-quality digitaltim&dia continues
to increase, there is a strong desire to transferdétta quickly and conveniently.
Wireless transmission offers ease of setup, flexiboityplacement, and avoids the
need for unsightly and expensive cables. However, todasmercially available
wireless systems are incapable of the multi-gigabittaga-rates required for this
application. The frequency spectrum around 60-GHz is eaited for high-speed
wireless data transfer, but it has yet to be widelyldseconsumer applications due to
its high implementation costs.

Complementary metal-oxide-semiconductor (CMOS) proegssi the lowest
cost semiconductor technology. As a consequence of wéeshrinking transistor
dimensions, the high-frequency performance of statkefirt CMOS technology is
improving, and it is becoming an attractive alternativethte expensive compound
semiconductor technologies traditionally needed for 60-Gatrsceivers. If a 60-GHz
CMOS radio can be implemented, this would open up new tppoes for the
ubiquitous use of this spectrum for consumer applications.

This dissertation explores the challenges involved in degigs0-GHz CMOS
circuits. First, the key parasitic components thaitlthe high-frequency performance

of CMOS transistors are identified, and an optimablayo minimize these parasitic



elements is proposed. Second, transistor and passivesrardehvestigated that can
provide highly-accurate prediction of the device characiesisip to millimeter-wave
(mm-wave) frequencies. This avoids the need to designumibecessary margin due
to modeling uncertainties. Following some basic guidelittes,models can result in
simple extensions of commonly-used device models and afedd¢o be accurate up
to 65 GHz. Accurate mm-wave measurements of the devieeseaessary in order to
extract good models, but the low resistivity of the CMSMBstrate presents unique
challenges. Different measurement and de-embedding dwtigies are evaluated,
and an approach to extract the small-signal and noigaatkastics of the devices is
presented and validated. Finally, mm-wave amplifiers @tets are fabricated in a
130-nm bulk digital CMOS technology to demonstrate theceWfeness of the device
design and modeling methodology. This results in the-iasorted 60-GHz CMOS
amplifier and establishes the potential of using standard €MD fully-integrated

60-GHz transceivers.

Robert W. Brodersen, Chair
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Infroduction

1.1 Motivation

We live in an increasingly digital world. There is a pgeshtion of digital
media in all aspects of our everyday lives—high-definitig#D) video
content, digital cameras, portable music players, amgeasingly larger
compact storage for data and multimedia. With so muchatligontent and
multiple source and sink devices, there is a stronged&sibe able to transfer
this data quickly and simply between the devices. Calhels hagh-speed
signaling interfaces are the industry standard for high-sple¢a transfer
because of their reliability and moderate cost. Howeter web of unsightly
cables places a constraint on the physical locatidhese components. If the
data can be transmitted wirelessly, then this offeesuitimate in convenience
of placement and avoids the cost of requiring many higled cables. In
addition to just replacing the point-to-point functionalitf a cable, if devices
are connected wirelessly, then concepts familiar iteless networks can be
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applied to make the connections re-configurable in real-tamé control

information can be passed between any two devices wiisnnetwork to

allow new functions and usage models. Although there lisaa advantage for
wireless high-speed connectivity, the bandwidth provided by tedayeless

systems are far from what is required to support thes#i-gigabit/sec

applications. To understand what is needed to achievdessrelata-rates at
over 10 times faster than what can be commercialljesed today, it is

instructive to review the information theoretical resfitShannon’s theorem
for additive white Gaussian noise (AWGN) channels [1].

C= Blogz[1+§j (1.2

whereC is the channel capacity in bits/s&cjs the bandwidth of the channel
in hertz,Sis the total received power over the bandwidtivatts, andN is the
total noise power over the bandwidth in watts. &avireless channel to have
the capacity to support multi-Gbps data transteg, cthannel must have large
bandwidth B and large allowable signal powe® Another practical
consideration is that the wireless spectrum usedldbeunlicensed to allow
for pervasive deployment without the need for egpen infrastructure costs
and subscription. Fortunately, the 60-GHz spectexists that satisfies all of
these requirements. The ability to exploit the @8zGband to wirelessly
transfer data at multi-Gb/s at sufficiently low tasll have a tremendous
impact on the way we think about connecting thes#imedia devices in the

future.

60-GHz unlicensed spectrum

The 60-GHz spectrum is ideally suited for high et applications because

of its unlicensed world-wide availability, largerdg@uous bandwidth, and high
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allowable transmit power. In December 1995, 5 GHeamtiguous bandwidth
was opened for unlicensed use by the Federal Comations Commision
(FCC) at millimeter-wave (mm-wave) frequencies a®B0 GHz [2]. This
was subsequently extended to 7 GHz in the U.S.6&%Hz), providing 5
GHz of overlap with unlicensed spectrum in Japa®-@ GHz) and other
geographical regions. The significance of beingaenised is that operators do
not need to purchase an expensive license whicbwsllwidespread
deployment and is the primary reason why todayieless local area networks
(WLANS) all operate in unlicensed bands around@z and 5 GHz.

Although there is a large amount of spectrum betw® GHz and 60
GHz, nowhere below 60 GHz is there so much unliednspectrum world-
wide. This is because of its unique propagationragiaristics. Oxygen
molecules in the atmosphere resonate at frequeac@asd 60 GHz which
causes significant attenuation of the electromagnenergy at distances
beyond a few kilometers. In addition to the freaesgppath loss, which applies
to all RF radiation and results in a square-lawregse in received signal
power with distance, the path loss of 60-GHz ramimtalso increases
exponentially with distance approximately at a ratd5 dB/km. Long range
transmission is not possible, but conversely, loagge interference is not an
issue. This natural isolation enables multiple exyst to operate within close
proximity of one another. For this reason, the l&iguy agencies chose to set a
high limit on the maximum allowable effective ismpic radiated power
(EIRP) of 40 dBm (10 W) in the US and 57 dBm (50DiWJapan. In order to
deliver wireless data-rates more than an order agniude higher than what
can be achieved today, it is necessary to exphst gpecial combination of
large available bandwidth and high allowable trahgawer.
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1.1.2 60-GHz wireless standards

Applications that require high bandwidth wirelessinsmissions include
streaming uncompressed high-definition video, iasesl capacity wireless
local area networks (WLANS), short-range high dai@- wireless personal
area networks (WPANSs), and gigabit/sec point-taapbinks. Recently, there
have been strong advancements in standardizatiorretize wireless
specifications at 60 GHz, including WirelessHD[3], IEEE 802.15.3c [4],
802.11ad [5], and Wireless Gigabit Alliance (Wi®Gfy [6], that vary in their
scope and approach to address some of the diffeygpitcations. Industry
standards are necessary to ensure interoperabbgyween devices
manufactured by multiple vendors and coexistendedrn different systems
sharing the same frequency spectrum.

The WirelessHD special interest group was formed2006 with
members including Intel, LG Electronics, Matsushiectric Industrial
(Panasonic), NEC, Samsung Electronics, SIBEAM, Sang Toshiba, to
create the next generation wireless interface Spaton with primary focus
on high-definition media streaming and transmisdietween fixed location
and portable consumer electronics (CE) devices asaddiDTVs, Blu-Ray and
HD-DVD players, and HD camcorders. The key charaties of the
WirelessHD specification include [7]:

* High interoperability supported by major CE deumanufacturers

* Uncompressed HD video, audio and data transmissioalable to
future high-definition A/V formats

» High-speed wireless, multi-gigabit/sec technolagyhie unlicensed 60-
GHz band

* Smart antenna technology to overcome line-of-g(g@IS) constraints

» Secure communications with Hollywood-approved cohpeotection

» Device control for simple operation of consumerceteics products
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» Error protection, framing and timing control tealunes for a quality
consumer experience

Using the WirelessHD specification, seamless wa®leiterconnection and
interoperation of a wide array of CE devices arssjile. Integrated device
control coupled with non-line-of-sight (NLOS) smaantenna techniques
allows simple and intuitive operation in a variegf environments.

Uncompressed audio and video allow the highestitgyuaker experience,
unburdened from the increased cost and latencylaackased quality of many
compression technologies. A key differentiator lesw the WirelessHD
specification is that the limited application targdlows for an optimized

specification incorporating wireless physical layg?HY), media access
control (MAC), audio/video control, and content fgtion.

In July 2003, the IEEE 802.15.3 working group #WPAN began
investigating the use of the 7 GHz of unlicenseecgpm around 60 GHz as
an alternate physical layer (PHY) to enable veghhilata-rate applications.
This led to the formation of the IEEE 802.15.3 T&&toup 3c (TG3c) in
March 2005. This mm-wave WPAN will support applioas requiring high
data-rates of at least 1 Gbps such as high-spéeichéh access and streaming
content download (video on demand, home theate), @ptionally, data rates
in excess of 2 Gbps will be supported to provide gonultaneous time-
dependent applications such as real-time HDTV viskeeaming and wireless
data bus for cable replacement.

More recently, the IEEE 802.11ad task group hapgsed the use of
the 60-GHz band for a very high throughput extemsé the IEEE 802.11
family of WLAN connectivity. The WiGig Alliance wasstablished by more
than 15 technology leaders within the PC, CE, sendactor, and handheld
industries. Its mission is to unify the next gemeraof high-speed wireless
products by creating a comprehensive specificatiost encourages the
adoption and widespread use of 60-GHz wirelesstdolgy worldwide.

5
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1.1.3 60-GHz and other wireless technologies

With so many different wireless standards vyin@tilress similar markets, it
still remains to be seen if one or multiple staddawill emerge victorious.
However, what is clear is that the industry needsless connectivity in
excess of 1 Gbps, and current wireless technolpgieh as 802.11n and ultra-
wideband (UWB), cannot provide the necessary datesy as shown in Table

1.1.

' Total Maximum Maximum Channel bps/Hz
Wireless spectral allowed data rate bandwidth to achieve
standard availability EIRP (Mbps) (MHz) 4 Gbos

(GHz) (dBm) P P
WirelessHD" 7.0 40 ~4,000 ~2,000 ~2
289 20 200

802.11n 0.67 22-35
600 40 100
uwB 15-75 -10 480 520 8

Table 1.1 Comparison of different high-speed wireless stdadd).

The completed WirelessHD specification is used asncrete example
of the capabilities at 60 GHz, but similar conatus would also apply to the
other 60-GHz standardization efforts described @ct®®n 1.1.2. Supporting
very high data rates requires either large bandwait very high spectral

efficiency since data rate is calculated as foltows
R=BxSE (1.2

whereR is the raw data rate in bi,is the occupied bandwidth in Hz, agd
is the spectral efficiency in bps/Hz.

Increasing bandwidth requires operation in a ldrgguency spectrum
band, which for sufficient range and robustnesstrallewv reasonable transmit
power. While UWB has multiple gigahertz of avaimbkpectrum, its
capabilities are severely limited because of thghttirestrictions on the

6
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allowable transmit power to avoid causing unwani@érference to other
systems operating in the same frequency bands.60HeHz band does not
suffer from such constraints. Furthermore, UWB islyoapproved for
unlicensed use in limited geographical areas rathan being available
worldwide.

For an 802.11n system to be able to deliver 4 Gigia rates, this
would require a spectral efficiency of 100 bps/ideen if its wider 40-MHz
mode is used. Higher spectral efficiency throughltinmput/multi-output
(MIMO) techniques such as spatial multiplexing tgily leads to higher cost
and reduced range and robustness due to the neguliifiple concurrent paths
between the transmitter and receiver and hardwareseparate the data
traveling over these different paths. Currentlyspectral efficiency of 10-15
bps/Hz is targeted as the maximum spectral efiigiesupported by 802.11n,
and it is unlikely that the highest data rates Wwél achieved in most practical
environments and implementations. Contrast thid wit60-GHz radio that
uses 2 GHz of spectrum. This would only requirgectal efficiency of 2
bps/Hz, leading to simpler radio architectures digital signal processing
needed to recover the wireless data.

There is general industry acceptance that 60 G#izthe only
technology available that can deliver more than BpsSwirelessly. The
suitability of 60 GHz for these applications wasagnized when this spectrum
was made available nearly 15 years ago [2]. Whttdsreason for the recent
standardization efforts when this spectrum has laemilable for so long? A
few critical developments to enable a low-cost 69zGolution that overcome
some of the traditional limitations of this wiretesechnology have only
recently been demonstrated and are discussed meitesection.



Chapter 1 Introduction Motivation

1.1.4 Why 60 GHz now?

The applications that are being pursued by theBereit 60-GHz standards
are in-room, high-throughput wireless applicatidos consumer electronics.
Two characteristics that are necessary for maskenhacceptance are (1) ease
of setup and use and (2) low implementation costs.

60-GHz coverage angle and antenna gain In order for the wireless device to
have simple setup, both tlweverage angle and range must be sufficient to
sustain the high data-rates in typical indoor emvinents. It has traditionally
been challenging to achieve both of these requingsrsemultaneously at 60
GHz. Examination of Friis propagation loss formodan explain why.
Assuming simple line-of-sight (LOS) free-space ocmmication, the

Friis propagation loss is given by

_D, D A _ D, Dc’
(4arR)* (4R )

(13)

oo

whereP; is the received signal powd?; is the transmitted signal powd; is
the antenna directivity of the receivdd; is the antenna directivity of the
transmitter R is the distance is the free-space wavelengthis the speed of
light, andf is the operating frequency.

For a simple antenna system that is static withoe&m-steering
technology, if the coverage angle is assumed tairegonstant, the®, and
D; are fixed, and for a given distance, (1.3) sinmgdifto

P (1Y
B 0 (Tj (1.4)

Comparing a 60-GHz system with a 5-GHz system,) (@héws that the signal
at 60 GHz experiences 21.6 dB higher path lossarylemaintaining the same

coverage angle using a fixed antenna system ia gobd solution.

8



Chapter 1 Introduction Motivation

The reason that (1.4) degrades so drasticallyighteh frequencies is
because when the directivity (i.e., coverage) iptkeonstant, the antenna
dimensions are scaled inversely proportional tofteguency. This is shown
by the relationship

4T A_ATATf?
- JE - c2

D (1.5)

whereD is the antenna directivity is the antenna aperture argas the free-
space wavelengtlg is the speed of light, arfdis the operating frequency. A
different approach is to constrain the form faabthe antenna, rather than the
coverage, and compare the received signal powénelantenna apertureis
held constant, then substituting (1.5) into (v}, find that

Bose (1.6)

R
For a fixed form factor, there is a 21.6 digrease in the received signal level
at 60 GHz because the antenna gain on both thentihar and receiver is
increased. A directive antenna pattern also immgabe channel multipath
profile; by limiting the spatial extent of the tsamitting and receiving antenna
patterns to the dominant transmission path, thaydspread and RiciaK-
factor of an indoor wireless channel can be sigairitly improved [8].

The antenna directivity is traditionally increasiey using physically
large antennas, such as a horn antenna or dielémts, to focus the radiation
energy. However, fixed high-gain antennas are rumeptable for typical
consumer electronics since they require preciseualaalignment and only
operate well for point-to-point communications itiree-of-sight channel with
no intervening obstructions. A system employingeant arrays with adaptive
electronically-steerable beams can be used to winmedusly obtain high

directivity and good radiation coverage.
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Smart-antenna beam-steering technology An antenna array is composed of
individual radiating elements that are arranged space to produce a
directional radiation pattern. In the typical casbere the antenna array

contains identical antenna elements, the totaatimadi pattern is
(Array pattern) = (Array factor )x (element pattern) (1.7)

The array factorAF) depends on the configuration, distance betweé&mnaa
elements, and the amplitude and phase excitatidgheotlements. For a 2-D
array withN elements, th&F can have a maximum value [gfin any direction
with proper phasing of the signals. The individalEment pattern determines
the coverage angle, while the configuration anditation determines the
direction of the beam. This is an important techaighat can provide good

coverage angle and large antenna gain simultangousl

BB,
H}j > LH > Sm S m -
IF Amp i
LOIF
.:. P mED m
- - 8

IF Amp

LOg

: :
: :
N/ \/
BB, |
pr>—{ o > >0 - >Rz { |
BB Q
IF Amp

Figure 1.1 A generic multiple-antenna transceiver ardioiteemploying beam steering.

Smart-antenna technology can be used to steeditbetional beam
electronically and adapt to a changing environmauatomatically finding the
optimal path in both direct LOS and NLOS paths thatince off objects and
walls. A generic adaptive beam-forming multiple eamta radio system is

10
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shown in Fig. 1.1. This transceiver architecturpicts N independent transmit
and receive chains. The main drawback to this mmyluit/multi-output
(MIMO) system is the high transceiver complexitydagmower consumption
since there is little sharing of the hardware congmbs. Measurements of the
60-GHz channel properties indicate that most of teeeived energy is
contained in the specular path [8], so a full MIM®Iution may not be
necessary. A more efficient implementation wouldtbeuse a phased array
that takes the identical RF signal and shifts thasp for each antenna to
achieve beam steering. This drastically reducedwee costs, as most of the
transceiver can be shared with the addition of rodlable phase shifters
between the transceiver and antenna array.

In order to simultaneously achieve good coveraggleaand large
antenna gain using beam-steering technology, apteufront-end transceiver
needs to be implemented along with the digital aligmocessing to control the
phase shifters. It is not possible to do this at lcost using compound
semiconductor technologies. The recent advanceimesilicon circuits is a
promising technology to enable low-cost, highlyemtated 60-GHz

transceivers.

60-GHz slicon circuits While compound semiconductor processing can
achieve the performance at 60 GHz, it was never a&bldo so at the price
points necessary for widespread consumer use.ab@gMOS technology is
the lowest cost option and allows the highest Bwélintegration to implement
multiple transceivers along with the digital sigpabcessing needed to design
a robust wireless system all on a single chip. &beances over the past
decade in CMOS technology and the immense resesfoit in RF CMOS
circuit design techniques have made fully-integid® CMOS transceivers a
reality. Inexpensive CMOS technologies have beeedusuccessfully to
implement all the necessary RF functionality foe #xisting and emerging

11
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wireless local/personal area network (WLAN/WPANarstards, such as
802.11a/b/g/n, ultra-wideband (UWB), and Bluetooffhese systems all
operate below 10 GHz. Moving to the largely unuspdctrum at millimeter-
wave (mm-wave) frequencies (> 30 GHz) will avoic timterference from
other electronic devices operating in these lowards and allow us to take
advantage of the benefits of the 60-GHz frequeraydb

Several recent developments have combined to er@iIOS circuit
blocks to operate at ever-increasing frequenciasst, Fmm-wave CMOS
circuits directly benefit from the higher speedtié¢ scaled technology. 130-
nm bulk-CMOS technology is capable of power gai6@GHz [9], and future
bulk-CMOS processes at the 90-nm, 65-nm, and 45oaes are expected to
provide even more gain at lower power consumpti®econdly, improved
circuit topologies and new design approaches tly &xploit the intrinsically
faster devices have been introduced. Oscillatod—[12] were the first
circuits demonstrated in CMOS to operate beyondG3e, followed by
CMOS amplifiers [13] and mixers [14], and culmimatiin fully-integrated 60-
GHz CMOS front-ends [15].

With the possibility of a low-cost 60-GHz CMOS risgeiver and the
ability to integrate multiple front-ends with thagdal signal processing
needed for smart-antenna beam-steering technolg§0-GHz transceiver
finally appears possible to address the consumeetrehics market need for a
multi-Gbps wireless link.

1.2 Thesis Organization

This dissertation describes my initial efforts teeul30-nm digital-CMOS
technology to exploit the 60-GHz band. The goaltli research is to
investigate the fundamental frequency limitatioh<CMOS circuits, identify
the challenges involved in designing robust mm-weiveuits in CMOS, and

12
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1.2.1

1.2.2

propose and implement methods to overcome the ebarrof using a

technology at frequencies well beyond its origimaénded target to design
circuits. Once these basic problems are understomdovercome, the cost
advantages of using an inexpensive CMOS technodggyating at 60-GHz

opens up a wealth of new high data-rate wirelepicagpions.

Fundamental frequency limits

The theoretical and practical high-frequency linmotas of active devices are
explored in Chapter 2. The figures-of-merit useddesign analog and RF
circuits are not directly relevant for determinitige maximum operating
frequency of a circuit in a given technology. Citctheoretical results are
derived for quantifying the mm-wave performance ©MOS, and the
dominant parasitic elements are identified. Somegiacs are an intrinsic
property of the manufacturing process, while otlaes extrinsic and layout-
dependent. An optimized design of the core tramsist proposed in order to
approach the intrinsic frequency limit of the CM@®cess.

Millimeter-wave CMOS passives

As the size of passives needed for resonators atchmg networks shrinks,
becoming comparable to the interconnect wiring aadsistor parasitics, the
passives needed for mm-wave circuit designs musb dle adapted.
Transmission lines are familiar components in Hrglgtuency circuit designs
and can be used for matching networks, impedanaesformation, and
interconnect. Additionally, the well-defined groureturn path ensures that no
unwanted and unmodeled parasitic inductance iedoted into the circuit,
making them well-suited for mm-wave circuits. Thede-offs in the design of
CMOS transmission lines are analyzed and presented.

13
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1.2.3

1.2.4

Device modeling

The lack of accurate CMOS active and passive dewiodels at mm-wave
frequencies is a key barrier for designing comgl®AOS transceiver circuits
at these frequencies, and a new approach mustrisedeced. There is a vast
gap in the device modeling methodology used fatiticnal mm-wave design
and analog CMOS circuits. While ti8parameter models are accurate to very
high frequencies, they also impose many constramtkiding being non-
scalable and fixed bias. The transistor models usezhalog CMOS circuit
design are more flexible, but suffer from poor aacy even at low microwave
frequencies. This uncertainty forces the desigoezither build a large margin
into the circuit or require many iterations of tdesign to fine-tune the
performance. A modeling methodology that blendskig characteristics of
traditional mm-wave and analog CMOS modeling is deee to design
optimized circuits near the frequency limits of ttezhnology. A modeling
methodology for both transistors and passives tésdlts in simple, highly-
accurate models up to 65 GHz is developed andataliin Chapter 2.

Microwave CMOS de-embedding

Device models are only as accurate as the measotenhat they are derived
from. There has been extensive research in thd @Gélcalibration and de-

embedding for accurate on-wafer measurements. Hawéve methodology

used for devices fabricated in CMOS has been mdstlysed on frequencies
up to only a few GHz. The different approachesrianafer measurements and
de-embedding and their limitations are describedtrigk that are accurate to
mm-wave frequencies are introduced that can he§vatuate the effectiveness
of different de-embedding techniques. By fittinge tmodels to the accurate
measurements, circuits with predictable performarae be designed that are

14



Chapter 1  Introduction Thesis Organization

operating at the edge of a given technology’s céifiab.

1.2.5 Millimeter-wave circuit design

With all of the key building blocks optimized forrmwave performance and
accurate models that can predict their behavidhése frequencies, 40-GHz
and 60-GHz wideband amplifiers and filters comhgnihese core devices are
designed and fabricated using a bulk 130-nm CMQftgss to demonstrate
the effectiveness of the approach. The 40-GHz dmphkttains 19-dB gain,
output Rgg = —0.9 dBm, I[IP3 = -7.4 dBm, and consumes 36 mWé 80-GHz
amplifier achieves 12-dB gain, outpuis®= +2.0 dBm, NF = 8.8 dB, and
dissipates 54 mW. This represents the first redaataplifiers operating above
30 GHz, and confirms that CMOS can be used to desfiable circuits at

mm-wave frequencies.
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2.1

2.2

2

Design and Modeling of
CMOS Devices

Infroduction

When designing CMOS circuits for mm-wave operatithe use of a low-
resistivity silicon substrate and the parasiticrseudrain, and gate resistances
are some key factors that degrade the electricgdédnpeance of the active and
passive devices. In order to properly account ighdimitations and minimize
their impacts, new methodologies must be develdpat involve optimized
layouts, careful modeling, accurate measurement a®dembedding
techniques, and a variety of simulation strategldsee methodology that has
been developed for the design and modeling of &otive and passive devices

will be described along with experimental verifioatup to 65 GHz.

CMOS Technology

This section provides a brief comparison betweestaadard digital 130-nm
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CMOS process and a dedicated microwave technolegly s GaAs. Some of
the key differences, which motivate the design cé®iand influence the
modeling, are highlighted.

2.2.1 Front-end features

Two important disadvantages of a silicon metal-exs¢miconductor field-
effect transistor (MOSFET) compared to a GaAs feflect transistor (FET)
are (1) the low-resistivity substrate and (2) thghhsheet resistance of the
polysilicon gates. The substrate resistivity of mdsep-submicron silicon
processes is 10-13-cm, which is many orders of magnitude lower thaat t
of GaAs (~16-1F Q-cm) [16]. Signals that couple to the low-resigivi
silicon substrate incur significant losses, esplgcat mm-wave frequencies.
Furthermore, whereas a GaAs FET can effectivelytrbated as a three-
terminal device, the existence of the bulk termia&d the body-effect
complicate matters for MOS modeling and design.

The gate material used for CMOS devices is padysi, which has a
much higher sheet resistance (-Q) than the metal used for the gates of
GaAs FETSs. A higher gate resistance can reducedhsistor power gain and
increase noise figure. Fortunately, simple layadhhiques can be used to
minimize the detrimental effects of the polysilicgate.

2.2.2 Back-end features

Fig. 2.1 shows the core back-end stack of theadi@MOS process that was
used in this work, consisting of six levels of ceppnetallization, a low-
resistivity silicon substrate, and multiple intea dielectrics (oxides and
nitrides). Top-layer metal is O thick and the distance from the substrate is

5 um. Chemical mechanical polishing (CMP) is used lnarize all metals
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Chapter 2 Design and Modeling of CMOS Devices CMOS TswrsDesign

and dielectrics, providing better repeatability thie conductor and oxide
thicknesses compared to GaAs. Due to the use of,Gltbugh, uniform
density is required on all metal levels. Thus, tilega dummy fill metal is
needed to increase the local density, while largasaof metal (e.g., for ground

planes) are forced to have slots.

oo ]

Multiple My
Dielectric
Layers 3
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4 um

A

0.3 um

1pm
Poly i

.

Lossy Substrate

Figure 2.1 Typical CMOS back-end process with six levelsopiper metallization, low-
resistivity (~10Q-cm) silicon substrate, and multiple dielectrics (mosdale).

2.3 CMOS Transistor Design

In this section, the metric used to quantify thghkirequency performance of
active devices is first described. Secondly, thHeatfof parasitics on the high-
frequency performance limits of CMOS transistorgrissented. Finally, design
guidelines for optimal transistor layout are pr@ddalong with experimental

verification.
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2.3.1

2.3.2

Maximum oscillation frequency, fmax

For a transistor to be used in the design of allnécessary circuit blocks for a
wireless transceiver operating at mm-wave freq@cit must be able to

achieve power gain at the desired frequency ofaijper. A device is said to be
active if, under sinusoidal excitation, the net ac powensumed by the

network is negative—that is more ac power flowsafhe device than into it.

At the target operating frequency, the more adtieedevice, the more suitable
it will be for circuits at that frequency.

The maximum frequency of oscillatiofx4y) is generally defined as the
frequency that the device transitions from actov@assive [17]. Since a circuit
composed of only passive components must itselpdssive, an immediate
consequence is thall linear amplifier and oscillator topologies employi
this device, including distributed amplifiers, distited oscillators, and circuits
with arbitrary feedback, fundamentally cannot ofeiseyondf.x. Thus, the
most relevant figure-of-merit for the high-frequgncapabilities of a
technology isfrax, rather than the transition frequendy), (which has been

traditionally used as the speed benchmark foraligind baseband circuits.

Mason’s unilateral gain

If a transistor is modeled as a linear two-portwagk, a common figure-of-

merit used to characterize the active device isdviasunilateral gain [18],

|2

U :1 |y21_y12

(2.2)
4 01192 = 91292

whereg;; = Re {;). One property of the unilateral gain, as provedason, is

thatU is invariant to lossless reciprocal embeddingeré&tore, the addition of

lossless parasitic capacitors or inductors arobedlevice will not changé.
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It can be readily shown that,di; > 0 andg,, > 0, which is true for
almost all CMOS transistors, the device is active i

us>1 (2.2)

Although (2.2) is often used as the criterion fotiwaty, it should be noted that,

strictly speaking, a device can also be activeafdenominator

0119, — 91,9, < 0 (2-3)

The condition in (2.3) is rarely encountered in gbice, justifying the
widespread use of (2.2) as a test for activity.

In addition to being used as a test for activiby,most practical CMOS
transistorsJ is a monotonically decreasing function of frequerandf.x is,
therefore, the frequency whetd = 1. Sincefyax IS often larger than the
frequency capabilities of the measurement systeisicommon practice to use
low-frequency measurements &f and reportfmax as the extrapolated
frequency wheré) = 1 (often assuming a 20 dB/decade slope). Cars bel
taken when designing circuits at frequencies apyriog the extrapolatethax
becausdJ is a complex function of frequency, often droppatga rate much
faster than 20 dB/decade at frequencies figarlt is imperative, then, thad
is measured and modeled as close to the targew@tog frequency of the
circuit as possible to minimize errors associatét extrapolation.

One final point should be made about ugint find fyax. It is common
for other researchers and textbooks to defjpge as the frequency that the
maximum available gain (MAG)—the power gain achevevith a
simultaneous conjugate match at the input and éutpacomes unity, instead
of U. While it can be proved that the definitions arguiealent (i.e.,
U = MAG =1 atfu), there is one major drawback to using MAG instegld
to find frax. While U is defined regardless of stability, the maximuraitable
gain is only defined for unconditionally stable @es. At frequencies where
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the device is potentially unstable, the maximunblstgain (MSG)—defined
as ya1/lyi—is used instead of MAG. For deep-submicron CMQ&hdistors,
the frequency that the device becomes unconditipséhble can occur well
into the mm-wave regime, making it difficult to elatly measure the MAG.

As an example, the unilateral gain, MSG/MAG, arr&circuit
current gain for a 10L pm/0.13 um CMOS device biased at 300 pA/um are
shown in Fig. 2.2. For this device, the maximungérency of oscillation is
fmex = 135 GHz. This value is much larger tHan 80 GHz extrapolated from
low-frequencyhy;, and much lower than the value of 200 GHz extraigol
from low-frequency unilateral gain. The locationtbé point where the device
becomes unconditionally stable (the “knee”) ocatr80 GHz. Allf .« values
reported in this thesis are extrapolated from tineuit models described in
Section 2.4 and doot assume a 20 dB/decade slope.

o u
A MSG/MAG

Frequency [Hz]

Figure 2.2 Measured (markers) and modeled (solid lines) erglagain, maximum stable

gain, maximum available gain, and current gain, for ax1@®/0.13um NMOS device
biased at 30 mA.
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Figure 2.3  Simplified physical model for one finger of aA®IS device.

2.3.3 Layout for optimal fmax

Multi-finger transistors Consider a multi-finger transistor composedNgpf
identical devices in parallel. If ideal connecticanr® assumed between all of
the devices, the port admittance matrix of the oosip device is
Yror = NeYringer. Since all of the admittances are scaled\byit is easy to see
from (2.1) that

Uror =U (2.4)

Finger

Thereforefmax Of the multi-finger transistor is identical t@, of the individual
fingers. Even if non-ideal interconnect is modekgre is minimal impact on
frex Decause the dominant additional parasitic forsistars with geometries
much smaller than a wavelength is additional logsl@arasitic capacitance
and inductance. This higQ-parasitic has a negligible effect &h So, for
typical device sizes, it is generally sufficient ealy consider the optimal

layout for a single finger of a multi-finger trassor.
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Optimal finger width The physical layout of a single finger is showrFig.
2.3, along with a physical model depicting the daant high-frequency loss
mechanisms. As mentiondgde is highly-dependent on the resistive losses, the
most significant being the gate resistan®e) series source/drain resistances
(Rs Rp), non-quasi-static channel resistaneg,s), and resistive substrate
network R, Rab, andRyp) [19].

By using narrow finger widths, the effect of thetg resistance can be
made small compared to the other parasitic resisidre polysilicon gate sheet
resistance only affects how narrow the fingers nfestnade. Another benefit
of using narrow fingers is that the substrate adstaan be placed very close
to the device to minimize the substrate losses.

200 |

100

50

Current Density, Ips/W [pA/pm]

20

Finger Width, W [um]

Figure 2.4 Measured maximum frequency of oscillation [GHz] 180-nm NMOS
transistors.

2.3.4 Measured fmax

The optimal transistor finger width for our 130-mhgital CMOS process has
been determined empirically. The measufgd for NMOS transistors with

minimum channel length as a function of finger Wwidihd bias current density
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24

is displayed in Fig. 2.4. Nine devices witty = 1-8um andNg = 40-100 in
common-source configuration have been fabricatéd Qulk and source are
grounded and the gate contacted on one side fdraaistors. For six bias
points (pg/W = 20-300uA/um) per device, a transistor model was extracted
from the measured data in order to fipg (see Section 2.4). The constépk
contours shown in Fig. 2.4 were linearly interpethtbbetween the measured
data points.

For a constant current density, the dewviceemains fixed (e.g., for
oW = 100pA/um, f; is 70 GHz). It is clear from Fig. 2.4 that, depiegdon
the finger width,f,ex can be much larger or smaller thianThus, the optimal
layout for mm-wave applications requires CMOS tistoss to be designed
using many extremely narrow fingers in paralles¢léhan Jum each). This is
in stark contrast to GaAs FETs with metal gatesretrelatively few fingers
of wide devices ik = 30-75um) are typically used [16]. Furthermore, the
device must be biased well into strong inversiaoad 100-30QA/um) for
mm-wave operation. By proper layout and biasingaugh, thef,.x of an
NMOS transistor in a standard 130-nm CMOS technolman easily surpass
100 GHz, allowing the possibility for mm-wave anfieli and oscillator

circuits.

Microwave Transistor Modeling

Accurate device models capable of predicting theatdband performance of
the transistors are critical for circuits operatimear the technology limits. The
traditional microwave approach to transistor maugluses measure8
parameter data for circuit design. Althougiparameter models are sufficient
for many designs and are very accurate, since ithpicitly account for all
parasitics and any distributed effects, a circutidel provides the ability to
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2.4.1

extrapolate to frequencies beyond the measurenegrdbdities of the test
equipment. Additionally, due to de-embedding limdas (Chapter 3),
Sparameter data for the intrinsic devices beconaeaarate at very high
frequencies. Finally, an accurate nonlinear laigead transistor model [20] is
required for the design of mixers, oscillators, aogver amplifiers.

Noise in RF and mm-wave transceiver circuits playsitical role in
determining the sensitivity of wireless communicatsystems. With the desire
to have highly-integrated CMOS solutions for thegplications, there is a
strong demand for CMOS transistor models that caourately predict the
device noise up to mm-wave frequencies. At thesguiencies, the dominant
source of noise is thermal noise, while flickersaois negligible. In addition to
the conventional drain current thermal noise mageld for baseband analog
circuits, induced gate noise caused by the nontgtatsc (NQS) nature of the
channel becomes important. Additionally, the thdrn@se generated by the
lossy substrate must also be included.

Small-signal modeling

At mm-wave frequencies, series resistive and indeicparasitics become
more significant. Consequently, it is critical taperly model these parasitics,
in addition to the capacitive effects that are itradally captured by digital

CMOS models [19]. Considering the small margins faydeling errors and
the tight coupling between the precise values efgarasitics and the layout
details—input and output connections, locationsgodunds and substrate
contacts, number of fingers, etc.—a transistor rmogleapproach using the
extended circuit model shown in Fig. 2.5 for fixéevice layouts is proposed
[20]. The core device can be modeled using eitHamgped small-signal bias-
dependent model for highest accuracy or a stanB&id#13 model card to

capture nonlinearities. Notice that all of the cajmas (e.g.,Cgyy, Cgs, Cus)
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account for both the traditionally “intrinsic” chael and overlap capacitances

as well as the traditionally “extrinsic” wiring capitances.

qd
D
T v
T‘nq_s gmVi Jds ds JmbUbs
oB
Lg
Re
Lg Rs & Rp Lp
Cab
Ry, Ry

Figure 2.5 Extended transistor model for an NMOS device stipthie important parasitic
elements.

For each model, the component values and devicaneders were
extracted from measured data using a hybrid opétioz algorithm in Agilent
IC-CAP [21]. Sparameters for the simulated small-signal moddlmeasured
data up to 65 GHz are shown in Fig. 2.6 for ax100m/0.13 um NMOS
transistor biased afss = 0.65 V andVps = 1.2 V. The excellent broadband
accuracy of the simulation compared to the measdegd verifies that the
topology of the model is correct and complete. kemnore, it also
demonstrates that distributed effects and frequelependent losses caused by
the skin effect can be adequately accounted fargusnly lumped extrinsic

components with frequency-independent values.
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The transistor gains—Mason’s unilateral gain, nmaxn stable gain
(MSG), maximum available gairMAG), and current gain—for this device are
plotted in Fig. 2.2. The accurate modeling of thdateral gain is particularly
important. Unlike theviSG and current gain, Mason’s unilateral gain is ayver
strong function of all resistive losses. Therefoegcurately fitting the
unilateral gain validates that the important losechanisms have been
properly modeled. As mentioned earlier, these tigsislosses are critical

because they ultimately limit the high-frequencpatailities of the transistor.
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Figure 2.6 Measured (markers) and simulated (solid lirgeparameters for a 18Q
um/0.13um NMOS device biased at 30 mA.
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2.4.2 Noise modeling

High-frequency transistor noise The conventional noise model used for
baseband analog circuits [22] is not sufficientdbort-channel CMOS devices
operating at mm-wave frequencies and must be augehem two significant
ways: increased drain current thermal noise andced gate noise effects
[19], [23], [24]. Additionally, at high frequencigsthe thermal noise
contributed by the same extrinsic resistors thdiice the power gain becomes
increasingly important (Fig. 2.3). However, as lcag) separate elements are
used for these physical resistors, their thermakenacontributions will
automatically be included in the circuit simulation

Cy d

Go—s I —oD

ing 9dg Cgs f— ImUgs (D Jds ing

Figure 2.7  Simplified van der Ziel noise model for initnGMOS transistor.

Based on the derivations by van der Ziel, the Birag noise model for
the intrinsic CMOS device with drain and gate nae®erators is shown in
Fig. 2.7. The drain channel noise has a white pospectral density of the
form

i _ gy (¥ (2.5)
Af o g ) '
where Ty Is the device operating temperatuge,is a bias-dependent “noise

enhancement” factor, aralis defined as

n 9 (2.6)
ng

a
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with gqo the drain conductance when there is zero drainesdnias. For long-
channel devices biased in saturatipn: 2/3. The noise enhancement factor
increases for short-channel devices, although tiseme clear consensus as to
the physical mechanism. One theory attributes riceease to the additional
charge build-up near the drain caused by veloatyrated carriers. Another
possible explanation is that the increased noighuésto the existence of hot
carriers causing the electron temperature to exteedattice temperature. A
typical value of the noise enhancement for shoasrcel CMOS devices
operating in saturation is around 1-2 [25].

The channel noise couples to the gate terminautiiv the gate

capacitance, causing a noise current to flow watWvgr spectral density
2

Iﬂ
A? = 4KT,dag, (2.7)

whereg; is due to the NQS channel resistance, and halsie &

_aw’C

5o, (2.8)

Y

The factord for the noise current is equal to 4/3 for long+uteal devices, but
can be as large as 15/2 for short-channel devasgs [

Notice that the gate noise current is not whitel amcreases with
frequency. However, it can be shown [24] that thens noise current can be
approximated with an equivalent series noise veltaigthe gate, possessing a
white power spectral density

2
Yo gy, (”—ﬂ (2.9)
Af 50,,

when
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S,
a

w<< (2.10)

Even though the two noise currents arise from theesatysical
source, the finite response time of the channel (men-quasi-static (NQS)
effect) causes the noise currents to only be partaltyelated. The correlation

coefficient is defined as

i i
ng nd (2.11)

Vit T

In the long-channel limitc =~ j0.395 [24]. The parameters in (2.5)—(2.11) are

c

generally bias-dependent and frequency-dependent. Attemptsttoectese
noise effects have led to various approaches for FESemaodels, which can
broadly be divided into three distinct groups: physics-basanpact models,
measurement-based empirical models, and equivalenitcistoall-signal

models.

Physics-based compact models Intensive research into developing extensions
for compact CMOS noise models has received the mostiatiever the past
decade, due to the widespread availability and use of comuatels, such as
BSIM [32] and Philips MOS Model 11 [25], for digital and baeseth analog
circuits. BSIM3 does not include RF noise effects sucimésced gate noise.
However, BSIM4 improves on the RF noise modeling of BSEIiith a
holistic noise model and noise partitioning implemgotato account for the
increased channel noise and the correlated induced gaee(Ras 2.8). The
magnitude of the correlation coefficient, but not thenpex phase, can be
captured using this approach. Philips MOS Model 11 uses a channel
segmentation technique, dividing the transistor into mangllsmtransistors

that are individually modeled as quasi-static due ta 8maall size (Fig. 2.9).
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In this way, no special considerations are needed foN@® effects, as they
are properly included automatically. Unfortunately, mamausators do not
fully support these advanced RF compact models, and mbstastially, the
foundries typically do not provide these more complicatedets. Therefore,
noise modeling using compact models was not investigatedhi®riork,

although the accuracy of future compact models is promisuag ghe amount

of ongoing research in this area.
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Figure 2.8 BSIM4 noise model.
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Figure 2.9  Philips MOS Model 11 noise model.

Measurement-based empirical models The general theory behind equivalent
circuit models for arbitrary noisy two-ports is delsed in detail in Section
3.6.1. For a fixed device geometry and bias, the noise akastics of any
two-port device can be completely described with thgueacy-dependent
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noise parametersF{in, Yopr, Rn). The noise parameters can be determined
empirically through measurements and, along with thecdeésparameters,
can be used in the design of low-noise amplifiers [Bdjpirical noise models
provide the same benefits and suffer from the samebdrelg as the empirical
Sparameter small-signal models. The equivalent noiselemeompletely
captures the noise behavior of the device without the teddentify the
individual noise sources and their correlation to eackrotHowever, large
measurement errors at mm-wave frequencies and the ipabikixtrapolate or
predict performance at frequencies other than those umeghdimit their

application.

ing gmviG) Jds ind

Tngs ImUi CD 9as lnd

(b)

Figure 2.10 Noise model used for (a) PRC and (b) Pospsésnaddels.

Equivalent-circuit small-signal models Equivalent-circuit small-signal noise
models are a compromise between the physics-based asdremaant-based
models, and are commonly used in MMIC designs to modelirtingnsic
device. The two most prevalent models of this type & PRC model
[27][28] and Pospieszalski model [29], which are shown in EitQ.
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The two small-signal noise models are very similaraddition to the
minor topology difference, there are a few key dgtishing features. The
PRC noise model essentially models the noise behaviorighegldby van der
Ziel using three dimensionless paramete’s—R, and C—to capture the
magnitude and correlation of the noise currents. Thesaneders are defined

as
iT
nd = 4KT. P 2.12
Af Ogm ( )
i2 W' C
M= 4kT0 LR (2.13)
Nf O

LTS (2.14)

Comparing these with (2.5)—(2.11), it can be cleaden that th€RC noise
model captures the same behavior as the van demdagzl.

The Pospieszalski noise model is a simplificatioh the more
comprehensivé®’RC model. It models the transistor noise performansiag
two, rather than three, uncorrelated noise souspecified by the noise
temperature of the gate and drdipandTgy, respectively. These are defined as

2

Vig _

= Ak T, (2.15)
e - gyg T (2.16)
Af Q4s Ha -

Equating (2.16) with (2.5), we see that
T (YY) 9n _[yj
Aol 22 =] Lg.r 2.17
T, [aj[gdsj pol I (2.17)
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From (2.17), the drain noise temperature can ba 82ée much larger than
the device operating temperature under most comgiti

Based on empirical data [29][30], it has been tbtirat the gate noise
temperatureTy of the Pospieszalski model is often close to thebiant
temperature of the device. The physical extringitegesistanc®s (Fig. 2.5)
also contributes noise based on the ambient temgperaDuring model
extraction, it is often difficult to partition beeen the extrinsic gate resistance
and the non-quasi-static channel resistance. Tdvexrethe approximation that
Ty =To is particularly convenient, since the noise terapge is identical
regardless of the physical source. Given this appration, the simplified

Pospieszalski model reduces to being specifiedyusisingle parametdi.

Experimental verification of noise model  Using the on-wafer noise
measurement and de-embedding technique describ®dciion 3.6, the noise
parameters were measured from 50-75 GHz for tlweemon-source NMOS
transistors and a cascode device. The probe pagsdeeembedded such that
the noise parameters are for the intrinsic device.

Small-signal models for the devices were extrati@sed on measured
Sparameters up to 65 GHz. Based on the simplifespieszalski model, aside
from the output resistance at the drain, all resss{including the non-quasi-
static channel resistance) introduce thermal nasea temperature of
To = 290 C. The drain noise temperature in (2.17) was debteunby defining
the parameter

a

[Zj =14 (2.18)

that was chosen to be independent of device gegnidie value for the drain
noise enhancement factor in (2.18) was optimizeti tine noise parameters
for all devices.
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The measured and modeled noise parameters folethees are shown
in Figs. 2.11 and 2.12. Even with the relative diaily of this noise model,
the simulation predicts the noise performance welnm-wave frequencies.
For the single transistorE.min is within 0.5-1 dB across the frequency band,
and /op is accurately predicted to better than what cpoeds to a 10 dB
mismatch. This implies that a low-noise amplifidesigned with a source
impedance of oy predicted by the noise model, will still achievese to the
minimum possible noise figure for that device.

It is interesting to note that the minimum noiggufe for the cascode
device is substantially larger than for a single @Mtransistor, which differs
compared to lower frequencies where the cascodeerisioften treated as a
second-order effect. At frequencies approacHhipg the capacitance at the
intermediate node between the two devices causegdim of the common-
source transistor to be lower and also reducedegeneration for the cascode
transistor. Both of these related effects incraasenoise contributed by the

cascode transistor to the overall noise figure.
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Figure 2.11 Measurement and simplified Pospieszalski modemfoimum noise figure
(Fmin), Noise resistancdR(), and optimal source reflection coefficierit£) for devices biased
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NMOS (80x1 150uA/um) Measured vs. Model: Gamma=1.4, Ri
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2.4.3 Large-signal modeling

The optimization of nonlinear circuits such as mexepower amplifiers,
oscillators, and frequency multipliers, requiresegse knowledge of the
nonlinear characteristics of the active devices @avevide range of operation.
Large-signal device models have evolved into twsida&ategories: table-
based [31] and physical [32][33]. At mm-wave freqcies, GaAs FET models
commonly employ table-based models derived frons-dependent linear
measurements. The large-signal accuracy of taldeebanodels is limited by
the existence of discontinuities in the model eletmeand nonlinearities in
their interpolation due to imperfect measuremerd ¢4].

We have developed a large-signal modeling metloggofor fixed
geometry devices [20] that is based upon a standardsic BSIM3v3 model
augmented with bias-dependent junction capacitacs lamped elements to
model the dominant mm-wave effects. The proposetthadelogy is founded
on the quasi-static assumption that the mm-wawgelaignal performance of a
transistor is primarily governed by its dc nonlingas, while the nonlinear
capacitors only contribute a small amount to tlyhHrequency distortion. The
dynamic performance is captured with the additibrexirinsic parasitics to
capture loss and inductive effects, as was disdussBection 2.4.1.

The core BSIM3v3 parameters were first extractedntatch the
measured dc I-V curves of the fabricated commomeNMOS transistors.
As shown in Fig. 2.13, a good agreement betweersuned and modeled dc
curves can be achieved for this devicexB@m/0.13um NMOS). Measured
Sparameters are then used to extract external iparesmponent values to
obtain a bias-dependent small-signal mm-wave frequdit up to 65 GHz.
Layout-dependent interconnect capacitances areadided around the intrinsic
device, and junction diodes account for the voldgpendence d@q, andCs,.

A comparison of measured and simulated data fordégembedded 3Q

38



Chapter 2 Design and Modeling of CMOS Devices Microwanam3istor Modeling

um/0.13um NMOS transistor over a typical bias sweep @tV shown in
Fig. 2.14, again demonstrating good broadband acgur
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Figure 2.13 Measured and modeled dc nonlinearitiesp{a@¥! Vps. (b) Om VS. Vs

The proposed BSIM3v3 model was implemented in égilEEsof
ADS, and the harmonic balance simulator was usemtddict the large-signal

behavior. Harmonic distortion tests, using the maes®ent setup shown in
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Section A4.2, have been performed over numerousatpg regions and
frequencies with good results, and described iaidiet [20]. One particularly
important test is when the device is biased neartkineshold voltage and
operating in Class B mode. Many mm-wave circuitsshsas mixers and
frequency multipliers, function by exploiting thdrang nonlinearity of
transistors biased near the threshold voltagectafedy using the device as a
rectifier. To determine the accuracy of the modael these applications, the
transistor was biased at constaris¥ 0.2 V, and the input power was swept
from R, = -3 dBm to +3 dBm at a fundamental of 30 GHz. Thelteshown
in Fig. 2.15 show that the extended BSIM3v3 modeljaoles good accuracy
for Class B operation. Thus, the extended BSIM3v@deh is capable of
predicting bias-dependent small-signal performaarae large-signal distortion
performance of the devices up to 65 GHz, and camsbd to design nonlinear

mm-wave transceiver circuit blocks.

VGS =02V
VGS =03V
VGS =04V
BSIM Model

Frequency [0.04 to 65 GHz]

Figure 2.14 Measured and modefegarameters for Mg = 1.2 V.
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Figure 2.15 Class B power sweep curves.

2.5 Transmission Lines

Transmission lines (T-lines) are important struesufor mm-wave design. At
these frequencies, the reactive elements neededdoching networks and
resonators become increasingly small, requiringiatahce values on the order
of 50-250 pH. Given the dominant quasi-transvefset®magnetic (quasi-
TEM) mode of propagation, T-lines are inherentlglable in length and are
capable of realizing precise values of small reasa. Additionally,
interconnect wiring can be modeled directly whepleamented using T-lines.
Another benefit of using T-lines is that the wedlfided ground return path
significantly reduces magnetic and electric fieldugling to adjacent

structures.
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Figure 2.16 Distribute®LGC lossy transmission line model.

2.5.1 Characterizing low-loss transmission lines

Four real (or two complex) parameters are needezbiapletely capture the
properties of any quasi-TEM transmission line given frequencyw. The T-
line can be characterized by its equivalent frequatependentRLGC
distributed circuit model (Fig. 2.16), which can fiedated to the characteristic

impedance4p) and complex propagation constaptlgy [35]

Z, = (R*japL (2.19)
G+ jw,C
y=y(R+jay L)(G+ j,C)
=a+|p

(2.20)

For low-loss lines, the attenuation and phase emista and S, respectively,

can be approximated as

a= % " GZZO (2.21)
0
B= i—” =~ @/LC 2.22)

where Ay is the wavelength of a quasi-TEM wave on the lifihe
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characteristic impedance and wavelength are p&tlgumportant for design,
and therefore, (2.19) and (2.20) are used morendfian theRLGC model
directly, sinceZ, andAq are readily observed.

There are two deficiencies with the standard rsgr&tion of (2.19)
and (2.20). First, as seen in (2.21), the two rhifieé loss mechanisms are
combined into one parameter, making it difficult ¢iiscern the relative
importance ofR andG. As opposed to transmission lines implemented on a
semi-insulating substrate, whe@ is nearly zero, T-lines on low-resistivity
silicon have a non-negligiblé due to the substrate coupling. Secondlyjs
often approximated as a real number, and the esiprefor Imgo), which will
be shown to be important, is not obvious from thRresentation.

To address these two issues, the following faat parameters are

proposed to characterize the line:

Z=.L/C (2.23)
_ 2n
A= T (2.24)
Q =w,L/R (2.25)
Q. =w,C/G (2.26)

Notice that the two loss mechanisms are completegoupled in (2.25) and
(2.26). If the quantities in (2.23)—(2.26) are tethto those of (2.19)—(2.22),
the first-order Taylor series expansions are

Z,~7 {1+ %(Qi —QiD (2.27)

A =) (2.28)

g

From (2.27), the expression for [} is now apparent. For lossless lines,
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Im(Z,) — O as expected, whereas for low-loss lines, the sigm@h) reveals
which loss mechanisn@X or Qc) is dominant. 1, is assumed to be real, this
implicitly requires thatQ_ = Qc, which is not generally true. The fact that
Im(Z,) is non-zero and frequency-dependent causes difficuittiesome de-
embedding methods, and the implications will be discusger in Section
3.4.2.

2.5.2 Inductive quality factor

Transmission lines are often used to resonate witlnthesic capacitance of
the transistors (e.g., when used in matching networkghisncase, the line
stores mostly magnetic energy, and as described imoB8e&2.1, it is most
appropriate to minimize the power lost for a given amioof net reactive
energy stored in the line, as opposed to the totadtemergy [36].

netenergystored_ 2a,(W,, —W,)
avg.powerloss P

Que =2, (2.29)
where ay is the resonance frequen&y;,, andW; are the average magnetic and
electric energy stored, am®l is the average power dissipated in the line. As

derived in Section A2.1, this can be expressed as

t_ 1,1 (2.30)
Qnet ,7LQL ,7CQC
where
W,
n. :1—W; (2.31)
W
=_m_1 2.32
e = (2.32)

e

If the line is inductive (i.e. W >> W), thensc >> . and Qe = 7.QL. Thus,
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2.5.3

when used to store mostly magnetic energyjrtlective quality factor, Q,, is
a better metric than the resonator quality facter ia more accurately
corresponds to the amount of loss due to the line.

For example, consider a shorted transmissionwiie | < 0.14. In this
case, it can be shown (Section A2.2) thmt > 7.2, and the relative
importance of the shunt losses is reduced comgarte series losses. This is
particularly important for integrated T-lines onlicin, where the low-
resistivity substrate causé3c to be non-negligible. A similar qualitative
discussion and conclusion for inductive lines Has heen presented in [37].

Microstrip vs. coplanar waveguide

Microstrip lines on silicon are typically implemexck using the top-layer metal
as the signal line, and the bottom-layer metaltf@ ground plane. A major
advantage of microstrip lines is the shieldingrinpdes from the lossy silicon
substrate. Fig. 2.17a illustrates the effectivenesshe metal shield, with
essentially no electric field penetration into substrate. The shunt 10<5, is
therefore due only to the loss tangent of the oxidd some radiation loss,
yielding a capacitive quality factoQc, of around 30 at mm-wave frequencies
(Fig. 2.18b). In addition to reducing the shuntsjoghe isolation provided by
the ground plane also makes microstrip lines lessisve to the processing
details of the substrate, which in reality is nosieple uniformly-doped

semiconductor.
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Si Substrate

- 8iSubstrate :

(b)
Figure 2.17 Electric field distributions from 3-D EM sintidas of (a) microstrip and (b)
coplanar waveguide transmission lines.

The biggest drawback to microstrip lines on stathdaMOS is the
close proximity of the ground plane to the sigmaé I(~4um), yielding very
small distributed inductancd,. This significantly degrades the inductive
quality factor,Q, (Fig. 2.18a). Another disadvantage of microstnes is their
low characteristic impedance, which signifies laigacitive loading. For
example, the characteristic impedance of anmBwide microstrip line was
measured to be only 49. TheZ, can be increased by reducing the conductor
width, but very high-impedance microstrip lines amapractical since

electromigration design rules limit the minimum adetidth.
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Another option for on-chip transmission lines le tuse of coplanar
waveguides (CPWs) [38], [39], which are implementdgth one signal line
surrounded by two adjacent grounds (Fig. 2.17bg Jignal widthW, can be
used to minimize conductor loss, while the sigweagtound spacingS
controls theZy and the tradeoff betwedd and Qc. As an example, a CPW
with W= 10pum andS= 7 um has &, of 59Q and aQ, measured to be about
double that of the microstrip (Fig. 2.18a). By vagy the signal-to-ground
spacing, it is possible to design CPW lines to haitleer largeQ, and high-
impedance$= 7 um) or largeQc and low-impedanceS(= 2 um) (Fig. 2.19).
On the other hand microstrip lines have, to fingtew, constanQ. and Qc
independent of geometry. CPW parameters should l&se less variations
than microstrip, since the dimensions of a CPWdatermined by lithography
and not oxide thicknesses.

Although the shielding is not as good, Fig. 2.1ltistrates that most of
the electric fields still terminate on the coplag@ounds instead of the lossy
substrate. Furthermore, the coupling to the sutestnaanifests itself as a
reduction inQc (Fig. 2.18b), which was shown to be relativelyigngicant for
many circuit applications. Another important issugen designing with CPWs
is the unwanted odd CPW mode, which arises bedal$#' lines inherently
have three conductors. To suppress this parasiipagation mode, the two
grounds should be forced to the same potential [BBMMICs, this requires
the availability of air bridge technology, whichdestly and not supported by
all foundries. Underpasses using a lower metalllavea modern CMOS

process can be used to suppress this mode.
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waveguide and a microstrip line.
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Figure 2.19 Measured (markers) and modeled (solid lines) yualitors for coplanar
waveguides with varying geometries.

The ultimate choice of transmission line structdepends upon the
application and the specifics of the back-end m@sceFor mm-wave
transceivers in this CMOS technology, the considgraigher Q. for CPW
lines outweighs the benefits of shielding affordgdusing microstrip lines.

Therefore, CPW transmission lines were used iafadlur circuit designs.
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2.6 Transmission Line Modeling

2.6.1

Accurate transmission line models are imperative,tlee T-lines are used
extensively in mm-wave circuit designs. Owing te tuasi-TEM nature of
propagation, scalable (in length) transmissionsliaee easier to model than
lumped passives. Furthermore, because of the dmhfinement, the lines can
be modeled individually without concern that adjcgtructures will affect the
performance characteristics of the line when usedare complex circuits.

Equation-based models derived for microwave trasson lines are
not applicable for lines integrated on silicon sudtes. The models typically
assume thin conductors, ground planes which arfedar the signal lines, and
high-quality dielectrics. The lossy silicon substrég very close to the signal
lines (~5um) and the metal thickness is on the order of theedsions of the
conductor width and signal-to-ground spacing. lis gection, two modeling
approaches for transmission lines are investigated their trade-offs
presented [40].

Physical electromnagnetic modeling

Electromagnetic (EM) simulations of the passivesebdeon the physical layout
were performed using Ansoft HFSS (Fig. 2.17). Salveimplifications were
used to improve simulation time with a small degtauh in accuracy. The
silicon substrate is modeled as uniformly doped, e multilayer dielectrics
are modeled with two layers: the oxide and paswratith effective dielectric
constants of 4 and 6.3, respectively. Additionathe dielectric loss tangent,
which degrades with frequency, is assumed to bstaoh Although 3-D EM
simulations enable the characterization of arbitpassive devices, they suffer
from long simulation times (many hours) and thebility to include several

poorly characterized effects (substrate doping ilerofconductor surface
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2.6.2

roughness, etc.). Physical EM simulations shouldubed to compare and
optimize transmission line cross-sectional geomstrand can serve as a good
verification tool for more complex passive netwqrkst are too slow to be

used iteratively during the design phase.

Design-oriented electrical modeling

To achieve a high level of accuracy for the trassion line models when data
from fabricated T-lines are available, a desigemed modeling
methodology, similar to [41], has been chosen Fis twork. The modeling
approach is based on the measured transmissiondirzeand the models are
optimized to fit the data most accurately at mm-evérequencies. Scalable (in
length) electrical models, which capture the higiel behavior of the lines,
have been used and are supported in most simukkiohsas SpectreRF, ADS,
and Eldo. The model parameters are easy to ohtamn fmneasured data or
physical EM simulations since only a relatively #nmumber of parameters
are required to model the broadband performanceaoh transmission line:
characteristic impedance, effective dielectric tans attenuation constant,
and loss tangent. A first-order frequency-dependess model is used. The
model assumes that the conductor loss is only daoyge¢he skin effect losses,
and the shunt loss is due to a constant loss tangen

Using simple electrical models has many advantagks simulation
time is very fast, and the models can be easiggiraited into circuit simulators
and optimizers. The T-line models assume no cogptinadjacent structures.
This assumption is justified as the well-definedwrd return path helps
confine the EM fields. In addition, the close proiy of the adjacent grounds
to the signal line helps to minimize second-ordéects due to bends,
junctions, end-effects, radiation, and other disicnities. These second-order

effects were not modeled, and as verified in Chagtethis simplification
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2.7

results in a negligible reduction in accuracy.

A CMOS test chip was fabricated which included d+ong CPW and
microstrip transmission lines of different crosstgmal dimensions. For each
geometry, a different transmission line model wasaeted. Figs. 2.18 and
2.19 demonstrate good broadband modeling of the Using the electrical
models for both CPW and microstrip transmissioadin

The somewhat noisy measurement data for the tias®m lines can
be attributed to two factors. Although the oveedtenuation constant of the T-
line can be accurately extracted from measuremdfisction 3.5.4),
decomposing this loss into individual loss compaserauses the measured
high-Q data (e.g.Qc for microstrip) to exhibit more measurement ureiety
than the lowQ data. Above 45-50 GHz, de-embedding errors rasutivalid
transmission line data (Section 3.5.4), and theeefihe data is plotted only to
50 GHz.

Conclusion

Designing circuits for mm-wave operation requirgdiraized design, layout,
and modeling of all the active and passive buildagrks. The key parasitics
that limit CMOS transistor performance at mm-wanegjfiencies are discussed
and techniques to optimize the layout for best qyveténce are presented.
Extended transistor models that capture the gawisen and linearity
performance are described along with experimerdatlation up to 65 GHz.
Transmission lines are widely used in mm-wave dscdor matching
networks and interconnect. Different transmissimed and their models are
compared with silicon results. With simulation mtsdéhat accurately match
measured performance up to mm-wave frequencies tow possible to
design circuits based on these components thabparate near the frequency
limits set by the technology.
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Appendix

A2.1 Q-FACTOR DEFINITIONSFOR TRANSMISSION LINES

Analogous to the case for lumped inductors [36&réhare many different
definitions forQ of a transmission line, where the applicabilitypeieds upon
the intended function of the transmission linehia tircuit.

A2.1.1 Resonator quality factor
The most commonly used definition is tkg of the line when used as a
resonator Qres),

avg.energystored_ a,(W,, +W,)
avg.powerloss P

(2.33)

where ay is the resonance frequendy;,, andW; are the average magnetic and
electric energy stored, ai®] is the average power dissipated in the Qs
can be related to the quantities introduced inl(Radd (2.22) by [42]

(2.34)

where Ao is the free-space wavelength amg is the effective dielectric
constant. Sinces is determined mostly by the dielectric propertigsd not
the transmission line structure or dimensions, ma&ing Qe IS roughly
equivalent to minimizing the attenuation constantJsing (2.34) along with
(2.21) and (2.22)Qres can be related very simply to the parameters .iB5)2
and (2.26) by

1. 1,1 (2.35)

Qreﬁ QL QC
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A2.1.2 Net quality factor

If the line is designed to behave as an equivaileshictor, storing mostly
magnetic energy, it is more appropriate to consilerpower dissipated for a
given amount ohet reactive energy stored in the line, as opposetiddotal

stored energy [36].

netenergystored: 2a.,(W,, —W,)

(2.36)
avg.powerloss P, + P

Qnet = 2CUO

where ay is the resonance frequen&y;,, andW; are the average magnetic and
electric energy stored, aitk andPg are the average power dissipated in the

resistance and conductance, respectivel®, lAndQc are expressed as
Q. = 2w, W, /Py (2.37)
Q =2aW, /Ry (2.38)
it is straightforward to show that

1 1 1
+

= (2.39)
Qnet ,7LQL ,7CQC
where
W,
n. =1- W:: (2.40)
W
=_m_1 241
= (241)

A2.2 Q-FACTOR OF A SHORTED TRANSMISSION LINE

For a shorted transmission line (Fig. 2.2Q)« is simply the single-ended port
Q, which is
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Q. =- Im(y,,) (2.42)

By finding a relationship betwed®,« of a shorted line and the parameters of
(2.23)—(2.26), it will be shown th&, is almost solely determined K, and

in many instance€)c can be ignored. This is unlike (2.35), whépes is
equally dependent upon bafh andQc.

v

Figure 2.20 Shorted transmission line.

To derive the expression f@., the equations foyV,, and We must
first be analytically derived. Then the results(d39)—(2.41) can be used to
determine the scaling factorgs and /. If the location of the short is at= 0
(Fig. 2.20), then for an ideal lossless line, tdtage and current phasors on
the line, as a function of positionare [42]

V =-2jV, sin X (2.43)

| = 2\2/—* cospf x (2.44)

0

whereV, is the voltage in the positively traveling waveheTtime origin is
selected such thaf, is real.

For a low-loss transmission line of lendthif we assume that the
current and voltage are not significantly affedbgydhe losses on the line, then
the average stored magnetic and electric energy are
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LIl 2
w,=[" |4| dxz%L\Z/*zl (L+sinc(41/1)) (2.45)
0 C|V |2 2
W, = j_lengcv+| (1-sinc(4l/1)) (2.46)
where
sinc(t) = sin(n1) (2.47)
rt
Substituting (2.45) and (2.46) into (2.40) and (2, 4ve find
t.- 1,1 (2.48)
Qnet ”LQL ”CQC
where
1 1 1
R — 2.49
n.  2sinc(4l/A) 2 (249)
1 1 1
S 2.50
Ne 2sinc(4/2) 2 (220

For transmission lines that are much shorter thavaeelength, the shorted
stub looks inductivefc >> 7., andQc can often be neglected. For example, if
| <0.24 thennc > 7.27..
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3

CMOS On-Wafer
De-embedding

Infroduction

As described in the previous chapter, accurate hmgpdef both active and
passive devices is the cornerstone of predictaldeitdesign. The extraction
of a good device model is predicated on the altititperform accurate device
measurements against which the model is comparedr €orrespondence
between circuit measurements and simulation modelsst as easily due to
errors in the mm-wave measurements used to gendgmateodels as to the
models themselves.

Accurate well-known calibration techniques for $#rmsgnal
measurements are available that set the referdane pt the wafer probe tip.
Unfortunately, it is not possible to directly probed measure the intrinsic
devices. Instead the device-under-test (DUT) isextdbd within a test fixture
consisting of probe pads and interconnects to tha DFig. 3.1). As the

frequency of measurement moves from RF to microviavem-wave, fixture
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de-embedding becomes increasingly important andlecigeng, particularly
since the pad parasitics are usually much larger the small devices used for
modeling. Therefore, understanding and designing pnobe pads and
interconnects are keys to accurate device modeling.

This chapter describes the challenges involvedhé&asuring and de-
embedding fixtures used to characterize$tmarameters and noise parameters
of devices fabricated on lossy silicon substraf@ssign considerations for
CMOS pads that enable accurate de-embedding wdidmissed. Several on-
wafer calibration and de-embedding techniques dedptroblems that limit
their suitability for characterizing th&parameters of CMOS devices will be
described. A verification technique based on TRlibcation is developed and
proposed to help identify the validity range of theembedding approaches.
Finally, the methodology to de-embed the pads ftbenintrinsic device for
device noise characterization will be described.

—— 60 um —!

Device under test

Figure 3.1  Typical layout for a test fixture and DUT.
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3.2 Accurate S-parameter Measurements on Silicon

Accurate de-embedding is founded on the basictylbdi make repeatable and
precise on-wafer mm-wave measurements [43]. Comaleimpedance
standard substrates (ISS) fabricated on aluminabsamsed to define the
measurement reference plane at the probe tips gtamglard vector network
analyzer (VNA) calibration techniques, such as shpen-load-through
(SOLT), line-reflect-reflect-match (LRRM), or thrgb-reflect-line (TRL).
Ideally, the electrical performance of the probelpan the ISS should be
identical to the on-wafer probe pads, otherwise ititeraction between the
probe pads and wafer probe will limit the accuratyhe calibration standard.
For fixtures fabricated in CMOS, the pads will iriably be different than
those on the ISS; however, this source of errasigally small compared to
errors resulting from inconsistent probe placemant overdrive, which
change the pad inductance and contact resistance.

Aluminum pads fabricated on CMOS will oxidize, uksg in large
contact resistance. In the past, the probe tipg weade of tungsten (W) that,
due to its firmness, could break through the oxdethe aluminum pads.
However, W itself oxidizes and the contact resistamcreases over time.
Fortunately, nickel-alloy tips have been developeat provide very low and
stable contact resistance when probing aluminuns pad]. This is critical
since the contact resistance must be repeatabéedorate de-embedding.
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Pad Model
Rcon L, L,
O— —o0
J\/\/\/T\JUUL/—/\/\/\/T\JUUL/—/\/\/\/ DUT
C; C,

Pad Model

Figure 3.2 Broadband circuit model for the test fixtune@inding the DUT.

3.3 Probe Pad Design

The design of the probe pad and interconnect osylgsibstrates involves
trade-offs between parasitic capacitance, resiskigses, and port-to-port
isolation [43]. Smaller pad parasitics are moreleate-embedded, so pads
should have small dimensions and be implementatyube top metal layers
in a multi-layer CMOS technology [45]. The minimyad size is limited by
the required probe contact area and foundry desigs. The mechanical
integrity of the pad must be maintained, and patgsieémented using the top
two metal layers in a 6-metal layer CMOS procesgehideen used in this
work.

Although using a metal shield underneath the padisstantially
increases the parasitic capacitance over an udshigbad [45], using the
bottom layer metal to shield the pads from theylascon substrate has many
benefits [43]. A low-noise probe pad and intercaines desired when
characterizing the noise figure performance of sdlices. The shielded pad
contributes little noise since it does not suffemi the large resistive losses
caused by signal coupling to the lossy substratghiélded pad also improves
port-to-port isolation—the measured isolation istérethan 40 dB up to 65
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3.4

3.4.1

GHz—and minimizes parasitic coupling to the DUT.n@ecting the grounds
on-chip ensures balanced ground currents and aleerympedance ground
return path. Imbalanced ground currents lead tagities that are different
from those de-embedded during calibration and dsm excite higher-order
modes. For these reasons, low-noise shielded padst@rconnects were used
for all device characterization.

Small-Signal De-embedding

For accurate device characterization at mm-wa\putacies, the effect of the
test fixture must be removed using any of a nunmidfetechniques such as
conventional on-wafer calibration, pad parasitimogal, pad modeling and
extraction, or electromagnetic modeling. Pad deeziding involves the use of
on-wafer dummy test structures to characterize ghd parasitics. Since
material properties like conductor and dielectriackness and substrate
resistivity vary across the wafer, it is best td the dummy test structures
close to the DUT. Several copies of the dummy stires across the chip can
be used for improved de-embedding accuracy. In ghidion, the common
techniques used to de-embed the pad and intercomamecreviewed. The
advantages and drawbacks of each for de-embeddingssy substrates at
mm-wave frequencies are highlighted.

SOLT calibration

The most commonly used method to calibrate VNASGR.T calibration. This
requires four on-wafer standards: a short, an op&f@L load resistance, and
a 50Q transmission line of known electrical length. Tdnasandards are most
easily implemented on an insulating substrate (sashalumina or GaAs)
where it is possible to realize accurate passivadh Wow parasitics.
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Additionally, the 50Q loads are often laser-trimmed. If the electrical
characteristics of the standards are knawgriori, as is the case for the ISS,
then SOLT calibration can be used well into the mave frequency regime.
Realizing a precise broadband resistive load pteséhe greatest
difficulty for SOLT standards fabricated on a coaiike silicon substrate. The
resistor is typically implemented using polysilicowhich has very large
parasitics to the substrate due to its close pribxirkven though the size of
the resistor is small (<2m), there is still a large frequency-dependend@en
impedance of the load as shown in Fig. 3.3. Gileninhability to fabricate
precise broadband loads on silicon, SOLT calibraigonot a viable option for

accurate mm-wave de-embedding on CMOS.

41 - - - - - T 0

40t

Real(Zload) [Q]
Imag(Zload) [Q)]

0 10 20 30 40 50 60
Frequency [GHz]

10 20 30 40 50 60
Frequency [GHz]

(@) (b)

Figure 3.3 (a) Resistance and (b) reactance of a pobysitesistor in CMOS.

3.4.2 TRL calibration

To avoid the problem of fabricating broadband vebliwacterized loads, the
through-reflect-line (TRL) calibration technique svaeveloped [46]. Only
three standards are necessary: a zero-length threugtandard with high
reflection coefficient (typically either a short open), and a transmission line
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(Fig. 3.4). The reflect standard need not be wediracterized, as only its

phase must be known to select between two numiriealid solutions.

Therefore, TRL does not suffer from the parasitioging capacitance and

inductance of the dummy test structures that lihmtaccuracy of the open and

open-short de-embedding techniques describeditatctions 3.4.3 and 3.4.4

[47]. The most important advantage of TRL over SQddlibration is that

well-characterized transmission lines are morelyeésbricated on-wafer than

precise resistive loads.

Error
Box A

L—o—1

Error
Box B

Through
(a)

Error
Box A

G —

o

Error
Box B

Arbitrary Reflect

(b)

Error
Box A

o1

o

Line

o

Error
Box B

Line Standard

(©)

Figure 3.4 TRL calibration structures. (a) Through (b)dgibn (c) Line.

There are several disadvantages associated withc@kbration. First,

for accurate de-embedding, the line standard nemdweve electrical length

between 20 and 160. Therefore, TRL calibration typically can only be
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applied over a bandwidth no larger than 8:1 [48] aequires many lines of
varying lengths for broadband de-embedding. Thikasamultiine TRL
calibration cumbersome and tedious. Furthermordpi® frequencies, the line
standard becomes prohibitively long and consun&graficant amount of die
area.

The more fundamental problem with TRL calibratiethe fact that the
de-embedde& parameters are referenced to the complex-valged the line.
As was described in Section 2.5.1, the characdterishpedance of a

transmission line can be expressed as

Z, = 2(1%(%—%}} 3.1)

For lines fabricated on silicon (and even for liffebricated on insulating
substrates), there is a large variatiorQinandQc with frequency (Fig. 2.19).
This has an important impact on the phase of theltieg S parameters. Even
with the advances of 3-D electromagnetic (EM) satwis, the complex
characteristic impedance of on-wafer transmissiogsican only be simulated
with limited precision because of process variaion conductor dimensions
and dielectric thickness as well as poorly-charasd material properties
such as surface roughness and frequency-depermEmntidngents. There is
active research in developing an accurate theailgtisound measurement-
based technique to determine tHg of lines fabricated on lossy silicon
substrates [47][49].

Open de-embedding

Since the measurement system has already beemataditto the probe tips
with an ISS, it is simpler to remove the pad paiasiusing two-tier de-

embedding instead of the conventional calibratiechhiques described in
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Sections 3.4.1 and 3.4.2. The most basic de-emhgddrategy is open de-
embedding [50]. The dominant pad parasitic, padity at low frequencies, is
the parasitic capacitance from the pad to grodapdC; in Fig. 3.2). For
this technique to be valid, the equivalent circonddel that is assumed is
shown in Fig. 3.5.Y; and Y, can be determined by measuring an open
structure, and the port-to-port coupling admittanég can often be made
negligible with adequate spacing between the iapdtoutput probe pads. The
simplicity of requiring only one open test struetunakes this de-embedding
approach attractive. The pads are removed by siiniyaheY-parameters of
the open from the device measurement.

Open de-embedding implicitly assumes that the dtahce and
resistance of the interconnect between the padlen®UT are small and can
be neglected. This assumption is valid at loweguencies, but at higher
frequencies when the impedances of the series aoemp® (1 andL; in Fig.
3.2) are comparable to the impedance of the pradme gapacitance, the
assumptions used for open de-embedding becomedn@jen de-embedding
is generally adequate for frequencies up to orignaGHz.

O

{had 2

Figure 3.5 Equivalent circuit model used for open de-embedding.




Chapter 3 CMOS On-Wafer De-embedding Small-Signal Deeddihg

3.4.4 Open-short de-embedding

With the addition of one dummy short structurdsipossible to also remove
the series impedances between the pad and the BUWUT The equivalent
circuit model assumed for open-short de-embeddirghown in Fig. 3.6. The
measurement of the open captures the shunt pasasithile the short is the
series impedance in parallel with the shunt pacasit-or best results, the
interconnect between the pads and DUT should bedseghort as possible and
wide metal conductors should be used to minimize sbries impedance.
Removal of the pads is performed by subtractiothei- andZ-parameters of
the open and short from the embedded DUT measuter@gen-short de-
embedding is a significant improvement over singgen de-embedding, and

is the techniqgue most commonly used for deviceatarizations.

YS
L
Z; Zo
DUT

d I

=
N

Figure 3.6  Equivalent circuit model used for open-short de-édiig.

At millimeter-wave frequencies, the true distristitnature of the pads
(Fig. 3.2) makes the lumped model assumption of. B inaccurate.
Furthermore, the dummy test structures have somasipas that are not
present when the DUT is connected. The dummy oenedxtra parasitic
fringing capacitance, while the dummy short hasaepiarasitic inductance to
ground. This leads to over-de-embedding and opticngevice performance

[47]. The exact frequency that open-short de-emingdoecomes inaccurate is
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3.4.5

3.4.6

a strong function of the DUT being characterized.lalge DUT can be
characterized more precisely to higher frequenties a minimum-sized
device.

Other de-embedding techniques

Other de-embedding methods have been proposed e some of the

limitations of the de-embedding techniques desdriabove. The procedure
described by Kolding [52] is based on a more compiedel for the fixture,

and requires more dummy test structures in ordech@racterize the pad
parasitics. Unfortunately, this suffers from a $amproblem with open-short
de-embedding in that parasitics in the de-embedstingctures, which are not
present once the DUT is inserted, will lead to ederembedding. Four-port
de-embedding [53] has also been proposed, but asstima ability to realize a
frequency-independent (although not required t&®) load, which is not a

valid assumption for silicon-based standards assivawn in Fig. 3.3.

Summary

In this section, several calibration and de-embsgldechniques have been
described. The first step is to use standard edidn substrates provided by
the probe manufacturer to set the reference platieegprobe tip. SOLT and
TRL calibration to move the reference plane to ithut and output of the
DUT are not appropriate for on-silicon de-embeddipgcause they are
founded on the ability to fabricate a precise loaglstor and transmission line,
respectively. These are not valid assumptions dOS measurements. Open-
short de-embedding is described that is based simple fixture model and
requires only two de-embedding structures—one @pehone short. It will be
shown in the next section that open-short de-emhbgdgrovides good
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3.5

3.5.1

accuracy for obtaining the small-signal paramet&rdoth transistors and
transmission lines to 65 GHz. For this work, opkars de-embedding is used

exclusively.

Small-Signal De-embedding Verification

Several de-embedding techniques were describdeiprevious section along
with their associated problems. Although it is cldat none of the mentioned
de-embedding methods can perfectly remove the tsffet the fixture to
arbitrarily high frequencies, it is also impossilite determine exactly how
much error the de-embedding process introducesth@f error could be
determined exactly, then the verification technigoeld also be used to de-
embed perfectly.) However, there are some veriicatmetrics that can
provide a good indication of the validity range tbé de-embedding. These
tests can only determine when the de-embeddingniesiovalid, rather than
ensuring the de-embedding is valid. However, th@yide a good foundation
for comparing various pad structures and also wtdeding the effect of the
DUT on the de-embedding accuracy.

In this section, two verification tests are ddsed. The first, and most
straightforward, test is to de-embed a zero-lerigtbugh. In Section 3.5.2, a
new test involving the use of TRL calibration afdinvariant parameters for
verification is introduced and developed. This tegparticularly useful when
the DUT is a transistor or transmission line, inickhcase several important
circuit parameters can be accurately determinegety high frequencies. The
theory and derivations behind the TRL verificatwill be described.

Through verification

The simplest verification is to de-embed a zergdHkrthrough. This test is

67



Chapter 3 CMOS On-Wafer De-embedding Small-Signal Deeddihg Verification

especially useful for open and open-short de-emhbggdds the through is not
used as part of the de-embedding standard.Slp@rameters for the through,

after de-embedding, are ideally,
01
= 3.2
ahru |:1 0:| ( )

A plot of §;; for both open and open-short de-embedding is showAg. 3.7.
From (3.2), it can be seen that perfect de-embegddiuould result in
Si1 = - dB. As expected, the result from the open de-ehbgdbegins to
deviate from perfect de-embedding at a much loweguency than for open-
short de-embedding. The result from open-shortrdbeelding is better at 65
GHz than from open de-embedding at 7 GHz.

= Open-Short De-embed
= Open De-embed

Through S11 [dB]

70 i i i i i i
0 10 20 30 40 50 60
Frequency [GHz]

Figure 3.7 Through verification for open and open-shortrdieelding.

3.5.2 TRL verification

As described in Section 3.4.2, the results afterL Téalibration are$S

parameters of the DUT referenced to the comglerf the transmission line
standard. As mentioned, the characteristic impeglafiche line is not easily
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determined; however, several parameters of the EHaT areinvariant to the
complexZ, of the line standard can be computed. Thereftwset parameters
of the intrinsic DUT can be determined accurateding TRL calibration well
into the mm-wave frequency range, even without Kadge of theZ, of the
line. Furthermore, since the DUT parameters are aisependent of the
propagation constant of the line standaady dummy test structure that is
symmetric &1 =27 and reciprocal 4, =2;) can be used as the “line”
standard to compute these parameters.

Consider the formula relating tiZe andY-parameters t&parameters
referenced to a comple [54],

(2] =2, ([ +[s])([2]-[s])" (33)
[yl= Zio([ll -[s)([]+[s])” (34)

where[1] is the unit diagonal matrix. From (3.3) and (3ittls obvious thaZ,
acts as a scale factor for tl# and Y-parameters. Thus, by taking the
appropriate ratios or products of theandY-parameter elements, these values
will be Zy-invariant. This provides up to three independemngities if the
DUT is neither symmetric nor reciprocal (e.g., ansistor). These quantities
can be determined precisely using TRL calibratiott ean be used to compare
against the values resulting from open or opentstterembedding to verify
the accuracy of these de-embedding techniques.

3.5.3 Z-invariant parameters for transistors

Consider taking ratios of th&parameters. This results in three well-known

and commonly-used parameters that characterizsistanperformance:

hyy = Yo/ Vi (3.5
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MSG =Y,,/ Vi, (3.6)

A\/o == y21/ Y2 (3.7)

wherehy; is the short-circuit current gaiMSG is the maximum stable gain,
andAo is the open-circuit voltage gain. Notice from (3tBat it is possible to
accurately characterize the deviteto very high frequencies using TRL
calibration. The most sensitive parameter to deegldimg errors is typically
Ayp. Comparing the values o, MSG, andAy resulting from open or open-
short de-embedding with the value from TRL calilonat gives a good
indication of when the de-embedding error becoraegel

For the data shown in Fig. 38, computed after open de-embedding
begins to deviate from the TRL verification datal@-20 GHz for a small
40x1 um/0.13um device. Above 30 GHz, there is a significant idipancy.
Notice that not all parameters exhibit the samesigeity to de-embedding
errors. In particularMSG is extremely robust to de-embedding inaccuracies.
Comparing Figs. 3.8 and 3.9, it is clear that opleort de-embedding provides
a drastic improvement over open de-embedding. Tiseaesmall deviation in
Ay above 45-50 GHz, which is consistent with $ygarameter data of the de-
embedded DUT that show an anomalous “kink” aroudd&Hz. Thus, this
verification technique provides supporting evidetita the kink is caused by
de-embedding errors as opposed to an inherent ioeha\the transistor. The
data in Fig. 3.10 shows open-short data for a taB@el um/0.13um device,
with nearly perfect fitting. Intuitively, one woulekpect smaller de-embedding
errors for larger devices. This data confirms thaitition, and suggests that for
large devices, open-short de-embedding can betasseturately de-embed up
to 65 GHz.
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Figure 3.8 Plot of the TRL verification parameters agfaithose computed after open
de-embedding for a 40 um/0.13um NMOS transistor.
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Figure 3.9 Plot of the TRL verification parameters agiaihose computed after open-short
de-embedding for a 40 um/0.13um NMOS transistor.
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3.5.4
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Figure 3.10 Plot of the TRL verification parameters agjdinose computed after open-short
de-embedding for an 8@ um/0.13um NMOS transistor.

Zo-invariant parameters for fransmission lines

If the DUT is a lossy transmission line with chaeaistic impedanc&, and
propagation constam theABCD-parameters are [55]
coshyl Z, sinhyl
[ABCD]: sinhyl

L

coshyl (38)

Since transmission lines are symmetric and recglydlkis reduces the number
of Zg-invariant parameters to one. Relating the elemaitghe ABCD-
parameters t@-parameters [17],

A=41 = coshyl (3.9)
Z,

So, the complex propagation constapgt,of a transmission line device is
independent of th&, of the line standard and can be determined acdyrad

very high frequencies. From Fig. 3.11, it appehas both open and open-short
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de-embedding provide good performance up to 40-5x.Glowever, as

mentioned earlier, the TRL verification procedurdycchecks forinvalid de-

embedding, and good fitting does not guaranteeratzuwe-embedding. The

extracted value for the characteristic impedanda@®toplanar waveguide line

from open and open-short de-embedding is showigin3FL2. The erratic data

above 20 GHz for open de-embedding is more comsigtih the results from

the verification tests performed in Sections 3dndl 3.5.2. Therefore, it is best

to examine the data from all of the de-embeddingifigation tests to

understand the approximate useful range for themdleedding approach. This

example serves to highlight the challenges invoiwedistinguishing between

de-embedding inaccuracies and the actual electieahcteristics of the DUT.

O TRL Verification
— Open-Short De-embed
2.5 L=_Open De-embed

Attenuation Constant [dB/mm]

0 10 20 30 40 50
Frequency [GHz]

(@)

Figure 3.11 (a) Attenuation and (b) phase
after open and open-short de-embedding.
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Figure 3.12 Characteristic impedance for a CPW transmidisie extracted after open and
open-short de-embedding.

3.5.5 Summary

A key challenge for comparing de-embedding techesqgs to determine when
the actual measurement deviates from the model fosede-embedding. No
technique exists that can perfectly de-embed tdrarity high frequencies.
Two methods to quantify inaccuracies are preseritedugh verification and
TRL verification. These metrics can confirm thatgaven de-embedding
method is inaccurate, but does not guarantee thig-embedding method is
accurate. However, they still provide good insigito which technique is
better. Using these derived metrics, it is fourat thpen-short de-embedding is
sufficiently accurate for small-signal de-embeddaighe probe pads from the

device up to 65 GHz for both transistors and trassion lines.

3.6 Device Noise De-embedding
In addition to de-embedding the probe pads to onlitee S-parameters of the
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3.6.1

intrinsic DUT, it is also critical to remove thefedt of the fixture from on-
wafer noise characterization. The probe pads imj@choise measurements of
the DUT in two ways. First, the losses in the prqiaels will contribute
thermal noise to the measurement. Second, the paisameters of the DUT
will be transformed as it goes through the reactigvork of the pads. These
effects must be compensated in order to obtainitb@énsic DUT noise
parameters that will be used for device noise mogeThis section describes
the theory of noisy two-ports and presents a stegtdép method for probe pad
noise de-embedding.

Noisy two-port theory

Any noisy linear two-port network with internal sei sources can be
represented using an equivalent noiseless twospt two external noise
generators [56]. The noiseless two-port is idehticahe original noisy two-
port with the exception that the internal noiserses have been removed.
Different equivalent representations for the nawg-port model are shown in
Fig. 3.13. It should be noted that, in the mostegehcase, the two noise
sources are correlated.

Although all three noise representations are edeint, the different
models are used based on computational conven@mieprovide additional
intuitive understanding. If the two-port is repnetsl using the admittanc¥)(
matrix then Fig. 3.13a is the natural choice. & tivo-port is represented using
the impedanceZ) matrix then Fig. 3.13b is the most convenient.ewhsing
the chain ABCD) matrix, the representation in Fig. 3.13c is pnefe. As a
practical example, thBRC noise model for the intrinsic transistor introddice
in Section 2.4.2 models the noise with two extenmase current sources at the
input and output. Another common example is the ehaded for noise figure
analysis. Since noise figure is not dependent ertrdnsfer function through
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an arbitrary noise-free two-port, the representaiioFig. 3.13c that specifies

the noise as two input noise sources is typicadou

Noiseless
Two-port
Equivalent
noise current
generators
(a)
Equivalent
noise voltage
generators
I, Ung Unz I
+ < > - - + -
+ +
Noiseless
Vi Two-port Ve
o— ———o
(b)
L
——<—o0
;
Noiseless
Two-port Ve
D
Equivalent
input noise
generators
(©)

Figure 3.13 Equivalent circuit of noisy two-port with (apit and output noise current
sourcesy; andiyy, (b) input and output noise voltage sourggsandv,,, and (c) noise voltage
sourcev, and noise current sourggat input.
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3.6.2 Noise correlation matrices

The theory of noise correlation matrices is analyredetail in [57], and only
the results relevant to noise de-embedding are suined here. For the
equivalent noise representations shown in Fig. ,3th8 noise correlation

matrices are defined as

ini; ini:1 ) .
U B e N SR Y A (3.10)
AKTAF | — — | AKTAF |i, | i '
In2|n1 In2|n2
VaVor  VarVi
C _ 1 1Y nl 1 2 _ 1 an an " (3 11)
Z AKTAf ; - AKTAF | Vip | [ Vi
VnZan VnZVnZ
Cfwii]
CA= = -n -n (312)
AKTAf \7 T AKTAS | 1, I

The noise correlation matrix fully captures the behawgiothe noisy two-port.
The noise sources in (3.10)—(3.12) are defined by their s#mdel noise
spectral density (positive frequencies), since thosenast commonly used by
circuit designers. This introduces a factor of 2 betwéesd equations and
those presented in [57]. Additionally, the parametdr das been factored out
for notational simplification.

A practical example where the noise correlation magrknown is for
a lossy passive network. It can be shown, based emalgynamic principles,

that the noise correlation matrix is [58]

C, :%(Y +Y" )= Re{v} (3.13)
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c, :%(Z+ZH):R9{Z} (3.14)

In order to transform between different noise reprd®ns, a transformation

matrix is calculated. For example, to convert betwbernmpedance and chain
V, A B V
Y= \_'“ + 2 (3.15)
l,| |i,] |C D -1,

Vv, :_vnl .\ A B[V, | [V (3.16)

L] | O C D||-1, 0

T -
e o (3.17)
] [0 =C||V,, V,,

1 —
et oA "

Using (3.10)—(3.12), the transformation is

representations,

where

C,=T,C, T2 (3.19)

When cascading two noisy networks represented &y thain matricesA;,
Az) and noise correlation matriceSa{, Caz), the resulting network is

Ag = AR (3.20)

CAtOt = CAl + AICAZAH (321)

If A; is a lossy pad to be de-embedded from the casazstedrk of the pad

with the intrinsic device,

Cro = (A)*(Cuee ~Co A ) (3.22)
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3.6.3 Noise correlation matrices and noise parameters

A common way to specify the noise performance ofiexice is by the
minimum noise figure Kmin), noise resistanceR(), and optimal source
admittance Yop) [56]. The unique mapping from noise parameters to

correlation matrix is

F_ .
Rn o - RnYopt
C,= (3.23)
I:min _1 2
T - RnYopt Rn Yopt

To determine the noise parameters from the correlatnix,

R =Cu (3.24)
C c. [ C
tam (G (S oz
CAll CAll CAll
Fon =1+2(Cpip +CaaYoot ) (3.26)

3.6.4 Noise de-embedding of probe pads

Based on the derivation of the noise correlationrmnaescribed in Sections
3.6.2 and 3.6.3, the following methodology can keduto obtain the noise
parameters of an intrinsic device when only thesegiarameters of the DUT
embedded within the probe pads are available.
* Determine the two-port model for the pad and regreshis as an
impedance matrixZsaq) and chain matrixApag).
* Using (3.14), (3.17), and (3.19), determine thesaaiorrelation matrix
Capad-
* Using (3.23), convert the embedded noise param&teascorrelation
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3.6.5

matrix (Caot)-
*  GivenApad, Capad, andCa, USE (3.22) to compute the noise correlation
matrix of the DUT Cagu).
» Compute the DUT noise parameters from the DUT no@eelation
matrix using (3.24)—(3.26).
Using this methodology, the loss and impedancestoamation of the wafer
probe pads can be de-embedded from the noise pmrantd the embedded
device to yield the noise parameters of the inizidgvice. This technique was
applied to the measured data described in Secti®® 30 yield the device
noise parameters shown in Figs. 2.11 and 2.12.

On-wafer noise parameter measurements

The noise parameters have been measured for fouDSCMevices—three
common-source NMOS transistors, one cascode staesetusing the setup and
methodology described in [59]. The schematic of gb&up is shown in Fig.
3.14 and a photograph of the system is displaydeign3.15. The setup used
for on-wafer noise parameter measurements cordist¥-band noise source,
waveguide tuner, low noise receiver, and automabesk figure meter.

The noise figure varies with different source eefion coefficientd'’s

based on the well-known relationship [56]

rS - rozpt
F=F, t4r, 5 5 (327)
(1_| rS | )‘ 1+ ropt

whereFi, is the minimum noise figure, is the noise resistance normalized to
50 Q, and/y is the optimal source reflection coefficient fommum noise
figure. As the source impedance is varied usingctibrated tuner, the noise
figure is measured. In theory, only four measuresare necessary; however,

in practice, given the errors associated with mmeuaoise measurements and
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uncertainties in the characteristics of the tuadditional points are measured
and the noise parameters are determined by fi(8r&y) to the data.

Through careful calibration, the noise parameters lee determined with the
reference plane at the probe tips. The probe paae then de-embedded in

order to obtain the noise parameters of the intridsvice.

| |

Automated noise figure meter

Vector network analyzer
HP8510C HP8970A

Variable attenuator | 44
HP8495D

Low noise 7
Isolator amplifier

Tuner Mixer

MT977A |

NSS-15-R1520(:
i Switch e Switch
MPI 530V fol i | MPIS30V

Probe Isolator
station HP2518A

Tuner controller
MT986A

Signal generator
HP83650A

GP-1B I

Figure 3.14 Noise parameter measurement system.

3.6.6 Summary

Transistor noise limits the noise figure and phasise of CMOS receivers. In
this section, the theory behind noisy two-portsléscribped and a procedure
used to de-embed the impact of the probe padseoddhice noise parameters
is presented. The only assumption is thatSparameters of the passive probe
pad is accurately known. This model is implicitiydevn by the open-short de-
embedding technique described in Section 3.4.4ndJghis procedure, the
noise parameters of the intrinsic DUT can be deatexdhand be used for
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small-signal transistor noise model extraction aprim-wave frequencies, as
described in Section 2.4.2.

Figure 3.15 Photograph of the on-wafer noise parametasunement system.

3.7 Conclusion

The ability to accurately characterize thparameters and noise parameters of
an intrinsic DUT is critical for good model extraxt. De-embedding errors
will result in models that are fit to invalid datBnsuring valid data for the
intrinsic device using on-wafer measurements alloweslels to be extracted
that are accurate at mm-wave frequencies and t&rbased on these models to
be designed with confidence.

For Sparameters, open-short de-embedding has beenrctaoseo the
simplicity of the dummy de-embedding structures giveén the fact that good
broadband loads and well-defined transmission lazesiot be fabricated on a
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lossy silicon substrate. Through verification ha&erb used to determine the
accuracy of the fixture model depicted in Fig. 3%&.new verification
technique based on TRL calibration afgdindependent parameters has been
introduced and was used to verify the validity pen-short de-embedding on
both transistors and transmission lines. The resldmonstrate that open-short
de-embedding can be used accurately to around 45f@Hnost DUTSs, and
with some large devices (80 um/0.13 um), open-short de-embedding can
provide good performance up to 65 GHz.

The noise parameters for several CMOS transistage been
measured using a custom on-wafer noise paramet@surement system. The
theory of noise correlation matrices is introduead applied to de-embed the
effect of the probe pads from the intrinsic DUTtay5 GHz.
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4.1

4.2

4

Circuit Design and
Measurement Results

Infroduction

This chapter describes the practical implementadiche design and modeling
methodology introduced in Chapters 2 and 3. Somekey considerations
to design circuits using a CPW transmission limesdetailed. This culminates
in the design of two mm-wave CPW CMOS amplifierag aperating at 40
GHz and one at 60 GHz, whose measured performantée predicted very
accurately using the simulation models describe@hapter 2. This provides
validation that a 130-nm bulk CMOS process can ésighed to predictably
operate at 60 GHz, given careful design and mogedinthe core active and

passive devices.

Device Test Chips
A5 mm x 4 mm 130-nm CMOS device test chip wag fabricated to allow
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process characterization and model extraction. chiyg micrograph of the test
chip is shown in Fig. 4.1. This chip includes NM@%] cascode devices with
varying Wr andNg, transmission lines of different lengths for mililte TRL
calibration, calibration structures for open-shdd-embedding, CPW and
microstrip transmission lines of different geonmedri series and shunt
capacitors, and passive filters. Every device usdtie amplifier circuits was
based on a component that was measured and maxretbd test chip.

Figure 4.1 Die micrograph of the 130-nm CMOS device test chip

4.3 CPW transmission line circuit design

As explained in Section 2.5, coplanar waveguidesimassion lines on CMOS
are preferred to microstrip because of the higlebrexable inductive quality
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factor. There are some practical considerationsnwdesigning circuits using
CPW lines.

Copper processing on silicon imposes a peculiastcaint because of
the use of chemical mechanical planarization (CMPhis process step
requires that the local density of the metal ish@itoo high nor too low, and
can be seen in Fig. 4.2. Ground planes need tdoleds and dummy metal
needs to be added. This also places a constraittieomaximum impedance
that can be realized, since the gap cannot be hoadirge. The design rules
regarding the uniformity of metals only gets exade#ed in more advanced
technology nodes, and this should be considerely eathe design phase.
Fortunately, for CPW lines, the majority of the linfyequency current flows
on the edge of the metal surrounding the gap, ecslibts have only a small
effect.
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Figure 4.2  CMP constraints for CPW transmission limre€dOS.

In order to suppress odd-mode propagation at digagties in CPW
designs, air bridges or underpasses are requireaditibnal air bridge

technology is accomplished using wirebonds toheeground planes together.
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Taking advantage of the multi-layer metallizatiofOMOS, underpasses using
a lower level metal can perform the same functibhe basic reason that
bridges are needed at the discontinuities is toarenthat all ground currents
remain balanced. This can be seen in Fig. 4.3, avbeidges are added at a
cross-junction. Based on Kirchoff's current law (KCfor the signal

conductor,
=1, +1,+1, (4.1)

For a transmission line to behave as expected imalcoperation, an implicit
assumption is that the ground return current issegod opposite compared to
the signal current. Only by adding the bridgeshat junction is the current
allowed to redistribute itself to achieve this cibioch.

An important advantage for using transmission slir@mmpared to
lumped passives at 60-GHz, is by having a nearburgt plane surrounding
every transmission line, the electromagnetic fields confined locally and the
effects of bends are reduced. A meander line, asnshn Fig. 4.3, can be
adequately modeled by a simple straight CPW lina given length. This is
particularly useful for interconnect routing anahdze used to help compact the

layout.
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Figure 4.3  Effect of bridges and bends for CMOS CPW lines.
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4.4 30-GHz CPW Filter

To validate the electrical passive models, a 30-Gatzdpass filter, composed
of series and shunt stubs of the modeled CPW liwas,designed (Fig. 4.4).
The topology of the filter is equivalent to a baadp ladder filter. The shunt
resonator is replaced by an open-circuited low-apee line and a short-
circuited high-impedance line. The series transionsdine in the center
replaces the series resonator. Note that all lexes much shorter than a
wavelength £ =5 mm on SiQ to minimize loss. Pad models were also
extracted from a test chip, and the pads were dedias part of the filter. An
optimizer was used to fine tune the line lengths.

A die photo of the filter is shown in Fig. 4.5, asaring 0.93 mm x
0.64 mm including pads. Although the transmissioad meander, no special
modeling of the bends or junctions was performesl, n@ntioned in the
previous section.

The measured and simulated results for the 30-fdlde are plotted in
Fig. 4.6, demonstrating excellent broadband agreerbg using just the
simple, scalable electrical models. The measursettion loss is 2 dB, and the
input and output return losses are better thanB25Tte accurate prediction by
the electrical models demonstrates that modelghijunctions and bends are
not critical, and verifies that there is no sigraint coupling between the

individual lines.
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L = 540p

Figure 4.4  Schematic of the 30-GHz CPW filter.

Figure 4.5  Chip micrograph of the 30-GHz CPW filter.

89



Chapter 4 Circuit Design and Measurement Results 40-@HIB@-GHz Amplifiers

Insertion Loss and Return Loss [dB]

o S21
A ST
—— Simulation

-25
0

10 20 30 40 50 60
Frequency [GHz]

Figure 4.6 Measured and simulated results for the 30-Gldr filt

4.5 40-GHz and 60-GHz Amplifiers

4.5.1 CPW amplifier design

Two wideband mm-wave amplifiers designed as gesmngdose amplifiers
operating at 40 GHz and 60 GHz have been fabricatenl 130-nm digital
CMOS technology with no special analog or RF ofstidfig. 4.8 shows the die
micrograph of the 40-GHz amplifier, which measue8 mm x 1.1 mm
including pads. Fig. 4.9 shows the die micrograplthe 60-GHz amplifier,
which measures 1.3 mm x 1.0 mm including pads.

Both amplifiers were designed to have about 25%dwadth. The
topology of the two amplifiers is essentially idieat, consisting of three
stages of cascode devices with input, output, atefstage reactive matching
(Fig. 4.7). The only significant differences betwdbe two amplifiers are the

bias currents and lengths of the transmission.lines
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Cascode transistors are used in order to redec#/ilter capacitance
and improve stability and are unconditionally stallbove 27 GHz. The
cascode transistors for the 40 GHz amplifier aesdal at a current density of
100 yA/um, with a MAG of 8.9 dB at 40 GHz. For the 60-GHngdifier, the
cascodes are biased at 1p&um, and the MAG is 6.0 dB at 60 GHz. The
devices are biased from\ap of 1.5 V for increased headroom and output
power. From simulations, all terminal-pair voltagésr the individual
transistors remain below the rated breakdown ve#ag

CPW transmission lines are used extensively in design for
impedance matching, interconnect wiring, and tlaes lmetworks. All lines are
kept as short as possible to minimize losses aadignificantly shorter than
A4 (< 190um for the 40-GHz amplifier, < 8gm for the 60-GHz amplifier).
The T-lines at the gate and drain are used to gupjEs and are also
incorporated into the matching networks. Meanden\MChnes are used
throughout the 40-GHz design in order to reduca.arée insertion loss of the
interstage matching network is 2.5 dB for the 40zGtésign and 1.8 dB for
the 60-GHz amplifier. Interestingly, the losses tlu¢he passives are lower at
60 GHz. Although the conductor loss due to skinedffincreases with
frequency, the lines needed for the matching néisvbecome shorter.

The input and output of the amplifiers are ac-dedpand the GSG
pads are included as part of the design. Both poeslesigned to be matched
to 50Q. The insertion loss of the input matching netwsrk.6 dB and 1.3 dB,
and the insertion loss of the output matching netw® 2.0 dB and 1.6 dB for
the 40-GHz and 60-GHz amplifiers, respectively.
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Figure 4.7 Simplified schematic of the 60-GHz 3-stage amiplifsing CPW transmission
lines.

Figure 4.8 Chip micrograph of the 3-stage 40-GHz CPW amplifie
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Figure 4.9  Chip micrograph of the 3-stage 60-GHz CPW amplifie

4.5.2 Measured amplifier results

The measured and model8gbarameters for the 40-GHz amplifier are shown
in Fig. 4.10. The amplifier achieves a peak povan @f 19 dB, and input and
output return losses are > 15 dB. The 3-dB bandw&l84—-44 GHz, and the
amplifier maintains good return losses acrosslthisd. The measured reverse
isolation is better than 50 dB up to 65 GHz, indi@athat parasitic coupling
through the silicon substrate is very small. Tisislation is obtained without
any special isolation strategy such as deep n-igelhtion. The two-tone
intermodulation distortion measurements are shaowiig. 4.12. The measured
output 1-dB compression point ;(8) is —0.9 dBm and IIP3 is 7.4 dBm.
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Simulations predict an outputdg of —1.1 dBm and 11P3 of —-10.2 dBm. The
noise figure of this amplifier has not been meagubait the simulations show
a NF of 5.4 dB. This amplifier dissipates 24 mAnfra 1.5-V supply.

Magnitude [dB]

20 25 30 35 40 45 50 55 60
Frequency [GHZ]

Figure 4.10 Measured (markers) and simulated (lines) S-psamdor the 40-GHz
amplifier.

The 60-GHz amplifier has also been characterizaad the S
parameters are shown in Fig. 4.11. The amplifitieaes a peak power gain
of 12 dB, input and output return losses > 15 dig] the 3-dB bandwidth is
51-65 GHz. The measured reverse isolation is betaer 45 dB up to 65 GHz.
The measured output {8 over frequency is given in Fig. 4.13. The frequenc
range is limited by the ability for the VNA to devthe amplifier into
saturation. At 60 GHz, the measured output P1dB+ds0 dBm, while
simulations predict output; of +1.0 dBm and IIP3 of —0.5 dBm. The output
power of the 60-GHz amplifier is higher than the@Blz amplifier primarily
because of the extra bias current. If the efficyeisckept constant, increasing
the current by 50% results in a 3.5 dB increassuiput power.
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Magnitude [dB]

30 40 50 60 70 80 90
Frequency [GHZ]

Figure 4.11 Measured (markers) and simulated (lines) S-pam@ndéor the 60-GHz
amplifier.

The measured NF of the 60-GHz amplifier is showrrig. 4.14. No
de-embedding of any on-chip losses was performecedihe pads and input
match were part of the design. The NF is 8.8 dBOaGHz and remains below
9.3 dB up to 63 GHz. Using the default BSIM3 nomsedel, the simulations
predict a noise figure of 6.9 dB. This is because default BSIM3 noise
model does not properly account for effects suchexasess short-channel
thermal noise or induced gate noise. Using the iBsapiski noise model
described in Section 2.4.2, the simulated noisgréigs 9.3 dB at 60 GHz. This
demonstrates that the default BSIM noise model typically underestimate
noise at mm-wave frequencies; however, with onlgnaall modification to
include the additional noise sources and accouninfreased short-channel
noise, 60-GHz noise performance can be well-predictThis amplifier
dissipates 36 mA from a 1.5-V supply.
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Pout [dBm]

Y0 35 30 25 20 15 10 5 0
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Figure 4.12 Measured two-tone (38 GHz and 38.25 GHz) distddidhe 40-GHz amplifier.

2.5¢

Output P1dB [dB]

0.5r

56 57 58 59 60 61 62
Frequency [GHZ]

Figure 4.13 Measured output 1-dB compression point for the 60a@igifier.
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—£- Noise Figure
12,5} . | & Gain 1
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Figure 4.14 Measured noise figure and gain for the 60-GHitifeen

Appendix

A4.1

SMALL-SIGNAL MEASUREMENT SETUP

On-wafer S-parameter measurements up to 65 GHz were perfoused a
Cascade Microtech probe station, GSG coplanar probad an Anritsu
37397C VNA. Open-short de-embedding [51] was usereimove the effects
of the pads when measuring individual devices §istars, transmission lines,
etc.). Pad removal was not necessary for the fiteamplifiers since the pads
were incorporated into the design.

The VNA was also used for single-tone compresgi@asurements up
to 65 GHz. A 65-GHz Anritsu SC6230 power sensor &mditsu 2437A
power meter was used to calibrate out the lossdseafabling and probes.

97



Chapter 4 Circuit Design and Measurement Results Appendix

A4.2 LARGE-SSIGNAL HARMONIC MEASUREMENT SETUP

On-wafer vector-corrected two-tone distortion measents were performed
on a custom setup using the procedure describg@0in The measurement
system was limited to 50 GHz, so the intermodutatidistortion was
characterized only for the 40-GHz amplifier. A eelometer external to the
VNA was mounted on the probe station to maximizeasyic range. Both on-
wafer and coaxial calibration standards are neemedbtain the vector-
corrected power at the probe tip. A full descriptiof the procedure and
algorithm for de-embedding can be found in [60].

To characterize the nonlinearity at 60-GHz, aedéht technique was
needed. Two common approaches to characterize igf@msmm-wave
nonlinearity are with mm-wave load-pull measurerseamid power spectrum
analysis [61]. While the former requires automateders, the latter, which
was chosen in this work, can be performed with @ngynthesizer, VNA, and
power meter. The fabricated device is driven ovetde range of input power
and bias conditions, while the output powers atftimelamental and harmonic
frequencies are measured.

In the harmonics power measurement setup, the ¥8\@nfigured as
a receiver in the Set-On mode. In this mode of aimam, the source lock
circuitry of the 37397C is completely bypassed whadows all of the 37397C
samplers to operate over their full dynamic rafides 65-GHz synthesizer and
37397C are locked to the same 10-MHz referencdyliagacoherent reception
at the harmonic frequencies. A 65-GHz high dynaraitge power sensor is
used to de-embed the insertion loss of the capledes, adaptors, etc. from
the measurements. Port2 of the VNA requires a 1(attBnuator to avoid
compression when the fundamental power is strohgs tlimiting the

sensitivity of the power measurement at 60 GHzpraximately —35 dBm.
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A4.3 NOISE FIGURE MEASUREMENT SETUP

Noise figure (NF) measurement of the 60-GHz an®lifvas performed using
a Millitech WR-15 noise source, WR-15 waveguideb@®y output isolator,
OML 50-75-GHz DSB downconversion mixer, and an &gl N8973A NF

measurement system, as shown in Fig. 4.15.

Figure 4.15 On-wafer noise figure measurement setup.

99



S

Conclusions and
Future Work

5.1 Research Summary

This dissertation describes a mm-wave design amtehmy methodology for
CMOS devices and circuits. The focus of this waalk been on demonstrating
the feasibility of 60-GHz circuits using a standatidital CMOS process and
developing a deep understanding of the frequemuitsliof the technology,
rather than circuit-level optimizations.

Optimization of the active and passive compondots mm-wave
circuits leads to transistors with finger widthsl{um and the use of CPW
transmission lines. There is a tradeoff betweencdemodel flexibility and
accuracy, and in this work, more emphasis was @laceobtaining accurate
and predictable models. The constraint imposed that all devices were
common-source devices of either single NMOS or adsdransistors. While
this limits the possible circuit topologies, theutt is a high precision model
that allows circuits to be designed to operate rkarlimit of that device.
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5.2

Given this constraint, a modeling methodology usmlgtively simple models
that carefully account for the resistive losses, been described and applied to
transistors and transmission lines. The models lm@en verified to achieve
broadband accuracy from dc to 65 GHz. Finally, wideband mm-wave
CMOS amplifiers, operating at 40 GHz and 60 GHzremabricated using a
130-nm bulk-CMOS technology. The measur8garameters correspond
extremely well to the simulated models owing to dlceurate device modeling.
The 40-GHz amplifier achieves 19-dB gain, outpuis® —0.9 dBm, and II§

= —7.4 dBm, while consuming 36 mW. The 60-GHz afigliachieves 12-dB
gain, output R = +2.0 dBm, and NF = 8.8 dB, while consuming 54 mW
These were the first published amplifiers operatibgve 30 GHz fabricated

using a mainstream bulk-CMOS technology.

Future Work

As with any research project, this dissertationasan end, but represents just
a single step in the continually evolving field woitegrated circuits. By
answering one question, namely that it is posdibldesign 60-GHz circuits
using a bulk-CMOS technology, multiple new questi@me generated. Since
the original publications [9][13] demonstrated feasibility of 60-GHz CMOS
circuits, there have been many advancements ifidlsteof mm-wave CMOS
circuit design, with good progress in some of thassas. Others still remain

open areas for investigation.

Scalable mm-wave transistor models There is always a tradeoff between the
accuracy of a device model and the flexibility tf use. It is clear that the
foundry-provided transistor models are grossly @tacite for 60-GHz circuit
design, since many of the key mm-wave parasitieshat included. However,
it is certainly conceivable that relaxing the coasit to allow for scalable
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transistors and different circuit topologies (e.gommon-gate, differential)

will result in a model that is still sufficientlycaurate for mm-wave circuit
design. It is important to remember that the dewieedel should not be
considered in isolation, but that the connectianghe device are also critical
to ensuring that the model does not change where@deaio within a circuit. A

further benefit of having a scalable model is tha¢moves the requirement of
being able to accurately de-embed the device meamnt. This could enable
the use of smaller transistors, which are diffideltmeasure accurately, for

improved power consumption.

CMOS power amplifiers CMOS scaling improves amplifier noise perfor-
mance and gain at mm-wave frequencies but onlyegkates the difficulty of
generating sufficient output power at the transmitgiven the lower
breakdown voltages. Novel circuit topologies forweo combining may be
required to generate sufficient output power wittv supply voltages. Another
approach is to use a spatial power combining schemameliorate the
requirements on individual power amplifiers. Conguhto corporate power
combining structures, which become excessivelyylossd bulky as the
number of devices increases, the combining effayenf spatial power
combiners is approximately independent of the nundfendividual power
amplifiers [62].

Fully-integrated 60-GHz CMOS transceivers Once all of the individual
circuit blocks have been designed, the natural regp is to integrate
everything into a 60-GHz single-chip CMOS transeeiv The power
consumption and die size of the chip should benupéd while maintaining
the necessary gain, noise figure, and linearity dgstem operation. Other
possible areas of research specific to designin§04sHz beamforming
transceiver include: phase shifter architecture aegign (LO, RF, IF),
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frequency plan and transceiver architecture (di@ntversion, heterodyne,
low-IF), and the design of transmit/receive (T/Rjtshes on CMOS.

Antennas and packaging technology For an antenna array,transceivers will
need to be integrated either directly on-chip doia low-cost mm-wave
package. Low-temperature co-fired ceramic (LTCClsstates offer a
promising packaging option due to their low cosd agood mm-wave
performance. Low-loss transmission lines and edffitiantennas operating at
mm-wave frequencies have been demonstrated on LyC&her researchers
[63]. Flip-chip bonding of the chip to the LTCC sutate will minimize the

parasitic inductances.

There are clearly many more questions that stéidn® be answered before a
60-GHz CMOS transceiver is realized that meets dtesumer electronics
requirements for high-speed wireless systems. Heweaww that a digital
CMOS process has been shown to be capable of gotmmance at 60-GHz,
guestions that were once thought to be academic namg receiving
considerable attention. With the industry backifigtandardization efforts, it
should only be a matter of time before we see vpicessd deployment of fully-
integrated 60-GHz CMOS transceivers.
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